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Abstract

Gallium nitride (GaN) transistor, benefits from wide bandgap semiconductor charac-
teristics, offers promising advantages in designing future high power density converters.
For GaN based converter design, advancement in efficient switching and low profile
transistor package comes with challenges in high frequency circuit design and thermal
dissipation. Compared with silicon (Si) transistor and silicon carbide (SiC) transistor,
high slew-rate switching in GaN transistor requires for low parasitic connection in both
semiconductor package and circuit design. As a result, surface mount technology and
chip scale package are generally adopted by GaN transistor manufacturers. GaN tran-
sistor application requires extra attention in PCB layout. This should be considered as
a trade-off between low parasitic inductance design and low thermal resistance design.
Another trade-off must be considered when using GaN transistors is their application in
hard switching converters. Different from soft switching topologies, increased switching
frequency brings higher hard switching loss and reduces passive component volume at
the same time. Taking inverter design as an example, Si transistor based inverters have
been researched for decades and 16 kHz is generally viewed as an optimal switching
frequency. However, optimal switching frequency for using GaN transistor in inverter
design is yet unclear. Advantages of using GaN transistors in hard switching topologies
over Si and SiC transistors are still debatable. This Ph.D. research aims to provide
a vision on solving practical challenges in GaN transistor application as well as high
power density oriented GaN based inverter design. This Ph.D. dissertation is divided
into three parts.

In the first part, transistor level characterization, gate drive, PCB layout and ther-
mal cooling design are discussed.

• Double pulse test result is given to quantify GaN transistor switching loss. High
slew-rate switching (up to 100 V/ns) is achieved with proper gate driver design
and power loop layout. Miller plateau phenomenon is observed and discussed for
its impact on slew-rate.

• Feasibility and benefit of applying resonant gate driver in GaN transistor is dis-
cussed. A quantified study is given to compare loss distribution between conven-
tional voltage source gate driver and resonant gate driver.

• Three different GaN transistor PCB layout methods are compared in regard of
power loop inductance, and their impact on switching loss and thermal cooling.
Comparison is carried out based on modular buck converter prototype. By using
the minimal layout, a low power loop inductance of 2 nH is achieved in the 650
V GaN transistor layout.

• An automated test method is introduced to evaluate thermal resistance in GaN
transistor cooling system. Impact of gap filler material on GaN transistor cooling
is illustrated and quantified in lab test. An aluminum nitride material based
cooling solution is illustrated and validated as its ultra high thermal cooling
capacity up to 78 W power loss in single discrete GaN transistor package.

In the second part, converter level application of GaN transistor in three phase
inverter is discussed.
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• A detailed analysis on AC filter design in three phase inverter is provided. Precise
numeric equation for inductor design in three level topology is derived and elabo-
rated. Compared with two level inverter, filter inductance in three level inverter
can be reduced by 42 % to 55 % depending on modulation index.

• A novel semiconductor loss estimation method is proposed to compare the effi-
ciency difference between SiC based two level inverter and GaN based three level
inverter. Pareto front analysis on semiconductor loss versus passive filter size is
performed. Switching frequency of 100 kHz is proved to be optimal in GaN based
three phase three level inverter design.

• A modular high power density three phase three level inverter prototype is demon-
strated, which has a high power density of 2.7 W/cm3.

In the third part, other research topics including temperature dependent coefficient
characterization of GaN transistor and Peltier module characterization are included,
which can be further explored in the future work.

• Temperature dependent characterization of GaN transistor is carried out based on
a power device analyzer platform. Trapping effect in GaN transistors is observed.
Accuracy and feasibility of using temperature dependent parameters as the GaN
transistor junction temperature indicator is discussed.

• Thermal-electric model of Peltier module is derived and validated by finite element
analysis simulation. An automated test platform for Peltier module characteriza-
tion is designed. Feasibility of using Peltier module in GaN transistor cooling is
discussed over different power rating applications.



Resumé

Transistorer baseret på Galliumnitrid (GaN) har et stort båndgab og dermed karak-
teristika, der er lovende til brug i fremtidens effektomformere med høj effektdensitet.
I forbindelse med design af effektomformere baseret på GaN-transistorer giver bru-
gen af højeffektiv transistorstyring og lavprofil transistor-indpakning udfordringer i
form af højfrekvent kredsløbsdesign og termisk afledning. Sammenlignet med transis-
torer baseret på silicium (Si) og siliciumkarbid (SiC), giver de høje stigetider i GaN-
transistorer anledning til udfordringer med at sikre lav induktans i både transistor-
indpakningen og printkortet. Af denne grund bruges overflademonterede komponenter
og chip-skala-indpakning i vidt omfang af GaN-transistorproducenterne. Derfor sættes
der også høje krav til designet af printkortet i applikationer, hvor GaN-transistorer
bruges. Der findes derfor en afvejning mellem lav parasitisk induktans og lav termisk
modstand i printkortets udformning. Derudover skal man overveje om GaN-transistorer
er egnede til hard-switching-applikationer. I modsætning til soft-switching-topologier
øges skiftetabet i hard-switching-topologier proportionalt med skiftefrekvensen og min-
dre passive komponenter kan benyttes. Vekselrettere med Si-transistorer har været
et aktivt forskningsemne i årtier, og her ses 16 kHz generelt som den optimale skifte-
frekvens. Dog findes der endnu ikke konsensus om den optimale skiftefrekvens i veksel-
rettere med GaN-transistorer. Det er stadig ikke afgjort om det er fordelagtigt at bruge
GaN-transistorer i hard-switching-applikationer i stedet for Si- eller SiC-transistorer.
Dette ph.d.-projekt stiler efter at give en vision for at løse praktiske udfordringer ved
brugen af GaN-transistorer samt udviklingen af GaN-baserede vekselrettere med høj
effektdensitet. Denne ph.d.-afhandling er inddelt i tre dele. Den første del omhandler
transistor-niveau-karakterisering, gatedriver, printkort-layout og termisk design.

• Dobbelt pulstest bruges til at kvantificere GaN-transistorernes skiftetab. Switch-
ing med høj stigetid (op til 100 V/ns) opnås ved godt gatedriver-design og
strømsløjfe-layout. Miller-plateu-fænomenet observeres og dets effekt på stige-
tiden diskuteres.

• Muligheden og fordelen for at bruge resonant gatedrive til GaN-transistorer diskuteres.
Et kvantificeringsstudie udføres for at sammenligne tabsfordelingen mellem en
konventionel spændingskilde-gatedriver og en resonant gatedriver.

• Tre forskellige printkort-layout-metoder til GaN-transistorer sammenlignes i forhold
til strømsløjfe-induktans og deres indvirkning på skiftetab og termisk køling. En
sammenligning udføres på en modulær buck-effektomformer-prototype. En lav
effekt-sløjfe induktans på 2 nH er opnået i 650 V GaN transistor layoutet ved
brug af det minimale layout.

• En automatiseret testmetode præsenteres for at evaluere den termiske modstand i
GaN-transistorens kølesystem. Indvirkningen af mellemrumsfyldningsmaterialet
på kølingen af GaN-transistorer illustreres og kvantificeres i laboratorietests. En
køleløsning baseret på aluminiumsnitrid illustreres og valideres. Denne køleløs-
ning vises at have en meget høj termisk kølekapacitet på op til 78 W på én enkelt
separat GaN-transistorpakke.

Den anden del omhandler brugen af GaN-transistorer i trefasede vekselrettere.
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• En detaljeret analyse af AC-filterdesign in trefasede vekselrettere gives. Præcise
numeriske ligninger til spoledesign i tre-niveau-topologier udledes og uddybes.
Sammenlignet med to-niveau-vekselrettere kan filterinduktansen reduceres med
42 % til 55 % i tre-niveau-vekselrettere, afhængigt af moduleringsindekset.

• En ny metode til estimering af tab i halvledere demonstreres. Denne bruges til at
sammenligne forskellen i effektivitet mellem SiC-baserede to-niveau-vekselrettere
og GaN-baserede tre-niveau-vekselrettere. En Pareto-front-analyse udføres på
sammenhængen mellem tab i halvledere og passivt filterdesign. En skiftefrekvens
på 100 kHz vises at være det optimale for GaN-baserede tre-niveau-trefase-vekselrettere.

• En modulær tre-niveau-trefase-vekselretter med en effektdensitet på 2.7 W/cm3

demonstreres.

Den tredje del omhandler andre forskningsemner, bl.a. temperaturafhængig koeffi-
cientkarakterisering af GaN-transistorer og karakterisering af et Peltier-modul. Disse
emner lægger op til at blive studeret dybere i fremtidigt arbejde.

• Temperaturafhængig koefficientkarakterisering af GaN-transistorer udføres baseret
på et effektenhedsanalyseapparat. Fangningseffekten i GaN-transistorer observeres.
Muligheden og præcisionen for at bruge temperaturafhængige parametre som in-
dikator for GaN-transistorens overgangstemperatur diskuteres.

• En termoelektrisk model af et Peltier-modul udledes og valideres med finite
element-simulering. En automatiseret testplatform til karakterisering af Peltier-
moduler udvikles. Muligheden for at bruge Peltier-moduler til køling af GaN-
transistorer diskuteres for applikationer med forskellige effektniveauer.
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1
Introduction

1.1 Background
Advancement in applied science often comes from advancement in material science.
Transistors were first introduced by Bell Labs in 1948 and rapidly developed afterwards
along with advancement in the first generation semiconductor material including silicon
(Si) and germanium (Ge). Silicon technology has ignited the third industrial revolution
and become the most widely used semiconductor material ever since then. The sec-
ond generation semiconductor introduced compound material such as gallium arsenide
(GaAs), which was largely used for high speed and high power transistor production.
Nowadays, research in power electronics has focused on the application of transistor
made with the third generation semiconductor material represented by silicon carbide
(SiC) and gallium nitride (GaN) [1, 2]. The third generation semiconductor material
is characterized by wide semiconductor bandgap. Wide bandgap semiconductors easily
outperform from the physics limit of silicon semiconductors and prove more efficient
switching than their silicon counterparts. Application of wide band gap semiconductor
sheds light on future high efficient and high power density power converter design [3–9].

Compared with SiC transistor, GaN transistor has a even better figure of merit
(FOM), which is beneficial in high frequency applications. GaN transistor fabrication
requires for novel packaging technique to achieve low parasitic inductance connection.
For instance, ball grid array (BGA) package used by EPC, quad flat no-lead (QFN)
package used by Nivatas and GaNPX package used by GaN Systems are all chip scale
surface mount packages aiming for high frequency applications. This inevitably brings
two major challenges in circuit design.

• The first challenge is PCB layout in high slew-rate and high switching frequency
applications [10–12]. For Si and SiC transistors, through hole package is generally
used. Common source inductance is the major concern and widely researched in
the prior-art research. In comparison, power loop inductance in GaN transistor
applications is majorly contributed by parasitic inductance from PCB copper con-
nection. Both component placement and layout technique can influence the power
loop inductance. Furthermore, considering GaN transistor’s low gate threshold
voltage, limited blocking voltage and lack of avalanche breakdown, GaN transistor
PCB layout need to be carefully designed to maintain low parasitic inductance
connection.

• The second challenge is thermal dissipation in GaN transistor package [13]. Com-
pared with conventional power transistor package, GaN transistor thermal pad
area largely shrinks because of the chip scale package. GaN transistor packages
can be generally categorized as top cooling model and bottom cooling model
depending on thermal pad facing. For top cooling model, difficulty in cooling so-
lution fixture is limited by GaN transistor height clearance. Heat sink installation
can be blocked by peripheral circuit components such as gate driver and auxiliary



2 Introduction

power supply. For bottom cooling model, difficulty in cooling solution fixture is
in efficient thermal conduction through PCB board. Thermal vias are essential
to conduct heat from bottom side GaN transistor thermal pad to the bottom side
PCB board. Component placement and PCB layout should be considered as a
trade-off between power loop inductance minimization and low thermal resistance
cooling system fixture.

Transistor selection is critical in power converter design. Selection between GaN
transistor and SiC transistor is generally differentiated by blocking voltage, where SiC
transistors are used in high voltage applications (≥ 900 V) and GaN transistors are
used in low voltage applications (≤ 650 V). There is an overlap on three phase inverter
design, where DC bus voltage is generally around 700 V [14–17]. When designing
three phase inverter, two level topology is used in SiC based solutions and three level
topology is used in GaN based solutions for its limited blocking voltage. It could be
hard to justify which solution is more efficient considering the better figure of merit
in GaN transistor and the lower total semiconductor counts in SiC based solution.
Furthermore, switching frequency selection can be interesting in GaN based three level
inverter design. Unlike soft switching topologies, switching frequency selection in hard
switching inverter design is a trade-off between efficiency and passive filter volume.
Optimized switching frequency selection can be affected by transistor switching loss
characterization, inverter topology and filter design. Switching frequency optimization
can be carried out based on Pareto front analysis, which is an essential procedure in
high power density converter design.

1.2 Project objectives
This project aims to identify practical challenges in designing GaN based power con-
verter and provides novel GaN transistor application solutions in regard of gate drive,
PCB layout, cooling solution fixture and high power density oriented optimization. The
main objectives of this PhD project can be summarized as:

• To investigate GaN transistor electric and thermal characterization.

• To optimize GaN transistor PCB layout aiming for low power loop inductance
connection.

• To design cooling system fixture optimized for GaN transistor application.

• To justify advantages of using GaN transistor in three phase inverter design.

• To optimize inverter design specifications aiming for high power density integra-
tion.

1.3 Dissertation scope
The scope of this PhD dissertation is to summarize the research outcomes of PhD
project “GaN Transistor Application and High Power Density Inverter” from September
2017 until September 2020. Major research outcomes have been published in the form
of peer reviewed conference and journal papers. These publications are essential to the
body of this dissertation and included in the Appendices.
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1.4 Thesis structure
Content and structure of this PhD dissertation are summarized in Fig. 1.1.

Chapter 1: Covers the research background and provides an overview on different
scopes covered in this thesis.

Chapter 2: Presents the GaN transistor characterization results based on double
pulse test. Review and discussion on application of resonant gate driver in GaN tran-
sistor are included.

Chapter 3: Compares impact of different power loop layout methods on GaN tran-
sistor switching. Quantified study on power loop inductance and thermal cooling is
provided. An automated test setup for GaN transistor thermal resistance quantifica-
tion is given.

Chapter 4: Elaborates the AC filter design in inverter applications. Filter induc-
tance quantification process for three phase three level inverter is given.

Chapter 5: Introduces a trade-off study between semiconductor loss and passive
filter volume in designing high power density GaN based inverter. Pareto front analysis
is given and optimal switching frequency is found. Inverter prototyping process is
elaborated.

Chapter 6: Provides research findings from two other research topics, including
temperature dependent characterization of GaN transistor and Peltier module charac-
terization.

Chapter 7: Summarizes and concludes this PhD dissertation. Future research topics
are introduced.



4 Introduction

Abstract/Resumé

Chapter 1

Introduction

Chapter 2

GaN Transistor Application I

Device 

Characterization

Gate Driver Review

A. IGBSG 2018

Switching Transient Analysis and Characterization 

of GaN HEMT

B. IEEE Transactions on Industry Applications

A Comparison Review of the Resonant Gate Driver 

in the Silicon MOSFET and the GaN Transistor 

Application

Chapter 3

GaN Transistor Application II

Power Loop Layout

Thermal Solution

C. APEC 2019

Multi-physic Analysis for GaN Transistor PCB 

Layout

E. IEEE Transactions on Industry Applications

Research of Power Loop Layout and Parasitic

Inductance in GaN Transistor Implementation

F. ECCE Asia 2019

Research of Gap Filler Material in the GaN 

Transistor Thermal Management

D. WiPDA Asia 2019

Research of PCB Parasitic Inductance in the GaN 

Transistor Power Loop

Chapter 4

GaN Based Inverter Design I

Chapter 5

GaN Based Inverter Design II

AC Filter Design

Pareto Front 

Analysis

Pareto Front 

Optimization

G. IEEE Journal of Emerging and Selected 

Topics in Power Electronics

High Power Density GaN based Three Phase

Inverter Design: Optimization in Semiconductor

Loss and Filter Volume

Chapter 6

Other research work

published

Under revision

Prepared for 

submission

Chapter 7

Conclusion and Future Work

Temperature 

dependent 

characterization

Peltier module 

characterization

Figure 1.1: Thesis structure.



2
GaN Transistor Application I:

Characterization and Gate Drive

Compared with Silicon transistor, GaN transistor enjoys benefits from wide band-gap
semiconductor characteristics and have smaller parasitic components, which is favorable
in high frequency and high efficiency power converter design [1]. Parasitic capacitors
and on-state resistance contribute to major power loss during transistor operation. As
shown in Fig. 2.1, gate-source capacitor Cgs is related to the gating loss in transis-
tor, which is also referred as input capacitor. The sum of gate-drain capacitor (Cgd)
and drain-source capacitor (Cdc), also referred as output capacitor, is related to the
switching loss in transistor. On-state resistance (Rds_on) indicates the conduction loss
during first quadrant operation. Reduction on these parasitic parameters compared
with conventional Si transistor brings benefit of reduced power loss in the GaN transis-
tor applications [18, 19]. In the meantime, as a newly introduced and commercialized
semiconductor transistor, GaN transistor application requires special attentions in the
practical implementation issues, such as gate driver design, PCB layout, thermal dis-
sipation and etc. Characterization of GaN transistor and its special considerations in
practical applications will be addressed in the following sections.

2.1 GaN transistor characterization
Double pulse test (DPT) is generally recognized as the standard method for semicon-
ductor characterization, circuit of which is given in Fig. 2.2 [20–22]. Basically, two
pulses gate signal is applied to the gate of low side transistor. The high side freewheel-
ing diode is paralled with an inductor to provide current circulating path when the
low side transistor is turned off. The first pulse forms a desired current within the
transistor and switching characterization is examined at the end of first pulse as well
as the beginning of the second pulse.

Characterization of GaN transistor GS66516B from GaN Systems is carried out on
the test setup explained in Fig. 2.3. One major challenge in double pulse test charac-
terization is the transistor source current measurement [23–25]. Conventional current
probe and Rogowski probe cannot be easily applied, which are limited by measurement

 

 

 

 

Cgd

Cgs

Cds

Rds_on

Figure 2.1: Ideal transistor model.
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Figure 2.2: Double pulse test circuit.

bandwidth, probe lag and extra power loop introduced by probe installation. Such lim-
itation can affect the measurement precision and practical switching condition cannot
be ideally replicated. A current shunt is generally installed to solve this problem. We
adopt a novel source current measurement method as explained in Fig. 2.3(a). The
shunt resistor is connected to the transistor source pad, in which symmetrical arrange-
ment is applied to cancel out the magnetic flux within the measurement path. This
guarantees a highly unbiased source current measurement with bandwidth up to limi-
tation from the passive voltage probe (up to 500 MHz). We choose an air core inductor
installed in free wheeling path to prevent magnetic saturation.

GaN transistor characterization result is given in Fig.2.4. Ringing in the gate volt-
age and drain-source voltage are respectively resulted from the gate loop parasitic
inductance and power loop inductance. Switching loss and switching time are obtained
from the oscilloscope data processed in MATLAB, as summarized in 2.5. Test results
are collected with source current ranging from 5 A to 30 A and drain-source voltage
at 400 V. It shows that switch on loss is the major source of transistor switching loss.
As the increase of source current, switch-on time is increased and switch-off time is
decreased. At 30 A source current, GaN transistor switch-off time is short as 4 ns,
which results in a fast slew-rate of over 100 V/ns.

Miller plateau shifting (Upl) phenomenon is also observed in the GaN transistor char-
acterization. As we calculate the averaged Miller plateau voltage at different source
current, we observed that this plateau voltage will shift up in a higher source cur-
rent as shown in Table 2.1. Miller plateau voltage is related to the transistor gate
charge/discharge capability as shown in (2.1), where Ig_charge / Ig_discharge is gate
charge / discharge current, VG is the gate driver source voltage and Rg_on / Rg_off is
the gate-on / gate-off resistor. Increased Miller plateau voltage leads to a longer switch
on time and a shorter switch off time. GaN transistor switching time characterization is
given in Fig. 2.4(b). Switch-off time decreases dramatically as source current increases.{

Ig_charge = (VG − Upl)/Rg_on

Ig_discharge = Upl/Rg_off

(2.1)

From semiconductor characterization, GaN transistors show low switching loss and
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Figure 2.3: Double pulse test setup.
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Figure 2.4: GaN transistor double pulse test results.

(a) Switching loss characterization.

0

5

10

15

20

25

5 10 15 20 25 30

S
w

ti
c
h

in
g

 T
im

e
 
(n

s
)

Current Rate (A)

Switching Time Characterization of GS66516B

switch off time

switch on time

(b) Switching time characterization.

Figure 2.5: Characterization result of GaN transistor GS66516B.
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Table 2.1: GS66516B Miller Plateau Shifting
Source current

(A)
5 10 15 20 25 30

Plateau voltage
(V)

2.90 3.05 3.22 3.29 3.35 3.43

fast switching capability compared with conventional Si transistors, which is favorable
in high frequency applications. In the meantime, new packaging technique and gating
requirement of GaN transistor requires additional considerations in hardware design,
which will be detailed in the following section.

2.2 GaN transistor gate drive
For high frequency transistor applications, one critical consideration is the gate driver
design. Although gating loss can be generally neglected compared with switching loss in
transistor characterization, gating loss can be significant in high frequency soft switch-
ing applications [26–28]. Fig. 2.6 shows the power loss decomposition of Silicon MOS-
FET in synchronous buck converter. Gating loss becomes the dominant source of power
loss when switching frequency is higher than 500 kHz. Gating loss can be significantly
reduced by adopting resonant gate driver in Silicon device applications, which has been
widely discussed in the prior-art research [29–37]. In this section, implementation of
resonant gate driver in GaN transistor applications will be evaluated as case study
comparison.

Fig. 2.7 compares the driving signal of conventional gate driver and resonant gate
driver. Conventional gate driver is essentially voltage source gate driver, which has
the basic totem pole topology as Fig. 2.8(a). Although voltage source gate driver
is widely commercialized and adopted in the industry. one salient drawback of this
topology is the inconstant gating current. As shown in Fig. 2.7(a), gating current is
solely dependent on the gate voltage and gate resistor, which decreases fast along the
gating process. Furthermore, gating current flowing through the resistive path along
the conventional gate driver leads to inevitable gating loss, which can be calculated
according to (2.2).

Pgate = VG ·QG · fs = VG
2 · Ciss · fs (2.2)

Resonant gate driver, on the other hand, is essentially current source gate driver
[34, 38–40]. As shown in Fig. 2.8(b), a resonant tank is added to the conventional totem
pole topology. Gate charge current is therefore rather constant and controllable during
the gating process, which is favorable in high frequency applications [32, 33, 36, 41].
A general classification of resonant gate driver topologies is depending on the initial
current within the resonant tank, which is detailed analyzed in our research work and
summarized in [42]. Gating loss can be effectively reduced depending on different energy
return path within resonant tank.

Compared with the Silicon transistor, gating loss in GaN transistor is already largely
reduced for its smaller parasitic capacitance. TABLE 2.2 shows the specifications of two
transistors in comparison. At the same voltage and current rating, on-state resistance
Rdc_on is reduced by 44% and gate charge Qg is reduced by 92% compared with its
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Figure 2.6: Power loss decomposition of Silicon MOSFET in synchronous buck con-
verter.
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Figure 2.7: Gate driver waveform comparison.
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Table 2.2: Transistor Comparison
IPW60R045CP GS66516B

Semiconductor material Silicon Gallium Nitride

VDS 650 V 650 V

Rds_on 45 mΩ 25 mΩ

Qg 150 nC 12.1 nC

VG 0 to 10 V 0 to 6 V
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Figure 2.9: Resonant gate driver in case study.

Conventional gate driver

2A2A
1A1A

00
-1A-1A
-2A-2A

2A
1A

0
-1A
-2A

IgIg

UgUg

00 100ns 200ns 300ns 400ns 500ns100ns 200ns 300ns 400ns 500ns0 100ns 200ns 300ns 400ns 500ns

8V8V
4V4V

00
-4V-4V
-8V-8V

8V
4V

0
-4V
-8V

8V
4V

0
-4V
-8V

Rg_on=5Ω   Rg_off=2Ω

(a) Conventional gate driver.

8V8V
4V4V

00
-4V-4V
-8V-8V

8V
4V

0
-4V
-8V

8V
4V

0
-4V
-8V

UgUg

Resonant gate driver

4A4A
2A2A

00
-2A-2A
-4A-4A

4A
2A

0
-2A
-4A

4A
2A

0
-2A
-4A

00 100ns 200ns 300ns 400ns 500ns100ns 200ns 300ns 400ns 500ns0 100ns 200ns 300ns 400ns 500ns

IL

Ig

IL

Ig

4A
2A

0
-2A
-4A

0 100ns 200ns 300ns 400ns 500ns

IL

Ig

Energy recoveryGate charging

(b) Resonant gate driver.

Figure 2.10: Simulation waveform comparison.
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Silicon counterpart. In order to discuss feasibility and effectiveness of applying resonant
gate driver in GaN transistor applications, case study is carried out. We compare
the conventional totem pole gate driver with the classic resonant gate driver topology
first proposed in [30]. As shown in Fig. 2.9, the resonant gate driver topology is
composed by a totem pole bridge and diode bridge with resonant inductor connected
in between. Transistor input capacitor is charged/discharged at t0 − t1/t4 − t5 along
with the charge/discharge of the resonant inductor. Residual energy within the resonant
inductor is returned to the linear voltage source at t2− t3 and t6− t7. Based on LTspice
simulation, case study comparison of driving waveform is given as Fig. 2.10. Compared
with the conventional gate driver, gate charge current in the resonant gate driver has
a higher peak of 2.2 A, which helps to shorten the transistor switching time. Energy
recovery stage in the resonant inductor is observed.

The total power loss in gate driver is composed by:

• Internal CV 2 loss:
Ohmic loss on the parasitic inductance within the transistor gate path.

• External CV 2 loss:
Ohmic loss on the gate resistor.

• Gate transistor loss:
Switching, gating, conduction loss of the totem pole transistor in the gate driver.

• Logic circuit loss:
Power loss in providing logic gate signal, which is omitted in comparison.

• Resonant tank power loss:
Iron/copper loss in resonant inductor, which can be neglected in the comparison.

Power loss decomposition in gate driver is compared in TABLE 2.3. Loss data
is obtained in LTSpice simulation and quantified as power loss per switching period.
Compared with the conventional gate driver, there’s no external CV 2 loss in resonant
gate driver and increased gate charge current leads to a higher internal CV 2 loss and
gate transistor loss. In the Silicon transistor application, the total gate driver loss
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Figure 2.11: Switching loss characterization of GaN transistor GS66516B.
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Table 2.3: Gate Driver Loss Comparison
Silicon transistor GaN transistor

conventional
gate driver

resonant
gate driver

conventional
gate driver

resonant
gate driver

internal CV 2 loss 0.84 µJ 1.02 µJ 0.01 µJ 0.04
external CV 2 loss 0.67 µJ * 0.12 µJ *
gate transistor loss 0.07 µJ 0.08 µJ 0.02 µJ 0.10 µJ

total 1.58 µJ 1.10 µJ 0.15 µJ 0.14 µJ

can be reduced by 30 %, when applying resonant gate driver. However, in the GaN
transistor application, there’s no evident difference in total gate driver loss between
these two cases. Gating loss in GaN transistor is small enough, where implementing
resonant gate driver is not effective in further reducing this part of loss. Transistor
switching loss, on the other hand, can be reduced by the increased gate charge current
from the resonant gate driver. As shown in Fig. 2.11, switching loss characterization is
obtained from double pulse test, and we compare the results between these two cases.
Compared with the conventional gate driver, switching loss of GaN transistor can be
reduced by up to 7.7 % by using resonant gate driver.

Overall, gating loss of GaN transistor is essentially much lower than Silicon tran-
sistor. From gate driver loss decomposition, CV 2 loss is dominant in Silicon transis-
tor applications and comparable to gate transistor loss in GaN transistor applications.
Resonant gate driver is efficient in CV 2 loss reduction, which is thus more favorable in
Silicon transistor applications. Implementing resonant gate driver in GaN transistor is
not efficient in gate driver loss reduction, while helps to reduce the switching loss from
large and controllable gate charge current. Gate driver design for GaN transistor still
relies on conventional totem pole gate driver in medium to high frequency application
and self oscillating gate driver in very high frequency range applications.
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PCB Layout and Thermal Design

For GaN based power converter design, PCB layout and thermal dissipation must be
well designed [43]. Power loop inductance adds up to drain-source voltage ringing
and leads to extra power loss during transistor switching [44–47]. For the lack of
avalanche breakdown and limited drain-source voltage, power loop inductance should
be minimized, which is highly dependent on optimized PCB layout. Challenge in
thermal dissipation comes from the chip scale package adopted by GaN manufacturer
[14, 48, 49]. Although a low inductance connection is guaranteed, chip scale package
leaves limited space for thermal dissipation in GaN transistors. This can be even more
severe in hard switching converter application. In this chapter, PCB layout and thermal
design in GaN transistor application will be elaborated.

3.1 Power loop layout
3.1.1 Parasitic inductance model
Power loop is defined as conduction path between decoupling capacitors and transistor
half bridge as shown in Fig. 3.1. Power loop inductance matters in voltage source
converter applications, which will lead to transistor drain-source voltage ringing [14,
49, 50]. A proper model for power loop parasitic inductance is important to quantify
its impact on transistor switching.

Parasitic inductance in half bridge configuration is shown as Fig. 3.2. Transistor
packaging has a critical impact on the power loop inductance. For conventional Si/SiC
power transistor, through hole package is generally used, as shown in Fig. 3.2(a). Power
loop inductance is majorly contributed by transistor package, where switching node can
be generally modeled as star-connected parasitic inductance, as shown in Fig. 3.3(a).
For better switching performance in high frequency applications, power loop inductance
should be minimized to avoid larger drain-source voltage overshoot. This is achieved
by chip scale package, which is adopted by majority of GaN transistor manufacturers.

Q1

Q2

 

 

C
switch node

power loop

 

 

voltage 
source

Figure 3.1: Power loop in half bridge configuration.
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Figure 3.2: Parasitic inductance in half bridge configuration.
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Figure 3.3: Parasitic inductance model in half bridge configuration.

Parasitic inductance in GaN transistor power loop is now dominant by PCB tracks.
This makes it tricky to define the parasitic model, especially in switching node. As
shown in Fig. 3.2(b), switch node in GaN transistor half bridge is basically one piece of
PCB track copper, connecting the source pad of high side transistor, drain pad of low
side transistor and rear side circuit. We can define three difference parasitic inductance
on this copper, depending on the current flow direction.

An analytical model of GaN transistor power loop inductance can be defined as
Fig. 3.3(b). First, it should be noted that, at the switching node, parasitic inductance
Lp_1, Lp_2 and Lp_m should be each taken into account during different period of a
switching cycle. Impact of Lp_1 and Lp_2 can be neglected with the existence of filter
inductor Lf . Secondly, parasitic inductance Lp_h, Lp_m and Lp_l contribute to the
total power loop inductance as shown in Fig. 3.4. It should be noted that these three
inductance adds up together to form a complete current conductor path, which should
be precisely defined as partial inductance. Both mutual inductance and self inductance
in a partial inductance system can be affected by the shape of each conductor and
physical location of each conductor placement [48, 51–54]. Finite element analysis
tools are generally used to precisely solve parasitic inductance matrix.

For an intuitive evaluation of power loop inductance, we propose to use a loop
parasitic inductance model as shown in Fig. 3.5. Instead of taking each conductor’s
parasitic inductance into account, we can basically view the whole power loop as a
rectangular loop conductor. As shown in Fig. 3.5(b), width (w), height (h), thickness
(t) and length (l) of this equivalent power loop conductor are respectively decided by
GaN transistor package, PCB board thickness, copper thickness and PCB layout. This
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Figure 3.4: Parasitic inductance in GaN transistor power loop.
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Figure 3.5: Parasitic inductance in GaN transistor power loop.

can be used as a general model in GaN transistor parasitics modeling, which well
addresses power loop inductance model for surface mount power transistors.

In a further step, we can obtain a quantified equation for estimating GaN transistor
power loop inductance based on this loop model. Parasitic inductance of the equiva-
lent rectangular conductor, as shown in Fig. 3.5(b), can be quantified by Ampere’s law
and Maxwell’s equation. This can be mathematically solved when neglecting proximity
effect at high switching frequency [55]. However, proximity effect in GaN transistor
power loop ringing can lead to significant non-linear current distribution in the conduc-
tor cross section. During hard switching condition, resonance frequency of transistor
drain-source voltage ringing can be estimated according to (3.1). A well designed power
loop layout of GaN transistor should maintain the power loop inductance as low as sev-
eral nH range. When considering the GaN transistor output capacitor rated at 17 -
126 pF range, ringing frequency in GaN transistor power loop can be as high as several
hundred MHz.

fringing =
1

2π
√
LloopCoss

(3.1)

Skin depth δ in high frequency ringing can be quantified according to (3.2), where
ρ is resistivity and µr is relative permeability of the conductor. Accordingly, we can
plot copper skin depth over frequency spectrum as shown in Fig. 3.6. At hundreds
MHz drain-source voltage ringing frequency, skin depth is much smaller than 1 oz PCB
copper thickness. Mathematical derivation cannot accurately solve the non-linear cur-
rent distribution. Finite element analysis is needed. To provide a general equation for
GaN transistor power loop inductance quantification, we collected package dimensions
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Low to medium frequency 

power converter
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Figure 3.6: Copper skin depth over different ringing frequency.

Figure 3.7: Curve fitting of the FEA results given in MATLAB.
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of all commercially available enhancement mode (e-mode) GaN transistor. Based on
loop inductance model, a parameter sweep is carried out to solve 195 sets of power
loop inductance in different GaN dimensions. A fitted equation (3.3) for power loop
inductance estimation is obtained from the finite element analysis (FEA) simulation
data as shown in Fig. 3.7.

δ =

√
ρ

πfringingµrµ0
(3.2)

Lloop
∼= µ0

h

w
l(

0.27

1− 0.74 · e−0.45(h/w)
) (3.3)

3.1.2 Layout comparison
A case study of three power loop layout methods is carried out to validate the loop
inductance equation and investigate the impact of power loop inductance on GaN tran-
sistor switching performance. Placement of GaN transistor and decoupling capacitor
has critical impact on the formation of power loop path. Three layout methods are
compared as shown in Fig. 3.8.

• Conventional layout
PCB tracks in the top layer connect decoupling capacitors and transistors on
same side of PCB board. Power loop is commuted within the same PCB layer.
Components are closely arranged to minimize power loop inductance.

• Vertical layout
By vertically forming commutation loop within two PCB layers, power loop in-
ductance is reduced from magnetic field cancellation between current flowing in
contradictory directions.

• Minimal layout
Minimal layout is achieved by placing decoupling capacitors and transistors on
two sides of PCB board. Power loop inductance is further reduced by shorten the
commutation loop.

Generally, conventional layout can be easily applied in various applications, while
suffers from relatively large power loop inductance. Vertical layout requires at least
two PCB layers in forming power loop. Minimal layout can provide minimum power
loop inductance, while heat dissipation is largely impacted by the two sided component
placement.

A modular buck converter is designed to provide a thorough comparison between
these three layout methods. As shown in Fig. 3.9, three different GaN based half
bridge module are designed and respectively connected to a modular buck converter
for performance comparison.

3.1.3 Experimental evaluation
The first test is to quantify power loop inductance. DC bus voltage is set as 50 V.
Output capacitance of GaN transistor GS66504B is relatively large at this voltage
level, which leads to a measurable drain-source voltage ringing frequency f0 of 100-200
MHz as shown in Fig. 3.10. An external capacitor (Cex) is then paralleled to the
low side transistor. Drain-source ringing frequency is measured again as f1 and power
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(a) Conventional layout. (b) Vertical layout.
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Figure 3.8: Power loop layout methods comparison.
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Figure 3.9: Setup for power loop layout comparison.
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Figure 3.10: Measured drain-source voltage ringing of vertical layout at 50 V DC bus.

loop inductance can be estimated according to (3.4). Test results are summarized in
TABLE 3.1. Conventional layout leads to the largest power loop inductance of 3.6 nH,
which cannot be quantified based on numerical method for its difficulty in universal
modeling. Compared with conventional layout, vertical layout and minimal layout
help to reduce the power loop inductance by 25% and 44% respectively. By using the
proposed equation (3.3), power loop inductance in vertical and minimal layout can be
well estimated with a small deviation of 0.2 nH from the experimental results.

{
f0 = 1/2π

√
LloopCoss

f1 = 1/2π
√

Lloop(Coss + Cex)
(3.4)

Table 3.1: Power Loop Inductance Comparison
Conventional Vertical Minimal

Measurement
f0 / MHz 194 220 263
f1 / MHz 145 165 196

Calculation
by (3.4)

Coss / pF 189.9 192.9 187.4
Lloop / nH 3.6 2.7 2.0

Estimation
by (3.3)

Lloop / nH NA 2.9 2.2
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Table 3.2: Switching Condition of Synchronous Buck converter
Input voltage / V 400 Output voltage / V 200
Output power / W 300 Output current / A 1.5

Switching frequency / kHz 100 Dead time /ns 100

The second test is to provide a thermal comparison between different layout meth-
ods. Modular buck converter is set to operate at the same switching condition as stated
in TABLE 3.2. Switching waveform is given in Fig. 3.11. Without heat sink attach-
ment, GaN transistor case temperature reaches thermal equilibrium after 500 seconds
continuous operation. Thermal image of each daughter board is captured as shown in
Fig. 3.12. Benefit from lower power loop inductance, hottest spot in vertical layout and
minimal layout daughter board is respectively reduced by 8.9 °C and 12.3 °C compared
with conventional layout.

The final test is to justify the maximum power rating constrained by thermal capac-
ity. The rated junction temperature of GaN transistor GS66504B is stated as -55 °C to
+150 °C from manufacturer data sheet. Considering junction-case thermal resistance
as 17 K/W, maximum operation temperature is set as transistor case temperature (Tc)
reaches 100 °C. As summarized in TABLE 3.3, output power of the modular buck con-
verter can be pushed to 388 W by using conventional layout. By using vertical layout
and minimal layout, output power capacity can be respectively increased by 42 W and
55 W. It should be noted that this maximum power capacity is justified without heat
sink attachment. For bottom cooling device, conventional layout is favorable in high
power applications. Thermal vias are generally applied to form low thermal resistance
path between the transistor thermal pad and heat sink. For top cooling device, thermal
interface material enclosure method is generally used. Heat sink attachment on both
sides of PCB board can difficult and less efficient in minimal layout.

3.1.4 Conclusions on GaN transistor layout

In conclusion of layout methods compared in this section, we can summarize following
advice on practical layout of GaN transistor.

Table 3.3: Comparison of Thermal Dissipation
Conventional layout Vertical layout Minimal layout

Maximum Tc

@ 300W output power
76.5 °C 67.7 °C 64.2 °C

Maximum power
capacity w/o heatsink

388 W 430 W 443 W

For bottom
cooling device

Thermal vias
[49, 56, 57]

Not applied

For top
cooling device

Thermal interface material enclosure method
[14, 15, 58–61]
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Figure 3.11: Experimental waveform of the modular buck converter.
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Figure 3.12: Comparison of temperature distribution between daughter boards.
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• GaN transistor power loop inductance should be considered as loop inductance
model, where placement of transistors and decoupling capacitors are of critical
importance.

• Semiconductor power loss in soft switching applications can be reduced with lower
power loop inductance.

• In low power soft switching applications, minimal layout is preferred and power
loop inductance can be effectively reduced by 44 % compared with conventional
layout.

• In high power hard switching applications, conventional layout is preferred for its
ease of heat sink fixture in bottom cooling GaN transistor applications.

• Vertical layout can provided a lower power loop inductance compared with conven-
tional layout and easier cooling heat sink fixture compared with minimal layout,
which is preferred in top cooling GaN transistor applications.

3.2 Thermal cooling design for GaN transistor
Thermal cooling design is crucial in GaN transistor applications [54, 62, 63]. Different
from conventional Si and SiC transistors, surface mount technology and chip scale pack-
age are generally used in GaN transistors manufacturing [15, 64, 65]. GaN transistor
package is low profile and able to provide low parasitic inductance connection, which
is favorable in high slew-rate applications. On the other hand, smaller thermal pad on
the GaN transistor brings extra difficulty in thermal cooling compared with through
hole package generally used by conventional Si and SiC manufacturers. Thermal pad
area comparison is given in Fig. 3.13.

In comparison, thermal pad area on GaN transistor GS66508T (GaN Systems, 650
V, 30 A) is 11 times smaller than SiC transistor UJ3C065080K3S (Cree, 650 V, 31 A).
When talking about transistor thermal cooling, gap filler material, impact of which
is generally neglected, is now playing an important role in GaN transistor application.
Thermal resistance of gap filler (Rgp) between transistor thermal pad and heat sink can
be estimated according to (3.5), which is dependent on thermal pad dimensions (wpad

and lpad), gap filler thickness (hgp) and thermal conductivity of the material (kgp).

Rgp =
1

kgp · wpad · lpad
· hgp (3.5)

GS66508T UJ3C065080K3S

(6.52 mm × 3.085 mm) (16.96 mm × 13.68mm)

20 mm
2

232 mm
2

GaN transistor SiC transistor

Figure 3.13: Thermal pad area comparison.
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In this work, we introduce a test setup to justify performance of different gap filler
material in GaN transistor cooling. This test method can be easily used in different
GaN transistors packages or thermal resistance quantification in other transistor cooling
solution. A general guide for gap filler material selection and cooling solution fixture
for GaN transistor applications will be elaborated.

3.2.1 Gap filler material comparison and thermal modeling

GaN transistor cooling evaluation is given based on the setup shown in Fig. 3.14. To
justify the impact of different gap filler materials in GaN transistor cooling, we select a
top cooling packaged GaN transistor GS66508T paired with sufficient large heat sink,
which has a low thermal resistance of Rhs = 0.5 K/W with active fan fixture. Different
gap filler is applied between GaN transistor cooling pad and the heat sink. Heating
in GaN transistor is generated by reverse conduction with negative gate voltage bias
to further increase the heating power. Programmable DC source in constant current
(CC) mode is applied to inject current in the transistor, and power loss is quantified
by current and voltage measurement in a digital multimeter. Performance in different
cooling solutions is justified by measuring transistor junction temperature using a NTC
thermistor connected through the thermal vias in FR4 PCB.

Gap filler material comparison

Five different gap filler are compared as shown in TABLE 3.4, including three Silicone
sheet material with different thermal conductivity and thickness, one ceramic based
Al2O3 material and one ceramic based aluminum nitride (AlN) material. Thermal
conductivity of each material varies between 1.5 W/mK to 170 W/mK, along with
a significant difference in price ranging from 0.00025 USD / mm2 to 0.1 USD / mm2.
Following test procedure will justify the performance difference and different application
scenarios of these materials.

By using (3.5), we can have a general comparison of thermal resistance when applied
in GaN transistor application, as shown in Fig. 3.15. Basically, when we have fixed
dimension thermal pad and picked a certain material thickness, thermal resistance and
thermal conductivity of the gap filler is a reciprocal curve. For the reciprocal curve f(x)
= ax−1, (

√
a,
√
a) is a critical point, where dependent variable decreases sharply to the

left of it and much mildly to the right of it. Accordingly, we can define a critical thermal
resistance of gap filler as (3.6), depending on the transistor thermal pad dimensions
and material thickness.

Heat sink

vias

Drain pad

GaN transistor

vias

Gap filler

Source padThermal pad

FR4 PCB

NTC thermistor

Programmable 

DC source

Resistance 

measurement

Figure 3.14: Gap filler test configuration.
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Table 3.4: Comparison of Gap Filler Material

Brand Material Thermal conductivity
(W/mK)

Thickness
(mm)

Price
(USD/mm2)

1 Laird Silicone sheet 5 0.5 ∼0.0013
2 αGel Silicone sheet 8 1 ∼0.0027
3 Toptronic Silicone sheet 1.5 1 ∼0.00025

4 Rubalit Al2O3

(Ceramic base)
25 1 ∼0.003

5 Alunit AlN
(Ceramic base)

170 1 ∼0.1
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Figure 3.15: Gap filler thermal resistance estimated for GS66508T application.
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kc =

√
hgp

wpad · lpad
(3.6)

We can conclude following conclusions based on the critical thermal resistance def-
inition.

• Gap filler material with the thermal conductivity lower than the critical value
should be avoided.

• For a given gap filler material and thermal pad dimensions, thinner gap filler
thickness can provide lower thermal resistance, boundary of which is limited by
the material electrical insulation capacity.

• Impact of the gap filler thickness is more evident for the gap filler material with
thermal conductivity lower than the critical value.

Thermal modeling

Thermal model of the cooling system shown in Fig. 3.14 is given as Fig. 3.16. Lump
thermal model is established based on the Cauer equivalence. R1 - R4 and C1 - C4

are thermal network of GaN transistor package obtained from the manufacturer. We
focus on the steady state junction temperature in this work and thermal capacitance
is omitted in the cooling system. Simulation result of Rubalit gap filler at 10 W heat-
ing power in GaN transistor is given in Fig. 3.17. We mark down the stead-state
junction temperature when thermal equilibrium is reached and compares this junction
temperature between different gap filler materials as shown in Fig. 3.18.

We justify the maximum power loss capacity as the steady-state transistor junction
temperature reaches 100 °C. As expected from the huge difference in thermal conductiv-
ity, there’s also a huge difference in power loss capacity when using different gap filler
materials. Only 6 W can be dissipated when using the worst Silicone sheet material
and using ceramic based AlN can help to dissipate shockingly 85 W in one single GaN
transistor. Lab test validation is carried out in the following section.

3.2.2 Automotive test for GaN transistor cooling evaluation
An automotive test is designed for GaN transistor cooling evaluation. GaN transistor
cooling fixture uses the configuration explained in Fig. 3.14. Test setup is shown
in Fig. 3.19. All together three DC power supplies and four multimeters are used
to apply reverse current and gate voltage bias in GaN transistor, power the cooling

    

C1 C2 C3 C4

R1 R2 R3 R4

Tjunction Tcase
Rgp

Theat_sink
Rhs

Model from manufacturer

I U

Power loss (W) Ambient temperature (℃)

R0

Tambient

Figure 3.16: Thermal model of the gap filler test.
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Figure 3.17: Simulation waveform of the thermal model in LTSpice.

Thermal boundary

set as Tjunction = 100 °C

Figure 3.18: Estimated junction temperature from the thermal simulation.

fan, quantify the transistor power loss and quantify the room & junction temperature.
All these instruments are connected to the laptop via USB hub and controlled over
communication protocol based on Virtual Instrument Software Architecture (VISA)
from NATIONAL INSTRUMENTS (NI). MATLAB script is designed to carry out the
thermal evaluation test. A test flow is designed as shown in Fig. 3.20.

Thermal test is designed to justify the maximum transistor heating power in each
cooling solution to sustain the junction temperature lower than 100 °C threshold voltage
(Tth) for at least 30 minutes in 25 °C ambient temperature (Tambient). Test starts
from the maximum power heating in GaN transistor. Transistor junction temperature
Tjunction is measured every 0.7 s and test is instantly stopped whenever Tjunction reaches
100 °C. Power heating in GaN transistor is gradually reduced by reducing reverse gate
voltage bias (Vsg) and reducing reverse source-drain voltage bias (Vsd). Maximum power
capacity is marked down until certain transistor heating power sustains Tjunction lower
than 100 °C for 30 minutes continuously. Measured data is shown in Fig. 3.21. Test
starts from the maximum power loss of more than 90 W generated in transistor, which
causes GaN transistor heated up to 100 °C after 50 s. Test is then stopped for 10 s
cooling and repeated with a lower transistor loss. Maximum cooling capacity is found
until Tjunciton maintains lower than 100 °C for 30 minutes.

Besides five different gap filler materials, we include free air and AlN direct bond
copper (DBC) solution in comparison. AlN and ceramic material has a solid surface
with low malleability. Direct usage of these two materials as gap filler requires a thin
layer of thermal paste in between to fill out the air void for a better thermal connection.
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Figure 3.19: Experimental setup of the gap filler test.
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Figure 3.20: Flow chart of the gap filler test.
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Figure 3.21: Measured data from the gap filler test.

Table 3.5: Comparison of Simulation and Experimental Results

Malleability
Estimated
Rth_gp

(K/W)

Simulated
ideal Ploss

(W)

Simulated
non-ideal Ploss

(W)

Experimental
Ploss

(W)
Free air NA NA NA NA 3
Toptronic Silicone like 34 6 6 9

αGel Clay like 6.4 15 14 19
Rubalit Hard 2.1 35 31 28
Laird Clay like 3.2 18 17 29
Alunit Rigid 0.3 120 85 35
Alunit
(DBC)

Rigid 0.3 120 85 78

Alunit 

with DBC solution

Figure 3.22: Alunit gap filler soldered to the transistor thermal pad.
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DBC solution, generally used in power module design for high power applications, is
achieved by the transistor thermal pad directly soldered to the AlN surface, as shown in
Fig. 3.22. Direct solder between the transistor thermal pad and AlN material largely
reduce the thermal resistance of AlN material usage as gap filler in GaN transistor
cooling.

Test result between different gap filler materials is given in TABLE 3.5. Simula-
tion results are given in ideal power loss capacity and non-ideal power loss capacity,
which are differentiated by heat sink thermal resistance (Rth_hs = 0.5 K/W in ideal
heat sink and Rth_hs = 2 K/W in non-ideal heat sink). Heat sink thermal resistance
has more significant impact on the high power cooling solutions compared with lower
power cooling solutions. In comparison, simulated power capacity of most gap filler
material solutions shows a well tracking of the experimental results. However, experi-
mental results on the clay like materials shows 30 % to 70 % higher power loss capacity
compared with the simulation results. This can be explained by 30 % to 50 % com-
pression on the material thickness because of its high malleability. It should be noted
that large scale compression in gap filler material could affect the electric insulation
and result in capacitive coupling between transistor thermal pad. This should be taken
into consideration depending on the voltage level and converter switching frequency.

From the experimental results comparison, AlN material with DBC solution shows
the best thermal cooling performance. Compared with 3 W power dissipation capacity
of GaN transistor in free air cooling, power loss capacity in one single GaN transistor
package can be largely increased up to 78 W by using AlN DBC solution and sufficient
large active cooled heat sink. On the other hand, AlN material is by far the most
expensive material in comparison. GaN transistor thermal pad area of 20 mm2 will
yield 2 USD budget on using AlN material as gap filler material. This may sound way
too expensive compared with convention gap filler candidate. However, considering the
budget on single GaN transistor (GS66508T about 17 USD in 2020) and its significant
improvement on cooling capacity, using AlN based DBC solution in GaN transistor
cooling can be a promising solution in high power applications.

3.2.3 Conclusions on GaN transistor cooling
Thermal cooling design for Chip scale packaged GaN transistor is more complex than
the conventional through packaged Si / SiC transistor. Low thermal resistance design
is challenged by the limited thermal pad in GaN transistor package. Gap filler material
(thermal interface material) plays an important role. Following rules can be used as
guidance for GaN transistor gap filler material selection.

• Critical thermal conductivity can be used as minimum value when selection proper
gap filler material, which is dependent on GaN transistor thermal pad dimensions
and material thickness restricted by galvanic insulation and capacitive coupling.

• Malleability of gap filler material is critical. To guarantee a minimum thermal
resistance, air void in the thermal interface must be filled by soft gap filler material
or thin layer of thermal paste or direct solder.

• From experimental comparison, AlN material can provide the lowest thermal
resistance as gap filler in GaN transistor applications. In DBC connection with
sufficient large heat sink, up to 78 W power loss is dissipated in one discrete
GaN transistor. AlN substrate shows promising usage in fabricating GaN based
high-power module.
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4
GaN Based Inverter Design I:

Research on AC Filter

4.1 Comparison of design methodology
4.1.1 Topology comparison
AC filter is one essential part of power inverter, which is placed between the inverter
output and local load/power grid for attenuating high frequency harmonics. Design of
AC filter has direct impact on the harmonic distortion in the inverter output, which is
restricted by power quality requirements. IEEE Std. 929-2000 and IEEE Std. 1547-
2003 provides guidelines for maximum harmonics in the grid current (ig) as shown in
Table 4.1 [66]. On the other hand, AC filter is composed by bulky passive components
rated at grid voltage level, which also has a direct impact on the converter power density.
Superfluous filter components selection leads to large system size and extra investment.
Research on the AC filter design is essential for designing high power density inverter.

GL(s) =
ig
vinv

=
1

L · s
(4.1)

GLC(s) =
vg
vinv

=
1

LC · s2 + 1
(4.2)

GLCL(s) =
ig
vinv

=
1

CL1L2 · s3 + (L1 + L2) · s
(4.3)

Three most commonly used AC filter topologies are compared in Fig. 4.1, their
transfer function are given as (4.1)(4.2)(4.3) and Bode diagram of three AC filters
are given in Fig.4.2. L filter is the simplest filter structure with only one magnetic
component. As shown in Fig. 4.2(a), L filter has a rather low and constant attenuation
of -20dB/dec. As a result, large inductance value is generally needed to meet the
harmonics standards. L filter is widely used in scenarios when the harmonic distortion
is not the major concern, such as motor drive applications. LC filter is the most widely
used second order filter. By adding the capacitor, LC shows -40dB/dec attenuation on
the right hand side of the resonant frequency, which can better reduce the high order
harmonics in the inverter output and helps to reduce the filter size compared with the
L filter.

Table 4.1: Maximum Harmonics Limits
Harmonic order h h<11 11≤ h<17 17≤ h<23 23≤ h<35 35≤ h THD

Proportion to ig (%) 4.0 2.0 1.5 0.6 0.3 5.0
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Figure 4.1: AC filter topology.
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Figure 4.2: Bode diagram of AC filters.

Besides first and second order AC filters, LCL filter is introduced to further re-
duce AC filter size. A sharp -60dB/dec attenuation can be obtained at the switching
frequency. This leads to reduced value of inductors and capacitors, and can provide
optimal attenuation in high power applications [67]. However, it should be noted that
there’s a high resonance peak and a sharp phase step down of −180° at the resonant
frequency. This will lead to system instability and must be properly damped. Pas-
sive damping methods add resistors in LCL filter to damp out oscillation around the
resonant frequency [68–70]. Improved passive damping methods use extra inductor/-
capacitor to modify the AC filter’s frequency response, which can also be categorized
as high order AC filters [71–74]. Active decoupling methods, on the other hand, use
current feed back loop in the inverter output control loop to eliminate the resonant
peak, while maintain -60dB/dec attenuation at the same time [75–77]. In regard with
its small size and high harmonics attenuation capability, the LCL filter is analyzed in
the following sections.
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4.1.2 Single-phase LCL filter design

This section explains how to select the proper inductor and capacitor values to optimize
the attenuation performance. Design of the inverter-side inductor L1 is decided by the
waveform of the inverter output vinv. The basic guideline for L1 selection is given
as (4.4), where ∆i1 is the current increment/decrement within the period of interval
∆T . vC is the voltage of the filter capacitor, which can be approximated as the grid
voltage by omitting voltage drop on the grid side inductor. The key issue of solving
the minimum value of L1 is to find the maximum value of ∆i1/∆T within the whole
sinusoidal period, which is affected by inverter topology and modulation scheme.

L1 =
vinv − vC

∆i1
·∆T (4.4)

A detailed analysis of the single phase LCL inverter-side inductor design is given in
[66]. For bipolar modulation, the minimum inductance of L1 is obtained in (4.5), where
VDC is the DC bus voltage and ∆i1_max is the maximum current ripple in the inverter
output. For unipolar modulation, the minimum inductance of L1 is obtained in (4.6).
Required L1 inductance in the unipolar modulation is reduced by 4 times compared
with bipolar modulation. This is resulted from the doubled equivalent modulation
frequency in the unipolar modluation as well as its extra modulation voltage level. In
practice, the maximum current ripple ∆i1_max is set to be 20-30% of the rated inverter
output current.

L1_min_bi =
VDC

2∆i1_maxfsw
(4.5)

L1_min_uni =
VDC

8∆i1_maxfsw
(4.6)

The LCL filter capacitance C is selected according to the inverter output impedance.
The base capacitance Cbase can be obtained by (4.7), which is defined to equal the
inverter output impedance Zbase. λC defines the proportion of reactive power to the
rated output power, which is set to be 5% in general. Capacitance C can thus be
obtained by (4.8).

Zbase =
V 2
inv

P0
=

1

Cbase · ω0
(4.7)

C = λC · Cbase = λC · P0

V 2
inv · ω0

(4.8)

The grid-side inductance L2 is selected according to the harmonic attenuation limit.
(4.9) provides the transconductance gjωh

transfer function of the LCL filter at ωh

harmonic frequency. gjωh
can be set according to Table. 4.1. Accordingly, grid side L2

can be set by (4.10) to properly attenuate the dominant harmonic within the inverter
output, which generally appears around the inverter switching frequency.

gjωh
=

|i2(jωh)|
|vinv(jωh)|

=
1

|L1L2C(jωh)3 + jωh(L1 + L2)|
(4.9)

L2 =
1

L1Cω2
h − 1

· (L1 +
1

ωh · gjωh

) (4.10)
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4.1.3 Three-phase LCL filter design
Different design criteria has been reported in the prior-art researches. They are sum-
marized and compared in Table 4.2.

Selection guide for L1

The minimum value of L1 can be estimated by the maximum current ripple ∆i1_max

according to (4.11), which is decided by voltage drop on inverter side inductor VL_1,
switching frequency fsw and modulation index M . ∆i1_max is generally set to be 30
% of the rated output current I1. [70] provides the estimation of inverter-side inductor
in the three phase rectifier, which is based on SVPWM modulation and the maximum
current ripple is found at the peak fundamental output current instance. [78, 79] use
(4.12) to size the inverter-side inductor in three phase inverter, and a detailed derivation
of the maximum current ripple is given in [66]. Equation (4.13) used in [69, 79–81] is
the maximized value of (4.12), when modulation index M = 2/

√
3 during SVPWM

modulation.

L1_min =
∆vL_1

∆i1_maxfsw
(4.11)

L1 =
1

6
· cos(π

6
) · VDC

∆i1_maxfsw
·M (4.12)

L1_SV PWM =
1

6
· VDC

∆i1_maxfsw
· (4.13)

Selection guide for C

Capacitor C selection in the three-phase LCL filter is the same as the single-phase
LCL filter. It should be noted that output power of each phase Pn should be used
instead of the total rated power P0 in order to properly size the filter capacitance. Vll

is the grid line to line voltage. λC is generally set to be 5%. [69] points out that the
selection range of λC is between 2% and 5% (4.15), depending on tolerable reactive
power consumption of the system.

C = λC · Pn

2πf0V 2
ll

(4.14)

2% ≤ λC ≤ 5% (4.15)

Selection guide for L2

Two widely adopted L2 selection criteria are the total inductance LT and the resonance
frequency fr. The total inductance LT is defined as (4.16), which is essentially similar
with the selection of capacitor C [68, 78, 80, 82]. λL is generally less than 10% (4.17).
The resonance frequency is defined as (4.18). The resonance frequency should be placed
away from both the fundamental frequency f1 as well as the switching frequency fsw
to guarantee proper attenuation. Equation (4.19) is generally used [68, 69, 78, 81, 83].

LT = λL · Lbase = λL · V 2
inv

2πf0Pn
(4.16)
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Table 4.2: Review of LCL Filter Design Criteria

Parameters Constraints reference

Inverter-side inductor

L1

L1 =
√
3
2 · cos(π6 ) ·

2
3
VDC−

√
2Vinv

∆i1_maxfsw
·M [70]

L1 =
1
6 · cos(π6 ) ·

VDC
∆i1_maxfsw

·M [66, 78, 79]

L1 =
1
6 · VDC

∆i1_maxfsw
[69, 79–81]

Total inductance

LT = L1 + L2

LT ≤ 10% V 2
inv

2πf0Pn
[68, 78, 80, 82]

Harmonic attenuation ratio

δjωsw = |i2(jωsw)|
|i1(jωsw)| = 20%

L2 =
1

L1Cω2
sw−1

· (L1 +
L1

δjωsw
) [68, 78, 81]

Harmonics attenuation limit

gjωsw = |i2(jωsw)|
|vinv(jωsw)|

L2 =
1

L1Cω2
sw−1

· (L1 +
1

ωsw·gjωsw
) [66]

Resonance frequency

fr =
1
2π

√
(L1 + L2)/(L1L2C)

10f1 < fr < 0.5fsw [68, 69, 78, 81, 83]

Filter capacitor

C
C < 5% Pn

2πf0V 2
ll

[66, 69]

[78–80, 82]
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λL ≤ 10% (4.17)

fr =
1

2π
·

√
(L1 + L2)

(L1L2C)
(4.18)

10f1 < fr < 0.5fsw (4.19)

Other selection criteria of L2 is limited by the harmonic attenuation. [66] uses the
same criteria as the single phase LCL filter (4.9)(4.10), which illustrates the transcon-
ductance limitation from the tolerant harmonics in the grid current. For three-phase
inverter, dominant harmonic in vinv shows at the sidebands of switching frequency fsw
as shown in Table 4.3, which is dependent on the modulation index M [66]. According
to Table 4.1 and Table 4.3, transconductance gjωsw can be estimated as (4.20) when as-
suming modulation indexM = 1. The grid-side inductor L2 can be estimated according
to (4.21).

gjωsw =
|i2(jωsw)|
|vinv(jωsw)|

=
0.15% · Ig
0.225 · Vinv

(4.20)

L2_g =
1

L1Cω2
sw − 1

· (L1 +
1

ωsw · gjωsw

) (4.21)

The criteria used in [68, 78, 81] considers harmonic attenuation ratio δjωsw , which
describes ratio of the harmonic component after and before the LCL filter (4.22). δjωsw

is generally set to be 20% and the grid-side inductor can be selected according to (4.23).

δjωsw =
|i2(jωsw)|
|i1(jωsw)|

= 20% (4.22)

L2_δ =
1

L1Cω2
sw − 1

· (L1 +
L1

δjωsw

) (4.23)

Majority of the prior-art research focus on the LCL filter design for two level inverter.
By adding extra voltage level, harmonics at the inverter output is inherently lower
than the two-level inverter, which shall result in a smaller requirement of inverter-side
inductor. [69] mentioned LCL filter design for three level NPC inverters, while using the
same equation (4.12) as two level inverters. Moreover, for GaN based inverter design,
three level inverter topology is essential because of GaN transistor’s limited blocking
voltage. Derivation of the LCL filter in three-level inverters is given in the following
section to provide a guidance for precise sizing of the passive AC filter component.

4.2 AC filter design for three-phase three-level inverter

The major differnce in designing AC filter between two-level inverter and three-level
inverter is the sizing of inverter-side inductor L1. A detailed analysis on the current
ripple in L1 is given to provide a proper sizing criteria for GaN based three-level inverter
design.
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Table 4.3: Generalized Harmonics in Three-phase Inverter Output Voltage
HHHHHHh

M 0.2 0.4 0.6 0.8 1.0

1 0.141 0.283 0.424 0.566 0.707

mf ± 2 0.012 0.043 0.092 0.156 0.225

mf ± 4 0.006 0.013

2mf ± 1 0.134 0.231 0.262 0.222 0.128

2mf ± 5 0.009 0.023

3mf ± 2 0.031 0.098 0.143 0.125 0.044

3mf ± 4 0.008 0.033 0.074 0.111

Note: 2(Vinv)h/VDC are tabulated as a function of M

frequency modulation index: mf = fsw/f0

4.2.1 Three-level NPC inverter

Topology of the three-level NPC inverter is shown in Fig. 4.3. Compared with two
level inverter, four transistors are included in each switching bridge. Phase disposition
modulation is adopted as explained in Fig. 4.4. Three-phase sinusoidal reference signal
(4.24) is respectively compared with two triangle carrier waves, which share the same
frequency and phase with amplitude ranging from 0 to 1 and -1 to 0 respectively. Three
phase voltage va,vb,vc after the LCL filter can be obtained according to (4.25).

vMa = M · sin(ω0t)

vMb = M · sin(ω0t+ 2π/3)

vMc = M · sin(ω0t+ 4π/3)

(4.24)


va = vMa · Vdc/2

vb = vMb · Vdc/2

vc = vMc · Vdc/2

(4.25)

Design of the inverter-side inductor for three-phase three-level inverter follows the
same basic idea given in (4.4). Taking Phase A for example, define the ripple in total
magnetic flux as∆λa, which equals inverter-side inductance multiplied by current ripple
(4.26). The minimum required inverter-side inductance can be obtained according to
the maximum ∆λa by assuming the largest current ripple equals 20-30% of the rated
output current. By neglecting voltage drop on the grid-side inductor L2, we have
vCa ≈ va. Analysis on the van switching pattern is essential to obtain the maximum
∆λa value for sizing the required inverter-side inductor L1.

∆λa = N ·∆Φa = L1a ·∆i1a = (van − vCa) ·∆T ≈ (van − va) ·∆T (4.26)
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Figure 4.3: Three-level three-phase NPC inverter.

vno =
1

3
· (vao + vbo + vco) (4.27)

van = vao − vno (4.28)

The switching pattern of three-phase three-level NPC inverter output voltage is
given in Fig. 4.4. vao, vbo and vco each have three voltage levels VDC/2, 0 and −VDC/2.
The neutral point voltage vno is obtained by (4.27) and there are five voltage levels
in vno including ±VDC/3, ±VDC/6 and 0 as shown in Fig.4.4. The switching pattern
of van can thus be obtained by (4.28), which results in a nine voltage level switching
pattern including ±2VDC/3, ±VDC/2, ±VDC/3, ±VDC/6 and 0. This holds true when
the modulation index M > 2

3 . When modulation index M ≤ 2
3 , the number of voltage

levels in van switching pattern is lowered to 7 levels and 5 levels, which is summarized
in TABLE 4.4. For simplicity, the following discussion focus on the the switching
pattern of van when M > 2

3 and a detailed analysis will be provided to help quantify
the inverter-side inductor L1.

4.2.2 Switching pattern segment in van

Simulation result of van during (0 , π) is given in Fig. 4.5. The switching pattern of
van during (π , 2π) is symmetrical to (0 , π) and the switching pattern during (0 , π

2 )
is mirrored to (π2 , π). As a result, the maximum current ripple in L1 can be obtained

Table 4.4: Voltage Levels in the Switching Pattern of van

Modulation index Voltage level

M > 2
3 ±2

3VDC , ±1
2VDC , ±1

3VDC , ±1
6VDC , 0

1√
3
< M ≤ 2

3 ±1
2VDC , ±1

3VDC , ±1
6VDC , 0

M ≤ 1√
3

±1
3VDC , ±1

6VDC , 0
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Figure 4.4: Phase disposition modulation for three-level inverter.

by analyzing the switching pattern during (0 , π
2 ). As seen from Fig. (4.5), there’s

five voltage levels and four intervals of switching periods during (0 , π
2 ) which is noted

as interval I to IV respectively. Each of the four switching intervals consists of three
voltage levels.

Fig. 4.6 shows the segment between four intervals in van switching pattern. Segment
between interval II - III is at the instance vMa = vMb, which results in ω0t = π/6. The
right boundary of interval IV is at the instance vMb = vMc, which results in ω0t = π/2.
These two segments remains the same and independent of modulation index. We define
ξ1 and ξ1 as the segment between interval I - II and III - IV respectively. ξ1 is at the
instance when vMa−vMc = 1 and ξ2 is at the instance when vMa−vMb = 1 (4.29)(4.30).
ξ1 and ξ2 can thus be obtained by (4.31)(4.32), which are both dependent of modulation
index M . It should be noted that (4.33) always holds true when M > 2

3 .

M · sin(ξ1)−M · sin(ξ1 +
4π

3
) = 1 (4.29)

M · sin(ξ2)−M · sin(ξ2 +
2π

3
) = 1 (4.30)

ξ1 = sin−1(
1√
3 ·M

)− π

6
(4.31)

ξ2 = sin−1(
1√
3 ·M

) +
π

6
(4.32)

0 < ξ1 <
π

6
< ξ2 <

π

2
(4.33)

4.2.3 Switching pattern analysis on ∆λa

Design criteria of L1 is to find the maximum ∆λa during one modulation frequency
period. Accord to (4.26), ∆λa can be analyzed in piece-wise respectively according
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Figure 4.5: Simulation of van switching pattern during (0 , π) and M ≥ 2
3 .

to the four intervals of van switching pattern discussed in the last section. Switching
transient ∆T is obtained by geometrical triangle similarity shown in Fig. 4.7. By
assuming carrier frequency much larger than the modulation frequency, the modulation
waveform (vMa, vMb and vMc) can be considered constant during one switching period
Tsw. For example, Fig. 4.7 shows one switching period, where vMa > vMb > 0 > vMc.
These three switching transient (∆TMa, ∆TMb and ∆TMc) can be calculated according
to triangle similarity respectively as (4.34). By using a similar approach, piece-wise
analysis of ∆λa within four intervals of van switching pattern is given as follows.

∆TMa/Tsw = (1−Ma)/1

∆TMb/Tsw = Mb/1

∆TMc/Tsw = (1 +Mc)/1

(4.34)

Interval I (0 , ξ1)

Fig. 4.8 shows the i1a wave pattern in interval I. During (0 , ξ1), there are three
voltage levels in van and VDC/6 > va > 0 holds true during this whole period. Each i1a
increment and decrement transient can be obtained by (4.35). The maximum current
increment is always equal to the maximum current decrement in i1a and we choose
to calculate maximum current increment in the following analysis. There are two
current increment period t23 and t56 during (0 , ξ1). As a result, the maximum current
increment may take place during t23 or t56 or t26, which are respectively presented
by δλ11, δλ12 and δλ13 (4.36). Then the maximum ∆λa during (0 , ξ1) can thus be
obtained as δλ1 (4.37).



4.2 AC filter design for three-phase three-level inverter 41

VDC/2

0

VDC/3

VDC/6

-VDC/6

van

2VDC/3

1

-1

0
vMa

vMb

vMc

van

vMa

vMb

vMc

van

vMa

vMb

vMc

...

...

...

...

...

...

...

...

I II

0

(a) Interval I and interval II.

van

vMa
vMb

vMc

van

vMa

vMb

vMc

van

vMa

vMc

vMb

VDC/2

0

VDC/3

VDC/6

-VDC/6

2VDC/3

1

-1

0

...

...

...

...

... ...

III IV

(b) Interval III and interval IV.
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42
GaN Based Inverter Design I:

Research on AC Filter


t01 = t45 = Tsw · (−vMc − (1− vMb))/2

t12 = t34 = Tsw · ((1 + vMc)− vMa)/2

t23 = Tsw · vMa

t56 = Tsw · (1− vMb)

(4.35)


δλ11 = (VDC

6 − VDC
2 · vMa) · t23

δλ12 = (VDC
6 − VDC

2 · vMa) · t56
δλ13 = (VDC

6 − VDC
2 · vMa) · t23 + (−VDC

6 − VDC
2 · vMa) · t34

+(0− VDC
2 · vMa) · t45 + (VDC

6 − VDC
2 · vMa) · t56

(4.36)

∆λ1 = max(δλ11, δλ12, δλ13) (4.37)

Interval II (ξ1 , π
6 )

Fig. 4.9 shows the i1a wave pattern in interval II. Increment and decrement of i1a can
be analyzed piece-wise in two occasions:

• ω0t ∈ (ξ1 , ϕ1), where VDC/3 > VDC/6 > va > 0. i1a increases, when van = VDC/6.

• ω0t ∈ (ϕ1 , π
6 ), where VDC/3 > va > VDC/6 > 0. i1a decreases, when van = VDC/6.

Segment between these two occasions is at va = VDC/6 (4.38) and ϕ1 can be ob-
tained as (4.39).

1

2
VDC ·M · sin(ϕ1) =

VDC

6
(4.38)

ϕ1 = sin−1(
1

3M
) (4.39)

Similarly, each i1a increment and decrement transient during (ξ1 , π
6 ) can be ob-

tained as (4.40). The maximum increment in ∆λa during (ξ1 , ϕ1) and (ϕ1 , π
6 ) can be

obtained as ∆λ2 and ∆λ3 respectively (4.42)(4.44).
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Figure 4.9: i1a during interval II (ξ1 , π
6 ).
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t01 = t45 = Tsw · ((1− vMa)− (1− vMb))/2

t12 = t34 = Tsw · (vMa − (1 + vMc))/2

t23 = Tsw · (1 + vMc)

t56 = Tsw · (1− vMb)

(4.40)


δλ21 = (VDC

6 − VDC
2 · vMa) · t23 + (VDC

3 − VDC
2 · vMa) · (t12 + t34)

δλ22 = (VDC
6 − VDC

2 · vMa) · t56
δλ23 = (VDC

6 − VDC
2 · vMa) · (t23 + t56) + (VDC

3 − VDC
2 · vMa) · (t12 + t34)

+(0− VDC
2 · vMa) · t45

(4.41)

∆λ2 = max(δλ21, δλ22, δλ23) (4.42)

{
δλ31 = (VDC

3 − VDC
2 · vMa) · t12

δλ32 = (VDC
3 − VDC

2 · vMa) · (t12 + t34) + (VDC
6 − VDC

2 · vMa) · t23
(4.43)

∆λ3 = max(δλ31, δλ32) (4.44)

Interval III (π
6 , ξ2)

i1a wave pattern in interval III are shown in Fig. 4.10 and Fig. 4.11. Increment and
decrement of i1a can be analyzed piece-wise in two occasions:

• ω0t ∈ (π6 , ϕ2), where VDC/2 > VDC/3 > va > VDC/6. i1a increases, when
van = VDC/3.

• ω0t ∈ (ϕ2 , ξ1), where VDC/2 > va > VDC/3 > VDC/6. i1a decreases, when
van = VDC/3.

Segment between these two occasions is at va = VDC/3 (4.45) and ϕ2 can be ob-
tained as (4.46).

1

2
VDC ·M · sin(ϕ2) =

VDC

3
(4.45)
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3 < M < 4

9

√
3.

ϕ2 = sin−1(
2

3M
) (4.46)

There’s a second interval in i1a wave pattern at ω0t = π
3 . vMb is positive when

ω0t ∈ (0, π3 ) and negative when ω0t ∈ (π3 ,
π
2 ). Depending on modulation index M , two

conditions should be considered independently as summarized in (4.47)(4.48).

π

6
< ϕ2 <

π

3
< ξ2 , when M >

4

9

√
3 (4.47)

π

6
<

π

3
< ϕ2 < ξ2 , when 2

3
< M <

4

9

√
3 (4.48)

When M > 4
9

√
3, i1a wave pattern can be obtained as Fig. 4.10.

Each i1a increment and decrement transient during (π6 , π
3 ) can be obtained as

(4.49). The maximum increment in Φa during (π6 , ϕ2) and (ϕ2 , π
3 ) can be obtained as

δΦ4a and δΦ5a respectively (4.51)(4.53).
t01 = t45 = Tsw · (vMa − vMb)/2

t12 = t34 = Tsw · (vMb − (1 + vMc))/2

t23 = Tsw · (1 + vMc)

t56 = Tsw · (1− vMa)

(4.49)



δλ41a = (VDC
2 − VDC

2 · vMa) · t01 + (VDC
3 − VDC

2 · vMa) · t12
δλ42a = (VDC

2 − VDC
2 · vMa) · (t01 + t45) + (VDC

3 − VDC
2 · vMa) · (t12 + t34)

+(VDC
6 − VDC

2 · vMa) · t23
δλ43a = (VDC

2 − VDC
2 · vMa) · (t01 + t45) + (VDC

3 − VDC
2 · vMa) · (t12 + t34)

+(VDC
6 − VDC

2 · vMa) · t56

(4.50)

∆λ4a = max(δλ41a, δλ42a, δλ43a) (4.51)
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δλ51a = (VDC

2 − VDC
2 · vMa) · t01

δλ52a = (VDC
2 − VDC

2 · vMa) · (t01 + t45) + (VDC
3 − VDC

2 · vMa) · (t12 + t34)

+(VDC
6 − VDC

2 · vMa) · t23
δλ53a = (VDC

2 − VDC
2 · vMa) · (t01 + t45) + (VDC

6 − VDC
2 · vMa) · t56

(4.52)

∆λ5a = max(δλ51a, δλ52a, δλ53a) (4.53)

Each i1a increment and decrement during (π3 , ξ2) can be obtained as (4.54). The
maximum ∆λa during (π3 , ξ2) can be obtained as ∆λ6a(4.56).

t01 = t23 = Tsw · (vMa − (1 + vMc))/2

t34 = t56 = Tsw · (1− vMa + vMb)/2

t12 = Tsw · (1 + vMc)

t45 = Tsw · (−vMb)

(4.54)


δλ61a = (VDC

2 − VDC
2 · vMa) · t01

δλ62a = (VDC
2 − VDC

2 · vMa) · (t01 + t23) + (VDC
3 − VDC

2 · vMa) · t12
δλ63a = (VDC

2 − VDC
2 · vMa) · (t01 + t23) + (VDC

3 − VDC
2 · vMa) · t45

+(VDC
6 − VDC

2 · vMa) · (t34 + t56)

(4.55)

∆λ6a = max(δλ61a, δλ62a, δλ63a) (4.56)

When 2
3 < M < 4

9

√
3, i1a wave pattern can be obtained as Fig. 4.11.

The maximum ∆λa during (π6 , π
3 ) is the same as (4.51).

∆λ4b = ∆λ4a (4.57)

The maximum ∆λa during (π3 , ϕ2) can be obtained as ∆λ5b.


δλ51b = (VDC

2 − VDC
2 · vMa) · t01

δλ52b = (VDC
2 − VDC

2 · vMa) · (t01 + t45) + (VDC
3 − VDC

2 · vMa) · (t12 + t34)

+(VDC
6 − VDC

2 · vMa) · t23
δλ53b = (VDC

2 − VDC
2 · vMa) · (t01 + t45) + (VDC

6 − VDC
2 · vMa) · t56

(4.58)

∆λ5b = max(δλ51b, δλ52b, δλ53b) (4.59)

The maximum ∆λa during (ϕ2 , π
2 ) is the same as (4.56).

∆λ6b = ∆λ6a (4.60)



46
GaN Based Inverter Design I:

Research on AC Filter

0

vMa

vMb

vMc

VDC/2

VDC/3

2VDC/3

vaN

t0 t1 t2 t3 t4 t5 t6

1

-1

i1a

Figure 4.12: i1a during interval IV (ξ1 , π
2 ).

Interval IV (ξ2 , π
2 )

Fig. 4.12 shows the i1a wave pattern in interval IV. 2VDC/3 > VDC/2 > va > VDC/3
holds true during this whole period. Each i1a increment and decrement transient during
(ξ2 , π

2 ) can be obtained as (4.61). The maximum ∆λa during (ξ2 , π
2 ) can be obtained

as ∆λ7 (4.63). 
t01 = t45 = Tsw · (vMb − vMc)/2

t12 = t34 = Tsw · (vMa − vMb − 1)/2

t23 = Tsw · (1− vMa)

t56 = Tsw · (1 + vMc)

(4.61)



δλ71 = (2VDC
3 − VDC

2 · vMa) · t12 + (VDC
2 − VDC

2 · vMa) · t01
δλ72 = (2VDC

3 − VDC
2 · vMa) · (t12 + t34) + (VDC

2 − VDC
2 · vMa) · (t01 + t45)

+(VDC
3 − VDC

2 · vMa) · t23
δλ73 = (2VDC

3 − VDC
2 · vMa) · (t12 + t34) + (VDC

2 − VDC
2 · vMa) · (t01 + t45)

+(VDC
3 − VDC

2 · vMa) · t56

(4.62)

∆λ7 = max(δλ71, δλ72, δλ73) (4.63)

4.2.4 Inductor sizing method
According to analysis in the last interval, piece-wise equation of ∆λa can be obtained
as (4.64)(4.65). It can be observed that ∆λa is proportional to VDC · Tsw in all cases.
As a result, we can plot the per unit value ∆λa/(VDC · Tsw) wave pattern as a piece-
wise function of modulation index M , shown in Fig. 4.13, Fig. 4.14 and Fig. 4.15
respectively.

∆λa =



∆λ1 ω0t ∈ (0, ξ1)

∆λ2 ω0t ∈ (ξ1, ϕ1)

∆λ3 ω0t ∈ (ϕ1,
π
6 )

∆λ4a ω0t ∈ (π6 , ϕ2)

∆λ5a ω0t ∈ (ϕ2,
π
3 )

∆λ6a ω0t ∈ (π3 , ξ2)

∆λ7 ω0t ∈ (ξ2,
π
2 )

, when 4

9

√
3 ≤ M ≤ 1 (4.64)
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∆λa =



∆λ1 ω0t ∈ (0, ξ1)

∆λ2 ω0t ∈ (ξ1, ϕ1)

∆λ3 ω0t ∈ (ϕ1,
π
6 )

∆λ4b ω0t ∈ (π6 ,
π
3 )

∆λ5b ω0t ∈ (π3 , ϕ2)

∆λ6b ω0t ∈ (ϕ2, ξ2)

∆λ7 ω0t ∈ (ξ2,
π
2 )

, when 2

3
< M <

4

9

√
3 (4.65)

As shown in Fig. 4.13(a), the maximum total magnetic flux ∆λa_max takes place
at ω0t =

π
2 , when M > 0.862. This can be quantified according to (4.61) (4.62) (4.63).

Furthermore, δλ72 > δλ71 and δλ72 > δλ73 always hold true, when M > 2
3 . As a

result, we can obtain the maximum ∆λa as (4.66), when M > 0.862. At M = 0.862,
∆λa(

π
2 ) = ∆λa(ϕ2) as shown in Fig. (4.13(b)).

According to (4.49) (4.50) (4.51), the maximum ∆λa at ω0t = ϕ2 can be quantified
according to (4.67), based on the fact that δλ42a(ϕ2) > δλ41a(ϕ2) and δλ42a(ϕ2) >
δλ43a(ϕ2). Let ∆λa(

π
2 ) = ∆λa(ϕ2), we can obtain the boundary between these two

occasions at ω0t =
4−

√
2

3 ≈ 0.862.

∆λa_max = ∆λa(
π

2
)

= max(δλ71(
π

2
), δλ72(

π

2
), δλ73(

π

2
))

= δλ72(
π

2
)

= − 1

12
· Tsw · VDC · (M − 2)(3M − 2)

, when M ≥ 0.862 (4.66)

∆λa_max = ∆λa(ϕ2)

= max(δλ41a(ϕ2), δλ42a(ϕ2), δλ43a(ϕ2))

= δλ42a(ϕ2)

=
1

18
· Tsw · VDC

, when 0.770 ≤ M < 0.862 (4.67)

As shown in Fig. 4.14(a), ∆λa_max takes place at ω0t = ϕ2, when 0.770 < M <
0.862. At M = 0.770, ∆λa(ϕ2) = ∆λa(0) as shown in Fig. (4.14(b)). According to
(4.35) (4.36) (4.37), ∆λa_max at ω0t = 0 can be quantified according to (4.68), based
on the fact that δλ12a(0) > δλ11a(0) and δλ12a(0) > δλ13a(0). Let ∆λa(ϕ2) = ∆λa(0),
we can obtain this boundary to be ω0t =

4
9

√
3 ≈ 0.770.

As shown in Fig. 4.15, ∆λa_max takes place at ω0t = 0, when 0.667 ≤ M < 0.770.
When M = 2

3 ≈ 0.667, we have ϕ1 = ξ1 = π
6 and ϕ2 = ξ2 = π

3 , and current ripple at
these two instance both equal to zero.

∆λa_max = ∆λa(0)

= max(δλ11a(0), δλ12a(0), δλ13a(0))

= δλ12a(0)

=
1

12
· Tsw · VDC · (2−

√
3M)

, when 0.667 ≤ M < 0.770 (4.68)
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Figure 4.13: Per-unit ∆λa wave pattern, when M ≥ 0.862.
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Figure 4.14: Per-unit ∆λa wave pattern, when 0.770 ≤ M < 0.862.
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Figure 4.15: Per-unit ∆λa wave pattern, when 0.667 ≤ M < 0.770.
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Figure 4.16: Circuit simulation results of i1a from MATLAB/Simulink. (Vbus = 750 V,
fsw = 8 kHz, Linv = 55µH)
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Figure 4.17: Comparison of per unit ∆λa_max versus modulation index M .

The analysis above is validated by circuit simulation results shown in Fig. 4.16.
In summary of (4.13) (4.14) (4.15), we can obtain the quantified equation of per-unit
∆λa_max as (4.69). Accordingly, we can obtain the inverter-side inductor L1 design
criteria for three-phase three-level inverter as (4.70). This criteria holds true, when
M ≥ 0.667. Modulation index M < 0.667 is hardly seen in three-level inverter, because
such low DC voltage utilization ratio will diminish the benefit of using multi-level
topology. Compared with the design criteria for three-phase two-level inverter (4.12),
we plot the per unit ∆λa_max according to these two criteria respectively as shown in
Fig 4.17.

∆λa_max

Tsw · VDC
=


− 1

12 · (M − 2)(3M − 2) , when 0.862 ≤ M ≤ 1
1
18 , when 0.770 ≤ M < 0.862
1
12 · (2−

√
3M) , when 0.667 ≤ M < 0.770

(4.69)

L1 =


− 1

12 · VDC
∆i1_max·fsw · (M − 2)(3M − 2) , when 0.862 ≤ M ≤ 1

1
18 · VDC

∆i1_max·fsw , when 0.770 ≤ M < 0.862
1
12 · VDC

∆i1_max·fsw · (2−
√
3M) , when 0.667 ≤ M < 0.770

(4.70)

L1_min =
1

12
· VDC

∆i1_max · fsw
(4.71)

In conclusion, by using three-level inverter topology, we can reduce the inverter-side
inductor by 42 % at M = 1 and up to 55 % at M = 0.862. In a further step, we can
simplify L1 selection criteria as (4.71) by using the maximum value in (4.70).
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5.1 Design workflow

Using GaN transistor in high power density converter design is widely discussed in
soft switching applications [84, 85]. However, choosing between SiC transistor or GaN
transistor in hard switched AC inverters is still unclear [86–90]. Increased switching
frequency requires smaller AC filter design, which comes with higher semiconductor
power loss [37, 91, 92]. This trade-off study can be interesting when discussing the
implementation of wide band-gap devices [48]. Furthermore, GaN transistor is rarely
implemented in the AC inversion at utility power voltage level for its limited blocking
voltage. In this chapter, pros and cons of using GaN transistor is discussed in the high
power density inverter design. A GaN based three phase inverter is designed according
to Fig. 5.1.

5.2 Transistor loss evaluation

Proper transistor selection is critical in high power density converter design [51, 58, 60].
For designing three-phase inverter, DC bus voltage is essentially higher than 700 V.
TABLE 5.1 shows the comparison of parasitic perimeters between Si, SiC and GaN
transistors. The Si and SiC in comparison both have a blocking voltage of 1200 V. For
e-mode GaN transistors, the highest rating of blocking voltage is 650 V among commer-
cial available models. Multi-level topologies are essential for e-mode GaN transistors
implemented in inverter design [93–95]. As shown in the comparison, wide band gap
semiconductor properties of SiC and GaN transistors help to reduce the on-state resis-
tance Rds_on, output capacitance COSS and gate charge Qg by large compared with
the conventional transistors. On the other hand, due to the absence of body diode, the
reverse voltage drop in wide band-gap semiconductors is more severe.

Switching loss characterization of SiC and GaN transistor is given in Fig. 5.2.
Switching loss data is obtained by double pulse test from LTSpice simulation. Tran-
sistor Spice models are obtained from each manufacturer. Total switching loss in one
switching cycle is the sum of switch-on loss and switch-off loss (Eon + Eoff ). In re-
gard of the limited voltage rating and the multi-level topology implemented for GaN
transistor, we considers two GaN transistors switching loss compared with one SiC
transistor switching loss. It shows that, by using GaN transistor, switching loss can
be further reduced. In the low power range, switching loss difference between SiC and
GaN transistor is not evident.



52
GaN Based Inverter Design II:

Optimization and Prototype Design

START

Three-phase inverter
Vout = 230 V,  Pout = 3 kW

Frequency dependent 

semiconductor loss calculation

Frequency dependent 

AC filter design

Thermal and structural design 

Semiconductor loss – filter inductance

Pareto front analysis

Transistor selected
Switching 

frequency selected

Filter inductance 

selected

Optimal magnetic core selection
Magnetic core 

selected

PCB layout and 

manufacturing

END

Figure 5.1: Inverter design workflow.

Table 5.1: Transistor Comparison

VDS ID RDS(on) COSS Qg VSD

IXFK 20N120

Si MOSFET
1200 V 20 A 750 mΩ 550 pF 160 nC 1.5 V

C2M0160120D

SiC MOSFET
1200 V 19 A 160 mΩ 47 pF 34 nC 3.3 V

GS66508T

GaN transistor
650 V 30 A 50 mΩ 65 pF 5.8 nC 1.9 V

GS66504B

GaN transistor
650 V 15 A 110 mΩ 34 pF 3.3 nC 2.8 V



5.2 Transistor loss evaluation 53

0 1 2 3 4 5 6 7 8 9 10 11 12 13 14 15
Switching current (A)

0

100

200

300

400

500
Sw

itc
hi

ng
 lo

ss
 E

on
+

E o
ff 

(
J)

 
GS66508T * 2 @ VDS = 375V
GS66504B * 2 @ VDS = 375V
C2M0160120D @ VDS = 750V
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Figure 5.5: Comparison of single transistor loss.
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Figure 5.6: Total semiconductor loss comparison in three-phase inverter.
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Although the switching loss reduction in GaN transistor is evident compared with
SiC transistor, it is not clear whether the GaN based solution can reduce the total
semiconductor power loss with doubled transistor count and extra semiconductor com-
ponent. For instance, the three-level NPC inverter bridge include two extra diodes to
clamp the voltage level as shown in Fig. 5.3. To provide a thorough comparison of
semiconductor loss between SiC based inverter and GaN based inverter, evaluation is
conducted according to the flow chart as shown in Fig. 5.4. Total semiconductor loss
in SiC based inverter include the sum of switching loss and conduction loss within six
SiC transistors. Total semiconductor loss in GaN based inverter include the sum of
switching loss and conduction loss within twelve GaN transistors and conduction loss
of six ancillary diodes. We choose FFSM1265A 650 V SiC schottky diode as ancillary
diode in the three level inverter bridge, which has a forward drop voltage of 1.5 V. Gate
loss can be omitted in both cases compared with conduction loss and switching loss
within the considered switching frequency range.

Fig. 5.5 compares the single transistor loss in SiC based inverter and GaN based
inverter. In both cases, conduction loss is dominant at low switching frequency and
switching loss is dominant at high switching frequency. Switching loss of single tran-
sistor in GaN based inverter is lower than SiC transistor for the lower blocking voltage
and smaller component parasitics. Selection of proper transistor is trade-off between
switching loss and conduction loss, which is dependent on the switching frequency.
Comparison of total semiconductor loss is given in Fig. 5.6. It shows that, at low
switching frequency range (fsw < 70 kHz), SiC based two level inverter has lower total
semiconductor loss. In the conventional 16 kHz PV inverter design, SiC transistor is
a better choice compared with GaN transistor. Implementation of GaN transistor is
advantageous at high frequency inverter design, which can be used in high dynamic
AC source and high power density inverter design. Furthermore, as discussed in the
last chapter, three-level topology implemented in the GaN based inverter leads to lower
THD output voltage and smaller AC filter size.

5.3 Magnetic component evaluation
5.3.1 Pareto front analysis
Reduction of inductor size is achieved by increased switching frequency, which leads
to extra semiconductor loss. In the discussion of multi-objective optimization problem,
Pareto front analysis generally used. According to the semiconductor loss evaluation
method introduced in Fig. 5.4, we can obtain the frequency dependent power loss equa-
tion of one inverter bridge by using three different candidate transistors respectively
as shown in (5.1)(5.2)(5.3). Ploss_SiC is the total power loss of two SiC transistors
C2M0160120D in two level topology. Ploss_GaN30 and Ploss_GaN15 are the total power
loss of four GaN transistors and two SiC diodes, using GS66508T and GS66504B re-
spectively. According to the analysis of inverter-side inductor selection in two-level and
three-level topology discussed above, we have the equation for frequency dependent
sizing of L1 respectively as (4.12) and (4.71). These two sets of frequency dependent
equations are the theoretical boundary of semiconductor loss and inductor sizing, which
can be used to discuss the trade-off between converter efficiency and power density.

Ploss_SiC = 108.8 · 10−6 · fsw + 4.770 (5.1)

Ploss_GaN30 = 50.0 · 10−6 · fsw + 6.404 (5.2)
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Figure 5.7: Pareto front analysis of semiconductor loss versus inverter-side inductor
within one phase bridge.

Ploss_GaN15 = 26.6 · 10−6 · fsw + 8.366 (5.3)

Pareto front of semiconductor loss versus inductor sizing can be plotted as Fig. 5.7.
Basically, x-axis is sizing of the inverter-side inductor and y-axis is the total semicon-
ductor loss, and we prefer both of them as small as possible. We consider the bottom
left corner in the figure as optimal condition and top right corner as unwanted condi-
tion. Compared with SiC based solution, GaN based solution requires smaller inverter
side inductor at the same switching frequency and shows lower total semiconductor
loss at high switching frequency. From the comparison, we consider 100 kHz switching
frequency is optimal and the inverter side inductor can be reduced to less than 500 µH
in three level inverter topology. GaN transistor GS66504B is selected for lower total
semiconductor loss.

5.3.2 Magnetic design optimization

Core selection has direct influence on the power loss and inductor size. Total power
loss on the inductor can be categorized as core loss and copper loss.

• Copper loss is resulted from the Joule heating on the inductor winding. In high
frequency applications, copper loss can be aggravated by skin effect and proximity
effect between different layers of windings [77, 96]. To alleviate this situation, litz
wire is widely used. Multiple strand wires are twisted together in litz wire. Wire
gauge of each electrically insulated conductor is selected to be smaller than the
skin depth in specific applications, which can largely reduced the influence of skin
effect.

• Core loss is resulted from magnetic hysteresis loss and induced eddy current loss in
the magnetic core. This process is non-linear and Steinmetz’s equation is generally
used to estimate magnetic core loss as loss power per volume (5.4). Steinmetz’s
equation is an empirical formula and parameters are given by manufacturer from
fitted experimental result. Improved method include iGSE [97–99] and i2GSE
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[100], which respectively adds mapping of piece-wising changing∆B and improves
estimation accuracy.

Pv = k · fa ·∆Bb (5.4)

Our approach for inductor core selection follows the flow chart shown in Fig. 5.8.
Litz wire is first selected according to the inverter specs. Five candidate litz wire are
compared in TABLE 5.2. RMS current flowing in the litz wire is set to be 4.5 A. 0.004
mm × 1200 strands litz wire is selected for its low current density and suppression to
skin effect.

According to the required inductance and inductor coefficient AL, we can obtain
the number of turns N and inductor fill factor KW , based on the cross-section area of
the selected litz wire. Fill factor KW is used to evaluate the utilization rate of inductor
core window area, which can also indicate whether the selected core size is proper or
not. We filtered the inductor core catalog according to 0.4 < KW < 0.8. Another core
selection is the least total power loss in the inductor Pinductor. Since we have selected
the proper litz wire to minimize the impact of skin effect, we consider copper loss Pcu

equals the low frequency current joule heating. Total length of the wire is estimated
according to the number of turns and mean length turn (MLT) information provided in
the product catalog. Inductor core loss is estimated according to Steinmetz’s equation,
where Steinmetz coefficients are provided by the manufacturer. Magnetic core with the
least total power loss is selected for the designed AC filter.

According to the selection procedure shown in Fig. 5.8, optimal magnetic core
at different switching frequency is selected from Magnetics core catalog and listed as
TABLE 5.3. It shows that low permeability magnetic materials is preferred in high
frequency applications and the inductor loss is reduced with the increased switching
frequency. By increasing switching frequency to 100 kHz, magnetic core size can be
reduced by 63% compared with the inductor needed at 16 kHz, which is basically
resulted from the smaller filter inductance at high switching frequency. On the other
hand, when switching frequency is further increased to 150 kHz and 200 kHz, the
optimal inductor selection shows a tendency of larger core size. It should be noted
that the optimal core selection is based on the minimum inductor loss, which is a
trade-off between inductor core loss and copper loss. Increasing switching frequency

Litz wire 

selection

Awire AL AWMLT Ae k a b

Irms

Δλa_maxfsw

N
N = L1 / AL

Kw = N · Awire / AW

Pcu = Irms
2
 · ρcu · N · MLT / Awire

Magnetic core catalog 

from manufacturer

ΔB = Δλa_max / (2 · N · Ae)

Pcore = k · fsw
a
 · ΔB

b

Inverter specsSTART

Inductor core catalog 

filtered according to:
0.4 < Kw < 0.8

Pinductor = Pcu + Pcore

Pcu Pcore

Magnetic core with minimum 

power loss selected
END

Figure 5.8: Core selection procedure.
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Table 5.2: Litz Wire in Comparison

Diameter of single

strand (mm)

Total strand

count

Equivalent cross-section

area (mm2)

Current density

(A/mm2)

0.2 25 0.785 5.73

0.1 10 0.0785 57.3

0.1 20 0.157 28.7

0.1 200 1.57 2.87

0.004 1200 1.51 2.99

leads to higher core loss, which can be mitigated by selecting core material with lower
permeability. As shown in Fig. 5.9, to further increase switching frequency higher than
100 kHz brings no benefit in magnetic core size reduction. According to the analysis
above, we select magnetic core 55254-A2 and switching frequency at 100 kHz.

5.4 Prototype design

Optimized specification and main components selected for the three phase three level
inverter is summarized as TABLE 5.4. 4.7 µF film capacitor is selected as the AC
capacitor and filter cut-off frequency is designed to be 3.9 kHz. DC bus capacitor Cbus

is selected according to the least required capacitance and AC current as discussed
in [14, 101]. Three pairs of two series connected electrolytic capacitor are paralleled
connected to stabilize the DC link voltage. From the MATLAB/Simulink simulation,
the peak value of AC current across the DC capacitor is 3.8 A, which is safely lower
than AC current rating (5.4 A) in the designed configuration.

Inverter prototype adopts modular design. As shown in Fig. 5.10, inverter mother
board includes the electrolytic capacitors in the DC bus, output LC filter, digital con-

Table 5.3: Optimal Magnetic Core Selection

Switching

frequency

Optimal

core
Permeability

Core volume

Ve (mm2)

Fill factor

KW

Inductor loss

Pinductor (W)

16 kHz 55199-A2 200 µ 28600 0.61 2.10

50 kHz 55088-A2 147 µ 15580 0.46 1.61

100 kHz 55254-A2 125 µ 10500 0.47 1.57

150 kHz 55083-A2 60 µ 10500 0.55 1.58

200 kHz 55440-A2 26 µ 21300 0.56 1.27
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Figure 5.9: Optimal magnetic core selected at different switching frequency.

Table 5.4: General Specification and Main Component of Three-phase NPC Inverter

Parameter Value Component Value Part number

Pnom 3 kW
NPC stage

transistor
110 mΩ

GaN transistor

GS66504B

Vin 750 V NPC stage diode 160 mΩ
SiC Schottky diode

C2M0160120D

Vac 230 V Gate driver -
Silicone Labs

Si8271

f0 50 Hz Cbus 270 µF
Aluminum electrolytic capacitors

450HXG180MEFCSN22X45

fsw 100 kHz L 320 µH
Magnetic core: 55254-A2

50 turns Litz wire: 1200 × 4 µm

fc 3.9 kHz C 4.7 µF
Film capacitor

ECQ-UAAF475KA
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200 mm110 mm

50 mm

Output LC filter DC bus capacitor

(a) Inverter setup.

47 mm

47 mm

(b) Three level inverter module (top
side).

(c) Three level inverter module (bot-
tom side).

Figure 5.10: Three phase NPC inverter prototype.
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troller and power connectors. GaN transistors, SiC diode, decoupling capacitors and
gate drivers are placed in the daughter board to minimize the commutation loop. Jump
pin connectors are used to provide power and signal connection between the mother
board and the daughter board. Heat sink is positioned and installed to the bottom
side of daughter board by four screw nuts, where thermal interface material is placed
in between to provide galvanic insulation. With active fan connection, thermal resis-
tance within this cooling system can be as low as 4 K/W. Daughter board maintains
a low profile design with three dimensions as 47 mm × 47 mm × 50 mm. The whole
inverter prototype has a three dimensions as 110 mm × 200 × 50 mm. With 3 kW
power rating, this GaN based three phase three level inverter achieves a high power
density of 2.7 W/cm3.
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6.1 Temperature sensitive parameter characterization of
GaN transistor

In a precise transistor junction temperature measurement, thermal coupler attachment
can add up extra thermal resistance and thermal capacitance in the original thermal
dissipation network. Semiconductor temperature sensitive parameter is generally used
in non-contact methods for acquiring transistor junction temperature. By monitoring
temperature dependent electric parameter, junction temperature can be referred ac-
cording to the thermal characterization curve. Transistor on-state resistance (Rds_on)
and forward voltage drop on body diode (Vsd) are two widely used thermal sensitive
parameters as junction temperature indicator [102–104]. Compared with on-state re-
sistance characterization, body diode voltage drop is more preferred as a temperature
indicator, which shows high consistency in different batches of transistors and higher
precision.

Non-contact temperature measurement method is rarely mentioned in the GaN tran-
sistor application. There’s a lack of body diode in e-mode GaN transistor structure. As
a result, conventional non-contact temperature measurement method using body diode
voltage drop characterization can not be directly applied. This research is to provide a
general view of the thermal characterization of e-mode GaN transistor. Several transis-
tor temperature sensitive parameters will be characterized in e-mode GaN transistor.
Feasibility and precision of each parameter used for e-mode GaN transistor junction
temperature measurement will be discussed and compared. Thermal dependent electric
characterization of e-mode GaN transistor is carried in the test platform shown in Fig.
6.1.

Keysight B1505a

Power device analyzer

MPI Thermal TA-5000

Thermal stream system

Figure 6.1: Transistor thermal characterization setup.
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6.1.1 Electric characterization
Device under test is e-mode GaN transistor GS66508T (650 V 50 mΩ). Electric char-
acterization results are given in Fig. 6.2.

• Forward conduction Id-Vds characterization is given in Fig. 6.2(a). Threshold
voltage of GS66508T is given as 1.7 V from manufacturer data sheet. From
characterization result, GaN transistor is not fully turned on until gate voltage
reaches 5 V. DUT under gate voltage lower than 5 V shows non-linear region
behavior and saturation current is reached in a higher drain-source voltage bias.

• Reverse conduction Id-Vds characterization is given in Fig. 6.2(b). Different from
body diode characteristic, GaN transistor reverse conduction exhibits similar be-
havior as forward conduction. Gate voltage bias is added up to reverse conduction
voltage drop.

Transistor threshold voltage is characterized at Vg = Vds and Id = 7 mA. Charac-
terization results are obtained at 25 °C and 125 °C respectively as shown in Fig. 6.3.
Threshold voltage of GaN transistor GS66508T is between 1.6 V and 1.8 V, which
gradually rises higher in higher junction temperature.

According to the electric characterization and the thermal dependent threshold volt-
age characterization, there are three candidate thermal dependent parameters, which
we can use for junction temperature indicator. They are listed as follows, which will
be compared in details later in regard of precision and reliability.

• On-state drain-source voltage drop Vds, when fully gated on at Vg = 6 V.

• On-state drain-source voltage drop Vds_nonlin, when not fully gated on at Vg =
2.5 V.

• Reverse voltage drop Vsd, when Vg = 0 V.

6.1.2 Temperature dependent characterization
Temperature dependent characterization results are given in Fig. 6.4. In comparison,
Id-Vds thermal characterization at Vg=6V is highly linear within the whole source cur-
rent range, which is reliable as junction temperature indicator. However, drain-source
voltage drop variation is limited across the whole junction temperature range, which
may lower the measurement precision.

Id-Vds thermal characterization at Vg=2.5V, on the other hand, shows much higher
variation in drain-source voltage drop. Drain-source voltage drop variation between
25°C and 125°C can be higher than 5 V at 8 A source current. However, its usage in
junction temperature indicator is limited by its nonlinear behavior and GaN transistor
trapping effect. As explained in Fig. 6.5, trapping effect leads to inconsistency in
transistor electric behavior between two consecutive tests. Charge carrier trapped at
non-linear gated on transient can be reset by fully gated off at Vg=-2.5V. Although
this charge carrier reset can mitigate the impact of GaN transistor trapping effect,
repeated tests of Id-Vds characterization at Vg=2.5V are still not showing the same
high consistency as the other two indicators.

Fig. 6.4(c) shows thermal dependent Id-Vds characterization in reverse conduction
at Vg=0V. Drain-source voltage drop variation shows high linearity, when source current
is higher than 6 A. Compared with the forward conduction characterization, reverse
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Vg = 3.5VVg = 4VVg = 5V

Vg = 6V

Vg = 1.5V

Vg = 2V
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Vg = 3V

Linear 
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Nonlinear 
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(a) Id-Vds characterization in forward conduction.

Vg = -3V Vg = -2V Vg = -1V Vg = 0V

Shifting with negative gate bias

(b) Id-Vds characterization in reverse conduction.

Figure 6.2: Electric characterization of GS66508T.

125 °C25 °C

Vth_125°CVth_25°C

Id=7mA

Figure 6.3: Thermal characterization of GS66508T threshold voltage (Vth).
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(b) Id-Vds characterization at Vg=2.5V.
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(c) Id-Vds characterization in reverse conduction at at Vg=0V.

Figure 6.4: Thermal dependent characterization of GS66508T.
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Second test @ Vgs=2.5V

(a) Trapping effect accurs when characterization is repeated at nonlinear region.

First test @ Vgs=2.5V

Third test @ Vgs=2.5V

Reset transistor in second test @ Vgs=-2.5V

(b) Impact of trapping effect is reset by fully gated off.

Figure 6.5: Trapping effect in GaN transistor.
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Figure 6.6: Trapping effect in GaN transistor.
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conduction shows a higher variation in drain-source voltage drop at different junction
temperature. This can provide higher precision when used as the junction temperature
indicator. Furthermore, besides its application in the pulsed temperature measurement,
transistor joule heating in the reverse conduction can be used as heat source to justify
the thermal resistance between transistor junction and ambient environment. This
is more advantageous than forward conduction heating since the transistor loss can
be easily controlled by the negative voltage bias applied to the transistor gate. To
provide an intuitive comparison between forward conduction characteristics and reverse
conduction characteristics used as junction temperature indicator, we plot the voltage
drop difference per Kelvin junction temperature variation as Fig. 6.6(a). When source
current is lower than 6 A, reverse conduction characteristics are not usable for its non-
linearity over the whole junction temperature range. When the source current is higher
than 6 A, ∆Vsd shows slightly higher precision as junction temperature indicator when
used in reverse conduction. Instantaneous power comparison is given in Fig. 6.6(b).
Joule heating in reverse conduction is much higher than forward conduction at the
same source current. As a result, in pulsed temperature measurement, voltage drop on
forward conduction is more favorable.

In summary, among the three temperature sensitive parameters, drain-source volt-
age drop on forward conduction is overall more favorable as junction temperature indi-
cator. Measurement precision is around 5.8 mV/K at 10 A source current and increases
in a higher source current range. Drain-source voltage drop on reverse conduction can
provide a slightly higher precision as 6 mV/K at 10 A source current, while not us-
able when source current is lower than 6 A for its non-linearity behavior at this range.
Higher joule heating in reverse conduction can be detriment in pulsed temperature
measurement, while favorable in high power cooling solution justification. When GaN
transistor is not fully gated on at Vgs = 2.5 V, a much higher voltage variation can be
observed over the whole junction temperature range. However, usage of this parameter
in junction temperature indicator is constrained by its non-linearity and GaN transistor
trapping effect.

6.2 Peltier module characterization and application

Peltier module, as shown in Fig. 6.7, uses Peltier effect to transfer heat flux between two
surfaces, widely used in thermal electric cooling and heating applications. By applying

Figure 6.7: Peltier module.
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voltage between the two leads of Peltier module, heat is transferred from the cold side
surface to the hot side surface. Heat sink is attached to the hot side surface to provide
a low thermal resistance path to the ambient environment and the cold side is attached
to the device needs heat dissipation. This research is to provide a quantified study on
the cooling capability of Peltier module. Discussion of using Peltier module in GaN
transistor cooling is discussed.

6.2.1 Peltier effect modeling
Peltier effect happens in the presence of two different conductors electrically connected
at one mutual junction. Fig. 6.8 shows one basic thermal coupler element inside
the Peltier module. P-type semiconductor and n-type semiconductor are electrically
connected at the hot side copper plate. Multiple thermal couples are paralleled by the
cold side copper plate and form the whole Peltier module.

When there’s a temperature difference between the cold plate and the hot plate of
Peltier module, a voltage potential difference is induced between the two semiconductor
leads, which is explained as Seebeck effect (6.1). Seebeck coefficient Se quantifies
the induced voltage potential (Eemf ) per temperature difference (Th is the hot side
temperature and Tc is the cold side temperature). Peltier effect is the reverse of Seebeck
effect, as explained in (6.2). Thompson coefficient (Π) is defined as the product of
Seebeck coefficient and temperature (6.3). The heat transferred between the cold plate
and the hot plate (Qp) can be quantified as the Thompson coefficient between the cold
plate (Πc) and the hot plate (Πh) multiplied by the current driving through the Peltier
module (Ipelt) as (6.4).

Eemf = Se · (Th − Tc) (6.1)

Qp = (Πh −Πc) · Ipelt (6.2)

Π = Se · T (6.3)

Qp = Se · (Th − Tc) · Ipelt (6.4)

Based on the theoretical equation shown above, we can establish the thermal and
electric model of the Peltier module. The Peltier module is a current controlled device.

p-type

semiconductor

Hot side

Cold side

Ceramic plate

n-type

semiconductor

Copper plate

Figure 6.8: Thermal coupler within the peltier module.
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Figure 6.9: Electric model of Peltier module.

In the electric model as shown in Fig. 6.9, each semiconductor is modeled as two volt-
age sources and resistor in series connection. Positive power consumption represents
the heating power in the hot side, which include the Peltier effect heating and joule
heating on the internal resistance rohm. Negative power consumption represents the
heat subtracted by Peltier effect in the cold side. Seebeck coefficient in p-type semi-
conductor (Sep) is positive and Seebeck coefficient in n-type semiconductor (Sen) is
negative.

Thermal model can be obtained as Fig. 6.10. Total heat generated in hot side (Qh)
and subtracted in cold side (Qc) can be calculated by (6.5){

Qh = 0.5Ipelt ·R0
2 + Se · Th

Qc = 0.5Ipelt ·R0
2 − Se · Tc

(6.5)

where R0 = rohm_p + rohm_n and Se = Sep − Sen.
Finite element analysis based on COMSOL simulation is carried out to verify the

proposed model. Parameters of the Peltier element used in COMSOL simulation are
listed in TABLE 6.1. COMSOL simulation model is shown in Fig. 6.11. Boundary
condition is set as constant temperature of 50°C at the hot side of Peltier element.

LTSpice simulation model is given in Fig. 6.12. Thermal resistance Rθ is calculated
according to (6.6), where k is thermal conductivity as listed in TABLE 6.1 and w, h, l
are three dimensions of each rectangular element. Electric resistance in Peltier element
R0 is calculated according to (6.7) with electrical conductivity σ = 1.1 · 105 S/m.

Rθ =
1

k
· h

wl
(6.6)

R0 =
1

σ
· h

wl
(6.7)

Rth
Cold side Hot side

Qc Qh

Figure 6.10: Thermal model of Peltier module.
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Table 6.1: Electric and Thermoelectric specs of Peltier Element in COMSOL Simulation
Thermal conductivity k

(W/(m · K))
Seebeck coefficient Se

(V/K)
ceramic plate 27 /
copper plate 400 /
Bi2Te3 p-type 1.6 2× 10−4

Bi2Te3 n-type 1.6 −2× 10−4

Bi2Te3

p-type

Ipelt

Ceramic 

plate

Copper 

plate

Bi2Te3

n-type

Figure 6.11: Simulation model of the Peltier element in COMSOL.

Figure 6.12: Simulation model of the Peltier element in LTSpice.
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Figure 6.13: Comparison of simulation results between COMSOL and LTspice.

Simulation results are compared in Fig. 6.13. LTSpice simulation result shows a
well fit with COMSOL simulation. Electric model and thermal model of Peltier module
are validated.

6.2.2 Peltier module characterization
A lab test is carried out to quantify the electric and thermoelectric parameters of Peltier
module, including Seebeck coefficient Se, thermal resistance Rth and electric resistance
R0. The test setup is shown in Fig. 6.14.

Thermal resistance Rth is first characterized using the same method discussed in
the research on gap filler materials. Thermal resistance of the tested Peltier module is
quantified as (6.8).

Rth = 4.3 K/W (6.8)

Seebeck coefficient is quantified by measurement on induced voltage in Peltier mod-
ule when applying temperature difference between the hot side plate and the cold side
plate. All together 1130 operation points are collected, including hot side tempera-
ture, cold side temperature and induced voltage in the Peltier module. Fitting result
is given in Fig. 6.15, which shows a relatively well tracking result with R2 = 0.9956
and SSE = 0.441. Although the fitting error is a bit higher in the high temperature
difference range, we can use this fitted Seebeck coefficient value Se0 as a starting point.

Se0 = 0.0518 V/K (6.9)

Electric resistance is quantified by temperature measurement on two surface plates
when applying constant current in the Peltier module. Test results are collected from
Python script and 3-D fitting result in Matlab is given in Fig. 6.16.Both fitting models
have a high R2 value close to 1 (0.9911 and 0.9997 respectively for TEMP independent
and TEMP dependent equation), which indicate a well tacking of the data general
trending. However, the temperature independent model shows a large residual sum of
squares (SSE) value of 69.2. By introducing the second order polynomial equation in
the Seebeck coefficient fitting, SSE value can be largely reduced to 1.96. As a result,
we obtain the electric resistance R0 and the Seebeck coefficient Se as temperature
dependent coefficient shown in (6.10)(6.11).

R0 = 5.24 + 2.32e−2 · dT + 7.09e−4 · dT 2 (6.10)
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(b) Power module characterization setup.

Figure 6.14: Test setup for Peltier module characterization.

0 2 4 6 8 10 12 14 16 18 20 22 24 26 28 30
Temperature difference dT (K)

0.0
0.2
0.4
0.6
0.8
1.0
1.2
1.4
1.6

Pe
lti

er
 v

ol
tag

e V
pe

lt (
V)

Measured results
Fitted curve

Figure 6.15: Peltier coefficient fitting results.
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(a) TEMP independent fitting. (b) TEMP dependent fitting.

Figure 6.16: Comparison of fitting results for internal resistance R0.

Se = 0.0518− 2.14e−3 · dT (6.11)

6.2.3 Application in GaN transistor cooling
Feasibility of using Peltier module in GaN transistor cooling is discussed in LTSpice
simulation. Based on the thermal-electric model of Peltier module and the quantified
coefficients obtained in the last section, we build LTSpice model for Peltier module
as shown in Fig. 6.17. Then we compare the performance of Peltier module in GaN
transistor cooling with the conventional gap filler. As shown in Fig. 6.18, thermal
resistance circuit is modeled as Cauer network. The thermal model of GaN transistor
GS66508T is obtained from manufacturer data sheet.

Comparison between the Peltier module and conventional gap fillers are given under
different heat sink, transistor power loss and Peltier power conditions. Simulation
results comparison at small heat sink attachment is given in Fig. 6.19. A small heat
sink with thermal resistance of Rhs = 3 K/W is generally single device level heat sink
with natural air convection. In a low transistor power loss of 2 W, Peltier module,
applied with 1 W constant power, can effectively provide a lower thermal resistance
compared with the conventional gap filler material. When more power is applied to the
Peltier module, junction temperature does not further reduce, but increases because
of the increased joule heating in Peltier module. When the transistor junction heating
increases to 10 W, the optimal operation point of Peltier module is further increased
to 2 W.

Simulation results comparison at large heat sink attachment are given in Fig. 6.20.
Heat sink thermal resistance of Rhs = 0.5 K/W is generally found in the forced air
convection heat sink or heat pipe cooling system designed for power module cooling.
From simulation result shown in Fig. 6.20(a), Peltier module solution can effectively
reduce the transistor junction temperature, when applying 6 W electric power to the
Peltier module. Benefit of using Peltier module is more significant compared with small
heat sink attachment. However, power consumption in Peltier module is comparable
to the transistor loss, which is not favorable in high efficient power converter design.
Simulation results at ultra high transistor power loss of 30 W is given in Fig. 6.20(b).
By applying 2 W electric power, Peltier module already shows better performance than
conventional gap filler with low thermal resistance of 1 K/W. Furthermore, transistor
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Generated Spice model

Figure 6.17: LTSpice model for Peltier module.

Figure 6.18: LTSpice simulation of Peltier cooling in GaN transistor application.
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(b) High transistor power loss.

Figure 6.19: Comparison of Peltier module and conventional gap filler in small heat
sink attachment.
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Figure 6.20: Comparison of Peltier module and conventional gap filler in small heat
sink attachment.
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junction temperature can be lowered to 70 °C under this circumstance, which is not
achievable by conventional cooling method. This could help lower transistor power loss
and enhance switching reliability.

Feasibility of applying Peltier module in power transistor cooling can be summarized
as follows:

• Large heat sink is necessary for effective usage of Peltier module in power tran-
sistor cooling.

• Peltier module is more efficient compared with conventional gap filler in high
transistor loss thermal cooling applications.

• In low transistor loss applications, usage of Peltier module need to be carefully
controlled to prevent thermal runaway from self joule heating.

• Peltier module can be controlled to provide variable thermal resistance in cooling
path, which can be used in pulsed power loss applications.



7
Conclusion and future work

7.1 Conclusion
The Ph.D. project documented in this dissertation has been focusing on identifying
practical challenges in GaN transistor application. In comparison with SiC transis-
tor, GaN based inverter design is demonstrated and optimized for high power density
integration. The main research work output and conclusions can be summarized as:

• Characterization of state-of-the-art e-mode GaN transistor is performed on double
pulse test. Miller plateau shifting is observed as plateau voltage rises in a higher
source current range. This leads to increased switching on time and decreased
switching off time with higher source current. With proper gate driver and PCB
layout design, GaN transistor GS66516B switching-off slew-rate is observed as
100 V/ns at 30 A source current.

• Discussion on applying resonant gate driver in GaN transistor is carried out based
on comparison of gate driver loss decomposition. Compared with conventional
Si transistor, gate charge in GaN transistor is already largely reduced due to its
wide bandgap semiconductor characteristics. Application of resonant gate driver
in GaN transistor is not efficient in total gate driver loss reduction. However,
applying resonant gate driver in GaN transistor can help to reduce hard switching
loss, which can be beneficial in high power applications. GaN transistor gate drive
still relies on conventional totem pole gate driver in medium to high frequency
applications and self oscillating gate driver in very high frequency applications.

• Impact of PCB layout on GaN transistor application is investigated based on
experimental evaluation of three different layout daughter boards with a modular
buck converter prototype. Minimal layout can provide the lowest power loop
inductance as 2 nH, which is 44 % lower than the power loop inductance from
the conventional layout. GaN transistor half bridge with minimal layout can be
used in soft switching application up to 443 W. However, application of minimal
layout is limited by its difficulty in heat sink fixture, which is thus favorable in soft
switching applications. Conventional layout provides the easiest heat sink fixture
solution, which is favorable in high power and bottom cooled GaN transistor
applications. Vertical layout can be viewed as a trade-off between low power loop
inductance design and low thermal resistance cooling design, which is favorable
in top cooled GaN transistor applications.

• Challenge of power dissipation in small GaN transistor package is illustrated. Gap
filler material selection has more significant impact on the GaN transistor cooling
compared with conventional packaged Si transistor and SiC transistor. Proper
gap filler material selection should consider both selection of proper thermal con-
ductivity and selection of material with proper malleability. Thermal resistance
of gap filler material with rigid surface can be largely reduced by thermal paste
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filling and direct bond connection. In a maxed out cooling system fixture with
AlN DBC solution, up to 78 W is dissipated in one discrete GaN transistor, which
indicates the potential of using small footprint GaN transistor in high power con-
verter up to 10 kW with 95 % to 99 % efficiency.

• A thorough review on AC filter design in three phase inverter is carried out.
Inverter side inductor, which can be bulky compared with other components
in high power density inverter hardware, is quantified according to analysis on
the inductor current ripple. Base on precise sizing procedure from numerical
derivation, inverter side inductor in three level inverter topology can be effectively
reduced by 42 % to 55 % compared with two level topology. This indicates the
potential of applying GaN transistor in three phase three level high power density
inverter design.

• A detailed comparison between SiC based inverter design and GaN based inverter
design is provided. According to the proposed semiconductor loss evaluation
method, GaN based three phase inverter is not more efficient than the SiC based
inverter until switching frequency is higher than 70 kHz. 100 kHz switching
frequency is proved to be optimal in GaN based inverter design. When switching
frequency is increased higher than 100 kHz, optimal inductor size is actually larger
due to the trade-off between inductor core loss and winding loss. A GaN based
three phase three level inverter prototype is demonstrated with a high power
density of 2.7 W/cm3.

Overall, GaN transistors have shown excellent figure of merit and promising po-
tential in high power density converter design. There is still a long way to go in
GaN transistor’s widely commercialization process. During GaN transistor’s transition
from “nice-to-have” to “must have” in the future power converter applications, mar-
ket positioning of GaN transistor need to be clarified. Compared with conventional
Si transistor, application threshold of GaN transistor need to be lowered, which can
be gradually solved by standardized layout design, optimized transistor structure and
gate driver integration. Compared with SiC transistor, market segment at 600 V range
power converter applications need to be defined. This requires joint effort from both
scientific research in academia and commercialized application in the industry.

7.2 Future work
Several research topics need to be further investigated include:

• Electric magnetic interference (EMI) in GaN transistor hard switching applica-
tions can interfere with signal integrity. Considering high slew-rate switching
capability of GaN transistors, PCB design needs to be further investigated for
minimizing EMI issues.

• GaN transistor trapping effect causes dynamic on-state resistance issues, which
leads to increased system losses. Evaluation of trapping effect between different
GaN transistor forming structures can be interesting.

• GaN based three phase three level inverter shows potential of PCB winding in-
ductor integration. Impact of magnetic integration on the power density of GaN
based inverter need to be further researched.
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Abstract—High electron mobility transistor (HEMT) has the 
advantage of fast switching capability, low power loss and small 
package design. Gallium Nitride (GaN) HEMT is widely 
researched in recent years. Accurate characterization and 
detailed switching analysis are critical for the practical 
application in power converters. In this paper, a 650V GaN 
HEMT is tested based on the double pulse tester. Based on the 
experimental results, the switching transient analysis is given and 
the phenomenon of Miller plateau shifting is explained. Switching 
time and switching loss characterization are given as the 
reference value for converter design. 

Keywords—double pulse test; GaN HEMT; Miller plateau; 
switching characterization 

I.  INTRODUCTION 

 As the development of Silicon semiconductors has reached 
its physical boundary, wide band-gap devices are considered as 
the next generation of semiconductor transistor [1]. GaN 
HEMT shows a promising potential in the fabrication of high 
frequency and high power density converter, which has been 
widely researched during the last decade [2], [3]. The basic 
structure of GaN HEMT can be plotted as the equivalent circuit 
shown in Fig. 1 [4].  

 Gating characterization and switching loss characterization 
are two major concern for the transistor application [5]. Gating 
characterization is decided by the transistor input capacitor 
(Ciss=CGS+CGD). Switching loss characterization is decided by 
the transistor output capacitor (Coss=CDS+CGD) [6]. Benefit 
from wide semiconductor band-gap, GaN HEMT has a lower 
parasitic capacitor and lower conduction resistance than their 
Silicon counterparts, which leads to fast switching capability 
and low switching loss [7]-[9]. Accurate characterization of 
transistor switching loss and switching time is important for 
converter efficiency and modulation design. As a result, 
switching transient analysis of GaN HEMT is essential. 

 Double pulse test is a practical method for characterizing 
the transient performance of semiconductor transistor [10], 
[11]. Accuracy of the test result is highly dependent on the gate 
loop and power loop layout in the printed circuit board (PCB), 
as well as measurement technique [12]. Double pulse test has 
been carried out to characterize the switching loss of GaN 
HEMT [13], [14]. However, switching time characterization is 
not given. In addition, detailed analysis of the switching 
transient is absent. 
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Fig. 1.  Equivalent circuit of GaN transistor. 
In this paper, double pulse test of 650V GaN HEMT is 

carried out. Switching transient is analyzed and Miller plateau 
shifting phenomenon is explained. Switching loss and 
switching time characterization are given, which can be used as 
the reference value for converter design. The paper is arranged 
as follows: Section Ⅱ introduces the double pulse tester design. 
Switching characterization and Miller plateau shifting 
phenomenon are explained in Section Ⅲ. Section IV concludes 
the paper. 

II. DOUBLE PULSE TESTER 

Equivalent circuit of double pulse tester is plotted in Fig. 2. 
GS66516B (e-mode, 650V) from GaN System is selected as the 
device under test. Among all these parasitic parameters, 
minimization of source inductance (Ls) and gate inductance 
(Lg) are the primary concern, which directly determines the 
transistor switching performance.  
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Fig. 2.  Equivalent circuit of the double pulse tester. 



For GS66516B, Kelvin connection is adopted for the source 
pad design, which minimizes the Ls. For gate loop PCB design, 
special attention has been paid for the low impedance design, 
which minimizes the Lg. Operating principle of the double 
pulse test is shown as follows. Inductor L is charged by the DC 
source when the transistor is gated on. The first pulse excites L 
to a desired operating current and SiC Diode maintains the 
current flowing between the two pulses. The turn-on transient 
of the second pulse shares the same switching condition with 
the turn-off transient of the first pulse, which are thus used for 
switching characterization. Design method and measurement 
technique of the test are detailed as follows. 

A. Gate Loop Design 

Gate loop is the charging/discharging path of the transistor 
input capacitor, which directly determines the gate driving 
wave pattern. Gate resistors are generally installed to limit the 
gate charge/discharge current, which can be noted as (1), where 
Ug is the on-state gate voltage and UPL is the voltage of Miller 
plateau. With a small gate resistance, large gate current can 
shorten the transistor switching transient, while, on the other 
hand, leads to extra ringing in the driving signal.  

 
_ _

,g PL PL
charge discharge

g on g off

U U U
I I

r r


    (1) 

The tolerance value of gate voltage is specified as -10V to 
+7V in the datasheet of GS66516B. Accordingly, a large gate-
on resistor is adopted for switching safety and a small gate-off 
resistor is adopted for fast switching off. Experimental results 
of the gate driver signal with different gate-off resistors are 
shown in Fig. 3. A large ringing in the gate-off signal can be 
observed when gate-off resistor is removed. The ringing spike 
may lead to false turn on during the switching off transient, 
which must be avoided in the application of power conversion. 
Gate resistor is selected as a tradeoff between switching time 
and gate signal ringing. When rg_on=10Ω and rg_off=2Ω, the 
gate signal, shown in Fig. 3, is ideal for switching application, 
which is adopted in the gate loop design. 
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Fig. 3.  Gate signal with different gate-off resistor. 
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Fig. 4.  PCB model of the current measurement method. 

B. Measurement Technique 

For transient analysis, wave pattern of Uds, Id and Ug during 
the switching process must be accurately measured. Since the 
bulky clamp can introduce large parasitic inductance into the 
transistor power loop, conventional current probe cannot be 
applied. A minimized stray inductance current shunt method is 
adopted in this paper, which is shown as the 3D PCB model in 
Fig. 4. Paralleled resistors are installed to the source pad of the 
transistor. The symmetrical arrangement results in the 
magnetic field cancellation and thus creates a current 
measurement path free from electric magnetic interference, 
which improves the measurement accuracy [15]. A low 
parasitic capacitance voltage probe (7.5pF) is adopted for 
voltage measurement and ground clip is utilized to minimize 
the ground inductance loop. Detailed test specification is 
elaborated in the next section. 

C. Double Pulse Tester  

The fabricated double pulse tester is shown in Fig. 5. Air 
core inductor is used for current forming. A C2000 launchpad 
board is used to generate the double pulse gate signal. At 
400V drain-source voltage, the transistor is driven from 5A to 
30A. Drain current is sampled according to the shunt voltage 
drop and picked up through 50 Ω coaxial cable. Transient 
wave pattern and switching characterization are obtained. 

C2000 LaunchPad 
Board 

400V DC 
Power Supply 

Air core
inductor 

BNC Connector 
50ohm coaxial cable 

GS66516B

 
Fig. 5.  Experiment set-up of double pulse tester. 
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Fig. 6.  Typical waveforms during transistor switch-on transient. 

III. SWTICHING CHARACTERIZATION 

Switching transient analysis is of vital importance for the 
performance evaluation of transistor. Typical waveforms 
during transistor switch-on transient is shown in Fig. 6. Gate 
current first charges the CGS. As gate voltage reaches the 
threshold voltage (Uth), the transistor starts to partially gate on. 
During this period (t1~t2), transistor current rises up to the load 
current until CGS is fully charged. After that, gate current starts 
to charge the CGD, which is the well-known Miller plateau 
(t2~t3). When CGD is fully charged, the gate voltage continues 
to rise until the on-state value (t3~t4). After that, the transistor is 
fully gated on and switching transient is ended. The 
overlapping area of Uds(t) and Id(t) during t1~t3 can be 
calculated as the switch-on loss. The switch-off transient is 
symmetrical the reverse process. Experimental results based on 
the double pulse tester are given as follows. 

A. Switching Transient Analysis 
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Fig. 7.  Experimental waveforms of the double pulse test. 
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Fig. 8.  Switch on transient at 400V, 30A. 

Experimental waveforms during the complete double pulse 
test is shown in Fig. 7. The first pulse gates on the transistor 
and charges the inductor to 10A. Inductor current is circuiting 
in the paralleled diode path and keeps constant during the 
interval between two gate pulses. The second pulse gates on 
the transistor again with the same switching condition. Switch-
on and switch-off performance are characterized at the marked 
transient point.   

Experimental waveforms of the switch-on transient at 400V, 
30A is shown in Fig. 8. The waveforms are consistent with the 
theoretical analysis as well as the trend shown in Fig. 6. 
Switching transient is smooth, which validates the practical 
feasibility of the PCB layout design. Miller plateau voltage (Upl) 
is justified as 3.425V at this switching condition, which is 
calculated according to the average value during the whole 
plateau interval. Threshold voltage is justified as 1.3V, which 
is consistent with the value specified in the transistor datasheet.  

B. Miller Plateau Shifting 

Double pulse test is carried out in a wide current range 
(from 5A to 30A). According to the experimental results, an 
obvious shifting of Miller plateau can be observed in the higher 
current rate. To validate the observation, value of Miller 
plateau voltage is recorded during the all the tests, which is 
shown in Table Ⅰ. It can be concluded that the Miller plateau 
voltage is higher when GaN HEMT switches at a higher 
current rate. According to (1), a higher Upl will result in a lower 
gate-on current and higher gate-off current. As a result, 
characterization of the GaN HEMT gate-on and gate-off 
capability shall be different along different current rate. The 
switching time characterization of GS66516B is shown in Fig. 
9. In a higher switching current, switch-on time is longer and 
switch-off time is shorter, which further validates the Miller 
plateau shifting phenomenon. It should be noted that the 
switch-off time at a lower current rate is much longer, which 
may interfere with the modulation scheme and leads to shoot-
through in half bridge. Modulation dead time must be well 
designed in the application of power inversion, where current 
constantly crosses zero. 

TABLE I.  MILLER PLATEAU VOLTAGE CHARACTERIZATION 

Current Rate 
(A) 

5 10 15 20 25 30 

Plateau Voltage 
(V) 

2.90 3.05 3.22 3.29 3.35 3.43 

 

Fig. 9.  Switching time characterization. 



 
Fig. 10.  Switching loss processed by MATLAB. 

 

Fig. 11.  Switching loss characterization. 

C. Swtiching Loss Characterization 

Switching loss is the main cause of converter power 
dissipation, especially in high frequency application. Accurate 
characterization of transistor is important for converter 
efficiency and heat sink design. Double pulse test results are 
processed with MATLAB to obtain the switching loss, which is 
shown in Fig. 10. Uds and Id are sampled in 10Gb/s, and 
multiplied for instant power calculation. The instant loss power 
is integrated for 100ns in the vicinity of each switching 
transient to obtain the switching loss. Switching loss 
characterization of GS66516B is shown in Fig. 11. Switch on 
and switch off loss both increase with a higher current rate. 
Switch on loss is the major part of loss dissipation, which 
indicates the necessity of soft-switching technique in the high 
frequency application.  

IV. CONCLUSION 

In this paper, a double pulse tester is fabricated for GaN 
HEMT devices. Gate loop design and current measurement 
technique are elaborated. GS66516B, as a template, is tested 
and switching transient analysis is given. The phenomenon of 
Miller plateau shifting is introduced and validated by the 

switching time characterization. The switching loss 
characterization is given for converter design reference. 
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Abstract—The increasing transistor power loss brought by the
high switching frequency places a limit to the future high power
density converter design. A review of resonant gate drivers is
given in this paper to provide a vision for its future application.
Various resonant gate driver topologies from the prior-art re-
search is categorized and thoroughly compared in terms of the
implementation frequency and the percentage gate driver loss
reduction. Moreover, a case study of two representative resonant
gate driver topologies is given. The conventional gate drive and
two resonant gate drivers are implemented to driver Silicon
MOSFETs and Gallium Nitride (GaN) transistors respectively.
The feasibility and effectiveness of implementing resonant gate
drivers in wide band-gap semiconductor transistors is discussed
according to a detailed comparison of loss decomposition.

Index Terms—Resonant gate driver, gate driver loss, high
frequency, GaN transistor, Silicon MOSFET.

I. INTRODUCTION

H IGH power density is one critical consideration for the
future power converter design. High switching frequency

is generally viewed as the solution, which largely shrinks the
volume of the passive component [1]. However, the transistor
power loss is proportional to the switching frequency, which
poses challenges to the thermal management and efficient
power conversion. Minimization of transistor power loss in
high frequency switching is important.

The general model of a field effect transistor is shown in Fig.
1 [2]. The transistor power loss is composed by conduction
loss, switching loss and gating loss. The conduction loss
is related to the transistor on-state resistance. Reduction of
the conduction loss is considered in the converter operating
at high conduction current. Especially in the high-step-up
ratio DC-DC converter, high conduction current in the low
side transistor can lead to severe efficiency degradation and
thermal dissipation challenge [3]. Therefore, the interleaved
converter topology is widely adopted as one of the solutions
to reduce the conduction loss [4], [5]. On the other hand,
the switching loss is related to the transistor output capacitor
(Coss = Cds + Cgs) and proportional to the switching
frequency. Reduction of the switching loss is considered within
a wide range of applications, such as the low-power chip-scale
power converter (33 MHz, 10.5 W) [6], the medium-power
DC-DC converter (100 kHz, 1 kW) [7] and the high-power
grid-connected inverter (16 kHz, 30 kW) [8]. Soft-switching
technique is generally used as the solution for switching loss
reduction [9]–[11]. The gating loss is related to the transistor

rd
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Fig. 1. Equivalent circuit of the field effect transistor.
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loss
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Fig. 2. MOSFET power loss decomposition in a synchronous buck converter.

input capacitor (Ciss = Cgs + Cgd) and also proportional
to the switching frequency. Reduction of the gating loss is
considered in the low to medium power range converters (≤ 1
kW). Especially in the high frequency soft-switching converter
applications, the transistor gating loss can have significant
impact on the power conversion efficiency. As an example, a
loss decomposition of the power MOSFET in a synchronous
buck converter is given in Fig. 2. The conduction loss at 10
V, 1 A output is 0.77 W, while the gating loss can be up to
1.82 W at 1 MHz. Considering the 10 W converter output
power, the gating loss can degrade the total efficiency by 2
- 18% depending on the switching frequency. Reduction of
the gating loss is important for the low power range voltage
regulator modules. Resonant gate driver is widely adopted to
achieve low gating loss.

Besides the above mentioned techniques, the implementa-
tion of wide band-gap semiconductor material in the transis-
tor fabrication sheds new light on the high frequency high



2

power density converter design. GaN transistor is widely
considered as a promising candidate for the next generation
of power transistor [12]. Compared with Silicon MOSFET,
GaN transistors have smaller on-resistance, smaller parasitic
capacitance, higher operating temperature and more compact
package size. For the GaN transistor, the slew rate of the
drain-source voltage can be as high as 100 V/ns during the
switching transient [13]. All these salient features enable
the GaN transistor’s application in high frequency power
conversion [14]–[16]. However, the transistor over-heating and
efficiency degradation brought by the increasing power loss
during the high frequency switching is still the major concern.
This problem is even more challenging when considering the
limited heat dissipation capacity resulted from the chip scale
packaging technique adopted by the majority of GaN transistor
manufacturers. The soft-switching technique is dependent on
the transistor Coss and the converter topology, which has
been widely adopted and proved valid for the GaN transistor
application [17]–[19]. The effectiveness of the resonant gate
driver is dependent on the transistor Ciss. Implementation of
the resonant gate driver in the GaN based converter can be
found in very few prior-art research [20]–[22]. Moreover, the
detailed gate driver loss decomposition is rarely mentioned.
Therefore, the review, comparison and analysis of different
resonant gate driver topologies is important for the topology
selection, transistor selection and efficiency estimation of the
future high frequency power converter design.

This paper is dedicated to discuss the implementation of
resonant gate driver in the high frequency power conversion. A
thorough comparison of the resonant gate driver topologies is
given. Prior-art research from the literature review is summa-
rized, categorized, analyzed in section II. Intuitive comparison
results are given as a reference to the gate driver selection for
the high frequency power converter design. In section III, a
case study of two representative resonant gate driver topologies
is carried out. The detailed gate driver loss decomposition
is given in the comparison of Silicon MOSFET and GaN
transistor application. Section IV concludes the paper.

II. LITERATURE REVIEW OF THE RESONANT GATE
DRIVER

A. Basic Principle of the Resonant Gate Driver

Conventional gate driver adopts the totem pole topology and
shown in Fig. 3. PMOS and NMOS are in series configured as
the totem pole to generate the square wave gate signal [23].
Gating process is achieved by charging and discharging the
Ciss of transistor Q, which is shown in Fig. 4(a). Duration

Rg

S1

S2

Q
VG

Ciss

Fig. 3. Conventional totem pole gate driver.
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Fig. 4. Comparison of voltage source and current source gate driver: (a)
voltage source gate driver (b) current source gate driver.

of the gating transient is dominant by the time constant of
the gate resistor Rg and the transistor input capacitor Ciss.
A fast switching transient can be achieved by a smaller gate
resistor, which helps to reduce the switching loss of transistor
Q. Selection of the gate resistor is the trade-off between the
switching loss and the gate voltage over-shoot. Gating loss,
also known as CV 2 loss, is defined as the power loss on the
gate resistor during the switching transient.

For the conventional gate driver, the well-known equation
for gating loss calculation is shown as

Pgate = VG ·QG · fs = VG
2 · Ciss · fs, (1)

where QG is the gate charge and fs is the switching frequency.
VG is the gate voltage, which equals to the electric potential
difference between the gate-on voltage and the gate-off voltage
(VG = Vg on − Vg off ). The gating loss is dissipated on
the gate loop resistance. For the conventional gate driver,
the gating loss can be hardly reduced for the application
with a certain switching frequency and limited options in
transistor selection.The basic idea of the resonant gate driver
is to compose a current source to drive the transistor Q. As a
result, the resonant gate driver is also referred as the current
source gate driver in some research [24]–[27]. The power loss
of the resonant gate driver is composed by the loss on the
transistor gate resistor, the ancillary transistor/diode bridge
and the resonant tank. Another benefit of implementing the
resonant gate driver is the fast charging/discharging capability.
As shown in Fig. 4(b), with a large and rather constant gate
current, the gating transient is shortened and the switching loss
of transistor Q can thus be reduced.

Although different resonant gate drivers vary in topology,
application scenario and control scheme, majority of them
origins from the same totem pole topology and differs in
the resonant tank design. One criterion to categorize all the
resonant gate driver designs is the initial inductor current. For
the zero initial inductor current topologies, the gate charging
process is simultaneous with the charging process of the
resonant inductor. For the non-zero initial inductor current
topologies, gate charging is initialed with a start-up current,
which further helps to shorten the switching transient. Review
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Fig. 5. The basic resonant gate driver topology: (a) resonance during the gate-
on transient [28] (b) resonance in both the gate-on and the gate-off transient
[29].
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Fig. 6. Pulse resonant gate driver [30].

and comparison of the resonant gate driver will be carried
out in the two major groups of topologies categorized by this
criterion.

B. Non-zero Initial Inductor Current Resonant Gate Driver

The idea of resonant gate driver was first proposed in
[28] and applied quasi-resonant buck converter to reduce the
considerate power loss from the conventional gate driver at
10 MHz switching frequency. The first resonant gate driver
topology was inspired by the phenomenon that the MOSFET
switching characteristics could be improved by a series con-
nected inductor within the gate loop. As shown in Fig. 5(a),
during the gate transistor S is conducting, the transistor Q
is off and current is formed in the inductor Lr. When S is
switched off, the transistor Q is gated on by the resonance of
the inductor and the input capacitor of Q. The conventional
gating loss is reduced to the loss within the resonant tank.
The total gate driver loss is reported to be 1.5 W at 10 MHz
switching frequency. Further research into this idea is given in
[29], as shown in Fig. 5(b). The input capacitor of Q is both
charged and discharged in a resonant circuit. The proposed
resonant gate drive is applied to a high-frequency low-power
multi-resonant buck converter. From the SPICE simulation, the
gate driver loss at 2 MHz switching frequency is estimated
to be 0.23 W, which is much lower than the 0.8 W power
dissipation in the conventional gate driver.

Further research into the resonant gate driver is accompa-
nied with extra gate transistors and more control flexibility.
The pulse resonant gate driver with online controllable slew
rate is proposed in [30] and shown in Fig. 6. Ma and Mb are
the ancillary switches, which are in reverse series connected
to provide separate charging and discharging path for the LC
resonant tank. The gate current is thus on-line controllable and
modulated by the phase shift control between the two transistor
pairs in the gate driver. The PSPICE simulation result is given
at 12 V, 1 MHz switching condition. The gate driver loss is
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Fig. 7. Power recovery resonant gate driver: (a) the basic topology [31] (b)
parasitic impedance insensitive topology with blocking diode [24].
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Fig. 8. Self-oscillating resonant gate driver [33].

reported to be 0.33 W when rise/fall time is 25 ns and 0.42
W when rise/fall time is 20 ns.

For the resonant gate driver, only partial energy stored in the
resonant tank is used to gate on the transistor. Power recovery
of the residue energy within the resonant tank is another
popular research topic. The resonant gate driver designed for
the gate energy recovery is researched shown in Fig. 7(a)
[31], [32]. A small resonant inductor is installed between the
two totem pole bridges. Four gate transistors are modulated
to provide six individual states for inductor current forming,
gate charge/discharge and power recovery. Excessive inductor
stored energy is returned to the gate voltage source VG. This
topology is demonstrated in a 1 MHz 12 V Boost converter.
The gate driver loss is reported to be 0.20 W, compared with
0.34 W from the conventional gate driver. The similar idea
is studied in [26] to provide dual-channel output, which is
reported to reduce the gating loss by 67 % compared with the
conventional gate driver. Further research into this topology
is given in [24], as shown in Fig. 7(b). Schottkey diodes D1

and D2 are installed to block the voltage ringing and the gate
voltage is clamped during the conduction state of transistor
Q, which helps the resonant tank design less sensitive to the
parasitic component on the gate path.

Self-oscillating gate driver is one special category of the
resonant gate driver. Different from the totem pole based
topologies, gate transistors are no longer needed. Drain source
voltage of the transistor Q is fed back to the resonant tank and
a close loop is formed to maintain the self-oscillating. As a
result, the switching frequency is no longer limited by the
conventional gate transistors, which can be increased to the
very high frequency (VHF) range [34]–[36]. A self-oscillating
gate driver applied for the full VHF band DC-DC converter
is given in [33]. The Class E DC-DC converter is designed to
operate at the switching frequency from 30 MHz to 300 MHz.
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Fig. 9. Multi-resonant gate driver [39].

Self-oscillating gate driver is utilized in the Class-E inverter
part, which is shown as Fig. 8. At the switching frequency of
100 MHz, the gating loss is reported to be 0.29 W according
to the simulation result. Other applications of self-oscillating
resonant gate driver can be found in [37] for the Class Φ2
inverter and [38] for the flyback converter application. The
drawback of the self-oscillating gate driver is that impedance
matching must be guaranteed to maintain the oscillation. The
inverter stage have to be followed by a rectifier stage designed
accordingly to generate the desired self-oscillating gate signal.
As a result, application of the self-oscillating gate driver is
limited to the resonant converter topologies, which is widely
adopted in the power amplifier applications.

C. Zero Initial Inductor Current Resonant Gate Driver

This category of resonant gate drivers share the similar idea
as the self-oscillating gate drivers. Instead of the oscillation
maintained by the transistor drain-source voltage, the resonant
tank is generally connected to the conventional totem pole gate
driver and the square-wave voltage is applied to trigger the
resonance. As a result, the impedance matching is no longer
needed and the resonant gate driver can be easily applied in
different topologies for high frequency PWM modulation.

A multi-resonant gate driver designed for Class E power
amplifier is proposed in [39], which is shown as Fig. 9.
The resonant tank composed by Lr1, Lr2 and Cr, which
is designed to pass through the 1st and the 3rd harmonic
component. A quasi-square gate signal is generated, which
helps to reduce the switching transient and the transistor
switching loss. The gate transistors S1 and S2 both operate
at soft switching condition, which further helps to minimize
the gate driver loss. The resonant gate driver is implemented
to a Silicon MOSFET (FDMC86248) switching at 20 MHz
and the gating loss is reported to be lowered from 1.8 W to
0.72 W compared with the commercial gate driver (LM5114).
Further research into this idea for GaN transistor application
is demonstrated in [40]. The input capacitor of the GaN
transistor is also considered as part of the resonant tank. The
proposed gate driver is tested to drive a GaN based 13.56 MHz
Class-E inverter (TPH3066PS). The gating loss is reported
to be lowered from 0.88 W to 0.80 W compared with the
conventional totem pole gate driver.

The resonant gate driver topology with efficient power
recovery was first proposed in [41], which is shown as Fig.
10. Resonant inductor Lr is connected between the totem
pole bridge and the diode bridge. The freewheeling diodes
D1 and D2 provide the power recovery path for the excessive
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Fig. 10. Efficient power recovery topology [41].
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Fig. 11. Resonant gate driver with negative driving voltage: (a) resonant tank
topology [42] (b) power recovery topology [43].

inductor energy. For the 500 kHz MOSFET application, the
gating loss is reported to be 0.21 W, which is reduced by 55%
compared with the conventional gate driver loss. This topology
is further researched in [20] to be applied for the integrated
circuit (IC) application and the GaN transistor drive. Gating
loss is reported to be 0.20 W at 10 MHz from the simulation.

The low power loss of the resonant gate driver has once
inspired the research of its application in the GaN based
converter. At the early stage of the GaN transistor commercial-
ization, depletion-mode GaN transistor dominates the market,
which is the normally-on transistor and requires for negative
gate-on voltage [44]. Accordingly, research of resonant gate
driver with negative driving voltage was once a popular topic.
The resonant gate driver with negative driving voltage shown
in Fig. 11(a) is proposed in [42]. Cb and D3 are installed in the
gating path to provide the negative drive voltage. This topology
is researched in [45] and applied to drive the normally-on GaN
transistor for a 13.56 MHz Class E power amplifier. Based on
the similar idea, the energy recovery resonant gate driver with
negative gate voltage is given in [43], [46], which is shown
as Fig. 11(b). In [46], gating loss is reported to be lowered
from 0.11 W to 0.10 W for 1 MHz normally-on GaN transistor
application.

The slew rate of the transistor switching must be well
designed to guarantee the gating efficiency and reliability. For
the conventional gate driver, two gate resistors with different
resistance are respectively installed to the gate-on and gate-
off path to protect the transistor from over-shoot breakdown,
which is especially important for GaN transistor application
as the lack of avalanche breakdown and the limited voltage
tolerance [16], [48], [49]. The resonant gate driver with
controllable slew rate is proposed in [47] for Silicon MOSFET
application and further explored in [50] to be applied in GaN
transistor application. As shown in Fig. 12, the totem pole
output is separated into the charging path and the discharging
path, where different resonant inductor are installed to provide
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Fig. 12. Separate gate path topology [47].
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Fig. 13. Full-bridge resonant gate driver: (a) topology for low-side transistor
[51] (b) isolated gate driver [52].

asymmetric output. For the Silicon MOSFET application, the
resonant gate driver loss is reported to be reduced to less
than half of the conventional gate driver loss at 1 MHz
switching frequency. For the 600 V commercial GaN transistor
application, the gate driver loss is reported be be 0.92 W at 1
MHz switching frequency.

The resonant gate driver in full bridge configuration is
capable of providing negative gate voltage and generally
applied to drive the MOSFET in high voltage applications.
The full-bridge topology proposed in [51] is shown as Fig.
13(a). Compared with the conventional gate driver, the gating
loss is reported to be lowered from 9.30 W to 0.90 W at 360
kHz switching frequency. Benefit from this considerate loss
reduction, the overall power conversion efficiency is improved
from 98.2 % to 99.1 % for the 1 kW half-bridge inverter
application. Further research of this topology is carried out
in [52], which is shown as Fig. 13(b). A transformer with
two secondary windings is integrated in the gate driver to
provide isolated and dual-channel gate signal. The gating loss
is reduced by 76 % for the 500 kHz MOSFET application.

III. LITERATURE ANALYSIS

A. Prior-art Research Comparison

A thorough review of the resonant gate driver topologies
is given in the previous section. Several conclusions can be
made to summarize the prior-art research:

• For all the resonant gate drivers, the gating loss is
reduced by the same mechanism – the current source is
more efficient than the voltage source when charging and
discharging the capacitor.

• Majority of the resonant gate drivers are applied in
switching frequency around 1 MHz. Self-oscillating gate
driver, as a special category, is generally applied in 30 to
300 MHz switching frequency.

TABLE I
LITERATURE COMPARISON

Ref. fsw/MHz Pout/W GaN
transistor

Silicon
MOSFET

Switches
count

[51] 0.36 1000 D 4
[41] 0.5 * D 2
[52] 0.5 960 D 4
[30] 1 * D 4
[31] 1 50 D 4
[26] 1 * D 4
[46] 1 56 D 2
[47] 1 * D 2
[32] 1 50 D 4
[29] 2 20 D 2
[28] 10 5 D 1
[40] 13.56 * D 2
[42] 13.56 4.7 D 2
[39] 20 32 D 2
[37] 30 200 D 0
[33] 100 1.7 D 0
[35] 110 23 D 0

• Implementation of the non-zero initial inductor current
topology focus on the design of individual current con-
duction path and power flow path provided by the mod-
ulation of gate transistors.

• Implementation of the zero initial inductor current topol-
ogy focus on the design of resonant tank and gate voltage
shaping.

• Recovery of the residue energy within the resonant tank
is widely researched in both categories.

• Compared with the conventional gate driver, the resonant
gate driver is more efficient in the higher gate voltage
applications [25], [32], [53].

• Different from the conventional gate driver, the gating
loss is affected by the gate loop resistance. A larger gate
loop resistance, resulted from either the gate resistor or
the transistor parasitic gate resistance, will lead to extra
gating loss [24], [30], [31].

To provide an intuitive comparison, the prior-art researched
resonant gate driver topologies are summarized in TABLE I
and arranged in a descending order of the switching frequency.
All collected data is obtained from the literature review and
unspecified output power in some research is marked with ′′∗′′.
It shows that the resonant gate drivers have been applied to
a wide range of switching frequency, covering the medium
frequency range (300 - 3000 kHz), the high frequency range
(3 - 30 MHz) and the very high frequency range (30 -
300 MHz). For the medium to high frequency applications,
the resonant gate driver is used to maximize the power
conversion efficiency. Topologies including extra switches and
diodes bridge are all within this range of switching frequency,
which helps in the power recovery and further reduces the
gate driver loss. For the very high frequency applications,
the resonant gate driver is used to overcome the switching
frequency limitation from the commercial gate driver. All the
resonant gate drivers at very high frequency range adopt the
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Fig. 14. Percentage loss reduction data collected from the literature review.

self oscillating topologies, which completely get rid of the
gate transistors and capable of generating the gate signal up to
several hundred MHz. From the switches count point of view,
less transistors are used in the higher frequency resonant gate
driver design. This is resulted from the increasing loss in the
gate transistors at higher frequency compared with the gating
loss reduction which is irrelevant to the switching frequency.
Another limitation is the increasing control complexity for the
multiple transistor topologies in higher frequency range.

B. Future Research Topics

The gating loss saving is the major consideration for the
resonant gate driver design. To provide an equal comparison
between various resonant gate driver topologies, the percent-
age loss reduction compared with the conventional gate driver
is plotted against the switching frequency, which is shown in
Fig. 14. The self-oscillating gate driver category is excluded in
this plot for the difficulty in separating the gating loss from the
converter loss. Although the obtained data is rather scattered
in the vertical axis, it can be concluded that the majority of
the prior-art research has claimed a percentage loss reduction
around 40 - 70 %. The gating loss and the gate driver transistor
loss both contribute to the overall gate driver loss, while not all
of the prior-art research provides the detailed loss breakdown
[31], [54].

It should be emphasized that the application of the reso-
nant gate driver in the GaN based converter is not widely
researched. For the very high frequency power conversion,
all the researched self-oscillating gate drivers are used to
drive the conventional Silicon MOSFET. For the medium
to high frequency power converter, only two sets of data
from the literature review can be included in Fig. 14, and
both of them shows a rather low loss reduction percentage
of around 10 % [40], [46]. In [24], the resonant gate driver
even shows a higher loss compared with the conventional gate
driver, while the advantage of the proposed topology is given
as the reduced transistor switching loss. From the prior-art
research, necessity of the resonant gate driver in the GaN
transistor application is yet not clear. To provide a vision for
applying resonant gate driver in the GaN transistor, percentage
power loss is compared between the Silicone MOSFET and

(a)

 loss

Conduction loss

(b)

Fig. 15. Comparison of percentage power loss between gating loss and
conduction loss at 40 V drain-source voltage: (a) IRFZ44E Silicon MOSFET
(b) EPC2031 GaN transistor.

the GaN transistor. Since transistor switching loss is highly
dependent on the switching condition (hard switching or soft
switching, modulation scheme and load current), gating loss
and conduction loss are included for intuitive comparison.
According to the manufacturer data sheet, the gating loss
is calculated according to (1) and the conduction loss is
calculated as the transistor on-state resistance ohmic loss. Both
two calculated loss is then divided by the transistor apparent
power to obtain the percentage power loss, which are plotted
against conduction current and different switching frequency
as shown in Fig. 15.

From the comparison, it shows that the proportion of
transistor gating loss is significant at high frequency and
low power range. Implementation of the GaN transistor can
effectively reduce both the gating loss and the conduction loss,
which enables higher frequency applications. For the GaN
transistor, gating loss is still comparable to the conduction
loss within large range of conduction current and dominant in
the high frequency applications. Furthermore, the limited heat
dissipation capability of the GaN transistor package should
be considered. For example, 0.1 % percentage power loss
at 40 V, 5 A switching condition can lead to 9 °C rise on
the EPC2031 junction temperature (estimated according to
junction-ambient thermal resistance specified in the transistor
data sheet). Furthermore, reduced switching loss brought by
the resonant gate driver will further helps to improve the GaN
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transistor switching efficiency and thermal performance. As a
result, research of the resonant gate drive in the GaN transistor
application is essential.

IV. CASE STUDY

A. Case Analysis

According to the analysis from the previous section, further
research into the resonant gate driver shall focus on the
following two topics:

• Comparison of the resonant gate driver topologies with a
detailed loss breakdown.

• The effectiveness of applying the resonant gate driver to
the GaN based converter.

A case study is carried out in this section to discuss these
two problems. Two typical topologies each from one of the
major category are compared in details to investigate their
application in the Silicon MOSFET and the GaN transistor
respectively. Case A is the zero initial inductor topology
proposed in [41] and Case B is the non-zero initial inductor
current topology proposed in [31], which are shown in Fig. 16.
Both of them are representative topologies, which are widely
cited and investigated in other prior-art research. Furthermore,
these two resonant gate drivers resemble in topology and both
designs implement the idea of energy recovery, which makes
them ideal for comparison.

The ideal operation waveform of two resonant gate drivers
is shown in Fig. 17. Case A topology is composed by a
conventional totem pole bridge, a resonant inductor and a
schottkey diodes bridge. The input capacitor of Q, along with
the resonant inductor is charged during t0−t1. Energy recovery
takes place during t2 − t3 and the residue energy within the
resonant inductor is returned to the gate voltage source via
the path of S2 body diode, Lr and D1. In Case B topology,
the schottkey diodes bridge is replaced by another totem pole
bridge. During t0 − t1, two totem pole bridges are modulated
to charge the resonant inductor via the path of S2, Lr and S3.
The input capacitor of Q is then charged by the pre-formed
inductor current during t1 − t2. Energy recovery takes place
during t2 − t3 via the path of S4 body diode, Lr and S1.

B. Test Benchmark Specification

Test circuit shown in Fig. 18 is implemented for the
gate driver comparison. The topology is revised from the
conventional double pulse test circuit, which is a general
test method for the semiconductor characterization [55]–[57].
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Fig. 16. The resonant gate drivers in comparison: (a) Case A (b) Case B.
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Fig. 17. The idea operation waveform: (a) Case A (b) Case B.
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Fig. 18. Topology of the test circuit for the resonant gate driver comparison.

The resistor RDC is installed within the power loop to limit
the transistor switching current and guarantees the identical
switching condition between different gate driver implemen-
tation. The resonant gate driver is each applied with a 50 %
duty cycle, 1 MHz square wave digital signal. The inductor L
and the schottkey diode D provide the current circuiting path
during the transistor Q is switched off. The conventional gate
driver, the resonant gate driver from Case A and Case B are
implemented respectively to drive the transistor Q.

The transistor Q is picked as the Silicon MOSFET and the
GaN transistor respectively for the gate driver loss compari-
son. The implemented transistor specification is summarized
in TABLE II. Two transistors are of the same power rate.
Benefit from the wide band-gap semiconductor characteristics,
GS66516B has a lower gate charge Qg and requires for lower
gate voltage VG, which leads to a much lower gating loss
compared with the Silicon MOSFET IPW60R045CP. IRF6617
is used as the gate driver transistor in both cases. The resonant
inductor is chosen according to the design rules specified in
each paper and the equations for inductance calculation are
shown as (2) and (3) respectively

Lr A ≤ 1

CG

(
2trise
π

)2

, (2)

Lr B =
trise
CG

(
trise
4

+ td

)
, (3)
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TABLE II
COMPARISON OF THE IMPLEMENTED TRANSISTOR

IPW60R045CP GS66516B
Semiconductor

material Silicon Gallium
Nitride

VDS 650 V 650 V
ID 60 A 60 A
Qg 150 nC 12.1 nC
VG +15 V, -12 V +6 V, 0

Totem pole gate driver
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Fig. 19. Simulation waveform of the totem pole gate driver.

where trise is the gate voltage rising duration (t0 − t1 in
Case A and t1 − t2 in Case B) and td is the inductor pre-
charging duration (t0 − t1 in Case B). Comparison of results
is given in the LTSpice simulation, which is ideal for topology
comparison in order to provide the highly identical operation
condition between different cases. Furthermore, the power loss
on each circuit component can thus be obtained individually,
which are used to provide a thorough analysis of the gate
driver loss decomposition.

C. Comparison of Results

1) gate waveform comparison: Both topologies in Case A
and Case B were originally proposed for the Silicon MOSFET
application. The gate waveform is given for comparison in the
GaN transistor application at 1 MHz switching frequency. The
gate wave form of the conventional gate driver and the resonant
gate driver is given in Fig. 19 and Fig. 20 respectively, where
Ug is the gate voltage, Ig is the gate current and IL is the
inductor current. For the conventional totem pole gate driver,
the switching transient is rather slow. The peak gate current
reaches 1 A and decreases rapidly during the gating process.
The resonant gate drivers in both cases provide a larger gate
current with the peak value of 2 A and thus the switching
transient is shortened. The gate energy recovery process can be
observed in both two cases. In the Case B, the current forming
stage can be seen before the gate charging stage. Also, there’s
a noticeable current ringing in the resonant inductor during
the energy recovery stage in Case B, which is resulted from
the oscillation of resonant inductor and the parasitic capacitor
of the gate transistors. From the simulation results, it can be
concluded that resonant gate drivers in both Case A and Case
B show well feasibility in GaN transistor application.

2) switching loss comparison: A larger gate current pro-
vided by the resonant gate driver helps to reduce the switching
transient, and thus reduces the switching loss of Q. For
the conventional gate driver, the gate current is regulated
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Fig. 20. Simulation waveform: (a) Case A (b) Case B.

Fig. 21. The switching loss characterization of GS66516B.

by the gate resistor. For the resonant gate driver, the gate
current is regulated by the charging duration of the resonant
inductor, which can be increased in modulation control or a
smaller inductor selection. The switching loss characterization
of GS66516B is obtained by adopting the conventional gate
driver and two resonant gate drivers respectively, as shown in
Fig. 21.

At 400 V drain-source voltage, the switching loss of
GS66516B is obtained with the source current ranging from 5
A to 40 A. The switching loss characterization obtained from
Case A and Case B resembles each other, which is resulted
from the similar gate current in two cases. Compared with
the conventional totem pole gate driver, there’s a noticeable
reduction of the switching loss. At the 40 A source current
condition, the switching loss of GS66516B can be reduced by
7.7 % when using the resonant gate driver.

3) gate driver loss comparison: To provide a thorough
comparison of the gate driver loss, a detailed loss breakdown
is given. The total gate driver loss is composed by:

• The internal CV 2 loss, which is defined as the power
loss on the parasitic gate resistance of Q.
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TABLE III
GATE DRIVER LOSS FOR SILICON MOSFET APPLICATION

totem pole Case A Case B
internal CV 2 loss 0.78 W 0.84 W 0.77 W
external CV 2 loss 3.65 W * *
gate transistor loss 0.45 W 0.79 W 1.29 W

total 4.88 W 1.63 W 2.07 W

• The external CV 2 loss, which is defined as the power
loss on the gate resistor

• The gate transistor loss, which is defined as the power
loss on the transistor S. The loss on the diode bridge in
Case A is also included in this part for simplicity.

• The logic loss, which is defined as the power loss on the
signal generation provided to the gate transistor.

• The core loss and copper loss, which is defined as the
power loss on the resonant tank.

The gating loss is generally considered as the sum of
the internal CV 2 loss and the external CV 2 loss. For the
conventional gate driver, sum of the internal and external
gate resistance only matters in controlling the slew rate of
the transistor Q. A lower gate resistor selection will not help
in the gate driver loss reduction, which has been proved in
[41]. For the resonant gate driver, the resonant tank replaces
the conventional gate resistor and the gating loss equals to
the internal CV 2 loss. Extra parasitic gate resistance from the
transistor Q will lead to higher internal CV 2 loss. As a result,
the transistor with a lower gate resistance is preferred in the
resonant gate driver application. The gate transistor loss can be
reduced by adopting the gate transistor with low on-resistance
and small output capacitance. In the case study, IRF6617 from
International Rectifier is used as the gate transistor for all three
topologies and RBR10NS30A from Rohm is used to compose
the Schottky diodes bridge in Case A. The logic loss and, the
core loss and copper loss of the inductor are much smaller
than the other loss sources and also difficult to be generally
quantified for various application scenarios, which are omitted
in the loss comparison.

The gate driver loss breakdown for the Silicon MOSFET
application is shown in TABLE III. Compared with the con-
ventional totem pole gate driver, the gating loss is largely
reduced by 81.0 % and 82.6 % in Case A and Case B
respectively. This comes with the price of extra gate transistor
loss and the total gate driver loss is reduced by 66.6 % and
57.6 % in Case A and Case B respectively. In some prior art
research, the percentage loss reduction is not clearly defined
as the total gate driver loss or the gating loss, which explains
the scattered data points collected in the Fig. 14.

The gate driver loss breakdown for the GaN transistor
application is shown in TABLE IV. The gating loss is reduced
by 71.9 % and 77.3 % in Case A and Case B respectively.
However, the gating loss of the GaN transistor is much lower
and comparable to the gate transistor. Extra gate transistor loss
in Case A and Case B contributes to the majority of the total
gate driver loss. Percentage reduction of the total gate driver
loss is negligible.

TABLE IV
GATE DRIVER LOSS FOR GAN TRANSISTOR APPLICATION

totem pole Case A Case B
internal CV 2 loss 0.01 W 0.04 W 0.03 W
external CV 2 loss 0.12 W * *
gate transistor loss 0.02 W 0.10 W 0.12 W

total 0.15 W 0.14 W 0.15 W

Furthermore, it should be noted that the internal CV 2 loss
of the resonant gate driver is 3 to 4 times higher than the con-
ventional gate driver, which is resulted from the increased gate
charge/discharge current. The internal CV 2 loss will result in
heating within the GaN transistor package, which should not
be neglected considering the limited heat dissipation capacity
resulted from the chip scale package. Case A and Case B are
similar in percentage loss reduction for both Silicon MOSFET
and GaN transistor application.

In comparison of the two resonant gate drivers, the gate
charge current in Case A is decided by the resonant inductor,
while in Case B is on-line changeable according to the phase
shift modulation. For the resonant gate driver, design of the
gate charge current is trade-off between the transistor gating
loss and switching loss. Thus, Case B topology brings more
flexibility in the varioius applications, especially considering
the PCB inductor technique widely adopted in the Case A
topology. On the other hand, implementation of Case B
topology comes with the price of extra gate transistor loss,
extra effort in inductor selection and more control complexity.

V. CONCLUSIONS

A thorough review of the resonant gate driver is given in
this paper. Topology comparison is given between the two
general groups of the resonant gate driver categorized by the
initial inductor current. For the medium to high frequency
application, topologies with extra transistor or diode bridge
are widely used, which introduces more control flexibility to
further minimize the gating loss. For the very high frequency
application, the self-oscillating topologies are generally used
to get rid of the gate transistor and maximize the switching
frequency. A case study is carried out to investigate the
application of two typical resonant gate driver topologies. For
the Silicon MOSFET application, the CV 2 loss contributes to
the majority of the total gate driver loss. The resonant gate
driver is effective in both CV 2 loss reduction and the total
gate driver loss reduction. For the GaN transistor application,
the gating loss is comparable to the gate transistor loss. The
resonant gate drivers are effective in the CV 2 loss reduction,
but lead to much more loss in the gate transistors. As a result,
the total loss of resonant gate driver is not evidently reduced
and potentially higher than the conventional gate driver if the
extra inductor loss and digital loss are taken into account.
Benefit of the resonant gate driver in the GaN based converter
application is validated in the switching loss reduction, which
is resulted from its fast charging/discharging capability.
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Bainan Sun, Kasper Lüthje Jørgensen, Zhe Zhang, Michael A.E. Andersen
Department of Electrical Engineering

Technical University of Denmark

2800 Kongens Lyngby, Denmark

Email: baisun@elektro.dtu.dk, kalj@elektro.dtu.dk, zz@elektro.dtu.dk, ma@elektro.dtu.dk

Abstract—PCB layout for Gallium Nitride (GaN) transistor
power loops are critical for achieving a stable operation in
power converters. Optimal design should minimize the parasitic
inductance as well as provide a low thermal resistance for heat
dissipation. A multi-physic evaluation of performance between
different PCB designs are made and a novel layout is proposed in
this paper. The parasitic inductance and heat distribution of each
layout are compared. The parasitic inductance is obtained from
the oscillation frequency of the transistor drain-source voltage
ringing. The thermal comparison is done with a combination
of measurements and calculations. To ensure identical operating
conditions, the buck converter adopts a modular design idea,
where the plug-in totem poles of different designs are placed on
the same motherboard. An optimized strategy for GaN transistor
layout is given.

Index Terms—Gallium Nitride; PCB layout; parasitic induc-
tance; thermal analysis; multi-physic simulation.

I. INTRODUCTION

GaN transistor has been introduced as a promising solu-

tion for high power density converter design [1] [2]. High

frequency switching largely shrinks the volume of the con-

verter passive components. However, at the same time, GaN

transistor application introduces challenges in PCB layout [3] .

Parasitic inductance from the PCB tracks will add considerate

ringing to the transistor gate-source and drain-source voltage

during the switching transients. Compared with Silicones and

Silicone Carbide (SiC) transistor, GaN transistors are more

vulnerable to voltage overshoot for the limited voltage rating

and gate threshold. As a result, PCB layout for GaN transistor

must be optimized to minimize the parasitic loop inductance

[4].
The gate loop and the power loop of GaN transistor are

the two critical loops considered for layout optimization [5].

For the optimal gate layout design, loop inductance must be

minimized to avoid gate over voltage during turn-on transient

and unintentional triggered-on during turn-off transient [6]

[7]. The phenomenon of gate unintentional triggered can be

further suppressed by applying negative gate voltage, while

extra reverse conduction loss is introduced [8] [9]. Moreover,

cross talk in GaN transistor totem pole should also be avoided

by low capacitance design in gate loop layout and appropriate

gate resistor selection [10] [11].
The power loop in a GaN transistor totem pole is composed

of two transistors and the paralleled decoupling capacitors,
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Fig. 1. Power loop in totem pole topology.
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Fig. 2. Parasitic impedance in totem pole application.

which is shown in Fig. 1. The key issue of power loop

layout optimization is to minimize the parasitic inductance.

For a general voltage source converter application, the parasitic

impedance in the totem pole is shown in Fig. 2. The switch

node is viewed as a three-port impedance network in this

paper. Parasitic inductance Lp 1 and Lp 2 are conducting

respectively in the two steady-state conduction modes of totem

pole transistors Q1 and Q2. Influence of Lp 1 and Lp 2 is

neglected under most circumstance when a relatively large in-

ductor is series-connected as part of the output filter. Parasitic

inductance Lp h, Lp m and Lp l, shown in Fig. 2, compose the

power loop inductance, which is resonant with the transistor

output capacitor Cp h and Cp l during the switching transient.

The optimal power loop effectively reduces the power loop

inductance and thus reduces the drain-source voltage ringing

during hard switching operation [12] [13] [14]. Several power

loop layout designs have been discussed in [15] [16]. Loop

length minimization and magnetic canceling are applied to

find the optimal layout. A multi-loop method for power loop

layout is proposed in [17] and loop inductance is further
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reduced to 25% of the conventional design. Most of the

earlier researches have focused on the land grid array (LGA)

packaged GaN transistor. Voltage rating of the commercially

available LGA packaged GaN transistors is limited to 350

V. Power loop layout optimization for 650 V rated GaNPX

packaged transistors is rarely mentioned. Moreover, power

dissipation and thermal design are critical in the application

of high power rate GaN transistors. Evaluation of power loop

layout considering both parasitic minimization and thermal

dissipation is absent from the prior-art.

This paper provides a multi-physic evaluation of the dif-

ferent PCB layout designs in GaN transistor applications.

Three conventional layout designs along with one novel min-

imal layout method are introduced in Section II. Section

III elaborates the experimental measurement of power loop

inductance. Comparison of the power loop inductance in

each layout design is given. In Section IV, switching loss

characterization is given with the double pulse test. Thermal

analysis of different layout designs is carried out based on

the loss decomposition and thermal image of modular buck

converter operation. Conclusions are given in Section V.

II. POWER LOOP LAYOUT COMPARISON

A. Design Explanation

Evaluation of low inductance power loop layout is based on

the application of 650 V, 15 A GaN transistor (GS66504B).

The decoupling capacitors adopts the multi layer ceramic

capacitor (MLCC), with a 500 V voltage rating and a 1812

package. Two layer FR4 PCB with the copper thickness of 2
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Fig. 5. Hybrid layout.
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oz is used. Creepage distance is chosen as 0.8 mm for each

design, which applies for the generic PCB design standard

(IPC-2221) at 500 V peak voltage isolation [18].

Lateral layout is shown in Fig. 3, which uses solely top layer

for components placement and PCB layout. Distance between

the decoupling capacitors and transistors is defined by the

galvanic isolation clearance. Power loop length is minimized

in the horizontal dimension. To further minimize the power

loop, vertical layout is shown in Fig. 4. Vertical layout places

the transistors in the top layer and decoupling capacitors in the

bottom layer. Conduction between the two layers is completed

by vias through the whole PCB board. Compared with lateral

layout, power loop length is further reduced. Hybrid layout,

shown in Fig. 5, adopts the idea of magnetic canceling to

minimize the parasitic inductance. Transistors and decoupling

capacitors are placed on the top layer, while the power return

path is placed underneath. The power flow in these two layers



TABLE I
POWER LOOP LAYOUT COMPARISON

Dimensions Lateral space Vertical layer Components placement

lateral layout 15.4 mm×12.0 mm 184.8 mm2 1 one side

vertical layout 12.7 mm×12.0 mm 152.4 mm2 2 double side

hybrid layout 7.9 mm×21.8 mm 172.2 mm2 2 one side

minimal layout 13.5 mm×10.8 mm 145.8 mm2 2 double side
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Fig. 7. Modular buck converter.

are in a reverse direction. Hencem, the magnetic field excited

by the current in these two layers are canceled and the parasitic

inductance is reduced. A minimal layout is proposed in this

paper, shown in Fig. 6. Two transistors are placed on the top

and bottom layer respectively. Decoupling capacitors are also

placed on both sides of the PCB, which helps to further reduce

the power loop length. In the meantime, magnetic canceling

is maintained by the opposite current flow direction in these

two layers.

Power loop layout comparison is shown in TABLE I.

Minimal layout takes the least lateral space and reduces 21 %

lateral space taken compared with the lateral layout. Vertical

layout also reduces 17.5 % of the space taken by the lateral

layout. Both the minimal and vertical uses two sides of PCB to

place component, which calls for challenge in manufacturing.

Lateral space reduction in hybrid layout is not evident.

B. Modular Buck Converter

For comparing the different totem pole layouts, a buck

converter is designed, as shown in Fig. 7. A modular design

is adopted to guarantee identical test conditions for different

layouts. The transistor totem bridge and decoupling capacitors,

along with the gate driver and digital power supply, are

placed on the daughter board. The rest of the buck converter,

including DC bus capacitor and output filter, are placed on the

mother board. Experimental setup is shown in Fig. 8. Digital

controller DSP F28335 is used to apply gate signal via BNC

coaxial cable. Lecroy passive probe (400 MHz band width,

capacitance < 6 pF) is used to accurately measure the voltage

signal. Ground connection of the probe uses the ground clip

to reduce the extra parasitic inductance.
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C
switch node

power loop

 

 

DSP F28335
Control Board

Mother Board

Daughter Board

Fig. 8. Experimental setup.
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Fig. 9. Ideal waveform of the synchronous buck converter.

III. PARASITIC COMPARISON

A. Parasitic Analysis in Buck Converter

Synchronous buck converter has two operation modes: con-

tinuous conduction mode (CCM) and synchronous conduction

mode (SCM), the ideal waveform of which is shown in Fig.

9. G1 and G2 are the gate signal of the high-side and low-

side transistor. U1, U2 and I1, I2 are the drain-source voltage

and source current of the high-side and low-side transistor

respectively. IL is the inductor current. Influence of the power



TABLE II
POWER LOOP INDUCTANCE COMPARISON

External capacitor Total capacitance Ringing frequency Power loop inductance

lateral layout 970 pF 1301 pF 74.9 MHz 3.47 nH

vertical layout 1020 pF 1351 pF 83.5 MHz 2.69 nH

hybrid layout 970 pF 1301 pF 86.2 MHz 2.62 nH

minimal layout 990 pF 1321 pF 90.8 MHz 2.32 nH

Reverse voltage drop

Low side drain-source 
voltage

High side drain-source 
voltage Ringing frequency

86.2 MHz

Fig. 10. Transistor drain-source voltage during the switching transient.

loop inductance is most evident in the hard switch on transient

of the transistor. During this transient, the energy stored in the

output capacitor of high side transistor is discharged within

the power loop. Power loop inductance is resonant with the

output capacitor of the low side transistor and lead to drain-

source voltage ringing in the low side transistor, which must

be minimized to avoid over voltage. Both the high side and

the low side transistor is soft switched on in SCM. High side

transistor is hard switched on in CCM.

The frequency of the voltage ringing can be calculated as

fsw =
1

2π
√
LtotalCoss

, (1)

where Coss is the output capacitor of the low side transis-

tor and Ltotal is total power loop inductance. It should be

noted that Ltotal is the sum of all the inductive component

along the power loop, including both PCB inductance and

parasitic inductance within the device package. According to

the measured ringing frequency, it is then possible to obtain

this total loop inductance according to equation (1). However,

the GaN transistor has a ultra low output capacitor (33 pF

for the selected transistor at 400 V drain-source voltage). The

frequency of the drain-source voltage ringing can be much

higher than 500 MHz, which calls for difficulty in the practical

measurement (limitation from the bandwidth of the probe and

the oscilloscope).

B. Parasitic Inductance Comparison

To obtain the power loop inductance experimentally, an

external capacitor is parallel connected to the low side transis-

tor. The ringing frequency can be thus lowered and correctly

measured. Furthermore, the parasitic inductance of the ground

clip is decoupled by this external capacitance, which helps to

  

  

UDC Cbus

Q1

Q2

RShunt

L

Fig. 11. Schematic of the double pulse test.

enhance the measurement accuracy. Selection of the external

capacitance is a trade-off between the measurement accuracy

and availability. Measurement accuracy is lowered with a low

external capacitance and too large capacitance will damp out

the voltage ringing. According to the analysis and experiment

comparison, an optimal value of 1nF is selected as the external

capacitor. Multi-layer ceramic capacitor (MLCC) in surface

mount device (SMD) package is used for its ultra low parasitic

inductance.

The measurement of power loop inductance is carried out

in 20 V DC bus condition. External capacitor will largely slow

down the switching transient and a low operating voltage will

protect the half bridge from shoot through. Furthermore, the

frequency of the voltage ringing is not relevant to the bus

voltage, which guarantees the measurement accuracy. Experi-

mental waveform is shown in Fig. 10. Buck converter operates

in CCM and the high side transistor is in hard switching

condition. The test results are summarized in TABLE II. Each

external capacitor is individually measured before mounting

on the PCB. The total parasitic capacitance within the power

loop include the external capacitor, transistor output capacitor

(325 pF at 20 V drain-source voltage) and the parasitic

capacitance of the passive probe (6 pF). Lateral layout has the

largest power loop inductance of 3.47 nH. Vertical and hybrid

layout has similar power loop inductance and each reduces the

power loop inductance by 24 %. The minimal layout has the

lowest power loop inductance, which has a reduction of 33 %

compared with the lateral layout.

IV. THERMAL ANALYSIS

A. Double Pulse Test

For the thermal analysis, the losses at different currents

for the devices need to be known. A general method of

determining the losses is by doing a double pulse test (DPT)

[19]. The DPT circuit is shown in Fig. 11 and the experimental
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Fig. 13. Experimental waveform of the double pulse test.

setup is shown in Fig. 12. The double pulse tester used has

a shunt resistor in the low side FET current path in order to

measure the current, and adopts the hybrid layout strategy. It

should be noted that the power loop inductance will not affect

the switching loss calculation, which can thus be applied to a

general loss estimation. Fig. 13 shows the current waveform

and the drain-source voltage of the low side switch, and

indicates the two switching moments used to measure the

switching loss. The loss at different currents are shown in

Fig. 14, and it is seen that switch-on has the higher loss than

the switch-off transient.

B. Thermal Analysis

During the transistor operation, heat generated from the

transistor junction is conducted to the PCB thorough the ther-

mal pad of the transistor. Different layout methods varies in the

thermal dissipation capability, which thus lead to difference in

the operating temperature and the maximum switching power.

The thermal evaluation of different layouts is first examined at

a fixed switching condition. Four daughter boards based on the

four layout methods are respectively plugged into the mother

board to be switch at the same condition specified in TABLE

III. Experimental waveform of the modular buck converter

operation is shown in Fig. 15. The modular buck converter

operates in SCM and both transistors in the half bridge are

Fig. 14. Loss characterization from double pulse test.
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conduction hard switch-off

reverse conduction soft switch-on
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Fig. 15. Experimental waveform of the modular buck converter.

soft switched on. The total loss in each transistor includes

conduction loss, reverse conduction loss and hard switched-

off loss, which are calculated according to the data sheet from

the manufacturer and the switching loss characterization from

the double pulse test. It should be noted that the low side

transistor has a higher power loss than the low side transistor,

which is resulted from the difference in the reverse conduction

current during the dead time. The thermal test is carried out at

no air flow condition and no heat sink is installed. The room

temperature is measured to be 24 °C.

The thermal distribution of each design during the fixed

power test is shown in Fig. 16. Each result is captured when

the thermal distribution and the transistor case temperature

are stable after the consecutive operation of 5 minutes. The

low side transistor always shows a higher temperature than

the high side transistor, which is resulted from the extra

reverse conduction loss. Minimal layout shows the lowest

temperature, with a 10.5 °C temperature reduction in the low

side transistor compared with the lateral layout. The junction-

ambient thermal resistance of the minimal layout can thus be

estimated to be 29.6 K/W. From the comparison of thermal

image, it should be noted that the thermal distribution in the

minimal layout is more uniform than the other three designs,

which helps to reduce the thermal resistance.



TABLE III
SWITCHING CONDITION FOR THERMAL COMPARISON

input voltage 400V output voltage 200V

output power 300W output current 1.5A

switching frequency 100kHz dead time 100ns

on-state resistance 100mΩ reverse voltage drop 5V

high side transistor loss 1.27W low side transistor loss 1.42W

Lateral layout

(a)

Vertical layout

(b)

Hybrid layout

(c)

Minimal layout (front side)

(d)

Minimal layout (back side)

(e)

Fig. 16. Comparison of temperature distribution in each layout design.

TABLE IV
MAXIMUM POWER CAPABILITY

Lateral layout Vertical layout Hybrid layout Minimal layout

388 W 400 W 430 W 440 W

After the fixed power rate thermal test, each layout design is

then tested to determine the maximum operation power. The

operating condition maintains the same as the fixed power

test and the output power is pushed to the limit restricted

by the junction temperature. The normal operating junction

temperature of the selected GaN transistor is specified as -

55 °C to +150 °C and the junction-case thermal resistance

is specified to be 17 K/W from the transistor data sheet.

Accordingly, the criteria for maximum power rate is defined

when the transistor top-side case temperature 100 °C, which

is a close approach to the junction thermal limit referred from

the thermal model. The result of maximum power test are

summarized in TABLE IV. The minimal design shows the

highest power rate, which can well handle the 440 W buck

converter in SCM operation. The daughter board based on the

hybrid layout shows a similar maximum power rate of 430

W. Lateral and vertical layout can handle 388 W and 400 W

output power respectively.

V. CONCLUSIONS

This paper provides a multi-physic analysis of the power

loop layout in GaN transistor application. Three conventional

layout methods are elaborated. A novel minimal layout method

is proposed in this paper, which can reduce the horizontal

layout space by 21 % compared with the lateral layout. Power

loop inductance in vertical layout is 23.4 % lower than the

lateral layout, which validates the importance of conduction

loop design and decoupling capacitor placement. Power loop

inductance is further reduced in hybrid layout by the magnetic

canceling. The minimal layout has the lowest power loop

inductance of 2.32 nH, which is resulted from the short

conduction loop. Minimal layout can also well handle the

thermal dissipation, junction-to-ambient thermal resistance of

which is calculated to be 29.6 K/W.
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Abstract—Gallium Nitride (GaN) transistor in the high power
density converter application is widely researched nowadays.
High frequency switching largely reduces the volume of passive
components and also leads to challenges in the PCB layout.
Parasitic inductance within the critical power loop should be
minimized to fully harness the potential of GaN transistor fast
switching capability. This paper provides a numerical method for
the power loop inductance quantification. Experimental results
on the synchronous buck converter are given to validate the
estimation accuracy.

Index Terms—Power loop inductance, GaN transistor, finite
element analysis.

I. INTRODUCTION

GaN HEMT has lower parasitic capacitance and faster

switching capability compared to its Silicon counterparts [1]–

[3]. During high frequency switching, parasitic inductance of

the power loop PCB tracks, as shown in Fig. 1(a), will result

in drain-source voltage ringing and potentially leads to the

transistor over-voltage breakdown [4]–[6]. This power loop

inductance should be quantified and minimized in the design

stage of PCB layout. Finite element analysis (FEA) tool is

widely used and proved precise in extracting the parasitic

inductance from 3D circuit models [7]–[11]. However, FEA

simulation on the PCB model is time-consuming and incon-

venient for layout optimization. A numerical model of the GaN

transistor power loop inductance is essential.

A well-known low inductance power loop layout method

is shown in Fig. 1(b). Magnetic cancellation is achieved by

opposite current flows in the paralleled planes, which helps

to reduce the power loop inductance [12]. To numerically

quantify the power loop inductance value, the classic equation

for PCB inductance calculation is generally used as

Lpcb = μ0
h

w
l , (1)

where μ0 is the vacuum permeability, w is the conductor

width, l is the conductor length and h is the vertical distance

between the two conductors. The classic equation is derived

from the Maxwell equation and Biot-Savart law, and simplified

on the 2D geometry, as shown in Fig. 1(c), based on the

assumption of uniform electric field (H field) between two

infinite long tracks. However, the classic equation is reported

to be inaccurate in low w/h ratios and a more complex

numeric model is researched in [13]. The model is based

on the premise of uniform current distribution within the two
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Fig. 1. GaN transistor totem pole.

PCB tracks, which is not valid in the high frequency ringing

scenarios.

The power loop inductance in the GaN transistor implemen-

tation is investigated in this paper. Section II explains several

basic inductance concepts, and introduces how they matter

in the power loop inductance modeling and quantification.

The equivalent loop conductor concept is illustrated as a

novel approach for power loop inductance quantification. In

Section III, the numerical equation for power loop inductance

estimation is provided based on the parameter sweep in FEA

simulation, which is verified by the experimental results on the

synchronous buck converter. Section IV concludes the paper.



II. INDUCTANCE IN TRANSISTOR POWER LOOP

A. Self-inductance and mutual-inductance

Inductance is one of the most widely misunderstood con-

cepts in the electrical engineering [14]. As the basis for partial

inductance and power loop inductance illustration, the funda-

mental concepts of inductance are first discussed. Alternating

current in the conductor induces changing magnetic field (B),

which is described by the Faraday’s law shown in (2). Time-

varying magnetic field cut through the closed loop conductor

area will induce reverse voltage potential (ε) to oppose the

original alternating current. Inductance is defined to describe

this opposing relationship between the induced voltage po-

tential and the original current. If the voltage potential is

induced in the same conductor in which the alternating current

is conducting, this effect is described as self-inductance (L).

For the simplified 2D geometry conductor, the self-inductance

is derived in (3) and defined as (4). It should be noted that

a closed loop integration path has to be defined for both

Faraday’s law and inductance definition. In other words, the

concept of inductance can only be applied in a closed loop

conductor. ∮
�E · dl = −

∫
∂B

∂t
· d�S (2)

ε = − d

dt

∫∫
�B · d �A = −L

di

dt
(3)

L =

∫∫
�B · d �A
di

(4)

The magnetic field induced by current can be calculated

by Biot-Savart law, as shown in (5), where μ0 is the vacuum

permeability and r is the differential element in the direction

of conventional current. According to (4) and (5), it should

be noted that the self inductance is irrelevant to the amplitude

and frequency of the excitation current.

Br =
μ0

4π

∫
C

idl × r′

|r′|3 (5)

Mutual-inductance (M ) is used to describe the effect when

the opposing voltage potential is induced by the alternating

current in another conductor, which is defined in (6) and (7).

It should be noted that the mutual-inductance between two

conductors are the same, which can be proved by Biot-Savart

law and Ampere’s circuital law. Mutual-inductance can be

numerically calculated according to the coupling coefficient

(K) and self-inductance of each conductors, as shown in 3.

The coupling coefficient K varies from 0 to 1 and decided by

the spatial alignment of the two conductors.

M12 =

∫∫
�B12 · d �A2

di1
(6)

M21 =

∫∫
�B21 · d �A1

di2
(7)

M12 = M21 = K ·
√
L1L2 (8)

Lp_1 Lp_2

Mp

(a) Series connection.

Lp_1

Lp_2

Mp

(b) Parallel connection.

Fig. 2. Series and parallel connection of partial inductance.

Several points need to be emphasized include:

(1) Inductance must be defined in a close loop conductor

(2) Self-inductance is decided by the current flow path and

the space permeability.

(3) Mutual-inductance is defined in the geometry of two

adjacent closed loop conductors.

(4) Mutual-inductance is decided by the current flow path in

each conductor, spacial alignment of the two conductors and

the space permeability.

B. Partial-inductance

As discussed in the last section, self-inductance and mutual-

inductance are used to investigate the electromagnetic inter-

ference (EMI) of and in between the close-loop conductors.

However, in the research of high-speed digital circuit and

long-distance transmission line, there’s a growing interest in

the electromagnetic induction of the partial element within

a circuit operation. The concept of partial-inductance is thus

proposed to break the total conductor loop into multiple

elements and individually investigate the EMI between these

elements. The inductance of via, wire or PCB tracks discussed

in many books and papers are all within the scope of partial-

inductance. Self-partial-inductance (Lp) and mutual-partial-

inductance (Mp) are defined in a similar way as (3)(6)(7),

numeral value of which are determined by the current distri-

bution and spatial alignment of the partial branches. Parallel

and series connection of partial inductance is shown in Fig. 2

and the corresponding numeral equation are shown in (9)(10).

Lp series = Lp 1 + Lp 2 + 2Mp (9)

Lp parallel =
Lp 1Lp 2 −M2

p

Lp 1 + Lp 2 − 2Mp
(10)

Inductance of one single piece of copper cannot be defined

without a ground path identified. Similarly, partial inductance

itself doesn’t have a physical meaning. Any numeral value

of partial inductance from calculation, simulation or manufac-

turer data sheet is based on one assumed ground return path.

However, partial inductance can be used to optimize the loop

inductance. The overall inductance of a closed loop conductor

can be obtained by summing up the partial inductance of each

partial element according to (9). (10) reveals the EMI effect

between the partial paralleled conductors, which is used in [6]

for gate loop and power loop optimization.
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Fig. 3. Partial inductance in power loop.
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Fig. 4. Equivalent power loop inductance.

C. Partial inductance in the converter power loop

The partial inductance network within a power loop can

be given as the equivalent circuit shown in Fig. 3. Lc 1, Lc 2

and Lc 3 are the parasitic inductance from the package of GaN

transistor and decoupling capacitor respectively. The chip scale

package widely adopted by the GaN transistor manufacturers

largely reduces this package inductance as low as 0.1 nH. Lp 1,

Lp 2 and Lp 3 are the partial inductance from PCB tracks,

which contribute to the majority of the power loop inductance.

In addition to the self partial inductance, there’s mutual partial

inductance between each two conductor elements, which is

omitted in Fig. 3(b) for simplicity. This model is the basis of

3D FEA simulation. FEA results can be obtained as a m×m
matrix, where m pieces of conductors are considered in the

simulation. Diagonal elements in the matrix can be explained

as the self partial inductance and non-diagonal elements can

be explained as the mutual partial inductance.

To simplify the close-geometry EMI interference between

each PCB tracks, the equivalent partial inductance model is

shown in Fig. 4. For the PCB layout with regular shaped PCB

tracks, the partial inductance of two paralleled plates (Lep 1,

Lep 2 and Mep 12) contributes to the majority of power loop

h

Power flow path

t

Fig. 5. Power loop equivalent conductor.

inductance. Impact of the partial inductance Lep 1, Lep 2 and

Mep 12 is generally neglected. Instead of solving the partial

self inductance and partial mutual inductance individually, the

power loop inductance is estimated based on the magnetic flux

and conduction current distribution. This model is generally

used as the basis of 2D FEA simulation and numerical

equation derivation.

III. NUMERICAL QUANTIFICATION BASED ON THE LOOP

METHOD

A. Loop Inductance Quantification

In this paper, the power loop inductance is further equivalent

to the self inductance of one single equivalent inductor as

shown in Fig. 5. The equivalent conductor has the same geom-

etry dimensions as the PCB tracks in the layout method shown

in Fig. 1(b). Numerical equation of the power loop inductance

is obtained by the curve fitting of FEA results collected from

the equivalent conductor parameter sweep. TABLE I shows

the geometry values used in the parameter sweep, which is

defined by the dimensions of the GaN transistor package and

the decoupling capacitor package.

Inductance of the equivalent conductor can be viewed as

proportional to the length l in the considered geometry range,

which has been proved in prior-art numerical derivation. Cop-

per thickness t has no impact on the inductance value for the

proximity effect during the high frequency ringing. Parameter

sweep range of h is decided by the general clearance between

internal layers of PCB and the range of general PCB board

thickness, which is collected from the PCB manufacturer.

Parameter sweep range of w covers all the width value

of commercial available GaN transistor package, which is

TABLE I
GEOMETRY VALUES USED IN THE PARAMETER SWEEP

Default parameter
h w l t

1 mm 6 mm 20 mm 0.07 mm

Parameter sweep

h w

0.1 - 0.3 mm

(0.05 mm spacing)
1 - 15 mm

(1 mm spacing)
0.5 - 4 mm

(0.5 mm spacing)



Fig. 6. Curve fitting of the FEA results given in MATLAB.
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Fig. 7. Synchronous buck converter prototype.

collected from the GaN manufacturer data sheet. This method

can be viewed as a trade-off between the time-consuming

FEA simulation on the practical PCB tracks model and the

mathematical derived equation with limited accuracy range.

Benefit from the regular shape of the equivalent conductor, the

FEA simulation model with user defined geometry parameters

is easily built in ANSYS Maxwell. Computation load of the

FEA parameter sweep is greatly lowered and 195 points of

inductance value are obtained with 10 hours’ simulation time

on the laptop.

Lloop
∼= μ0

h

w
l(

0.27

1− 0.74 · e−0.45(h/w)
) (11)

The FEA simulation data is then imported into MATLAB.

As shown in Fig. 6, curve fitting is done by the logistic

correction on the classic equation (1). The customized power

loop inductance equation is given as (11), which shows a high

goodness of fit with R-square value equals 0.9992 (ideal fitting

value is 1).

B. Experimental Validation

A synchronous buck converter is set up to validate the

proposed numerical equation. As shown in Fig. 7, two GaN

transistors (GS66504B) are configured as totem pole using the

low inductance PCB layout. The duty ratio of synchronous

buck converter is set to be 0.5 and first tested in 400 V, 300

W switching condition. As shown in Fig. 8, both high side

Iavg=1.5 A

Ipeak=4.2 A

Ivalley=˗1.2 A

 Low Side
Transistor Vds_l

 High Side
Transistor Vds_h

 Inductor Current
IL

Fig. 8. Experimental waveform of the synchronous buck converter.
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Fig. 9. Measured drain-source voltage ringing at 50 V DC bus.

and low side transistor shows a well switching performance

with minor voltage ringing on the drain-source voltage.

f0 = 1/2π
√
LloopCoss (12)

f1 = 1/2π
√
Lloop(Coss + Cex) (13)

To correctly obtain the power loop inductance in the pro-

totype, drain-source voltage ringing frequency is measured.

During the switching transient, the power loop inductance is

resonant with the transistor output capacitor and the frequency

can be obtained as (12). If external capacitor is paralleled to

the transistor, the ringing frequency frequency will change to

(13). By solving (12) and (13), power loop inductance Lloop

and transistor output capacitance Coss can thus be solved. In

this test, the switching voltage is set to be 50 V. At this low

drain-source voltage, Coss is lowered to around 200 pF, while



TABLE II
COMPARISON OF THE POWER LOOP INDUCTANCE ESTIMATION METHOD

Measured data

f0=165 MHz f1=220 MHz

Estimation value

based on (12) (13)

Coss = 192.9pF Lloop = 2.7 nH

Geometry data

l = 17 mm w = 6 mm

h = 0.95 mm

Estimation value

based on the classic equation (1)

Lloop = 3.4 nH

Estimation value

based on the proposed equation (11)

Lloop = 2.9 nH

the power loop inductance is not relevant to the conduction

current density. Therefore, the ringing frequency is lowered

below 300 MHz, which is within the bandwidth of general

passive voltage probe. External capacitor is selected to be

close to the transistor output capacitance value (150 pF used

in this test), which guarantees the measurement accuracy. The

obtained ringing waveform is shown in Fig. 9.

Estimation of the power loop inductance is summarized

in TABLE II. From the measured ringing frequency, the

power loop inductance is estimated to be 2.7 nH according

to (12) (13). This value is corroborated by the estimated

transistor Coss value, which fits the characterization curve

specified in the data sheet. Using the proposed numerical

equation, the estimation value based on the layout geometry

data is only 0.2 nH larger than the estimation value from

the experimental results. The proposed method shows a high

estimation accuracy with the deviation rate of 7 %, which

is much smaller than the 26 % deviation rate by the classic

equation.

IV. CONCLUSION

In this paper, power loop inductance in the GaN transistor

PCB layout is discussed. The basic concepts of self, mutual

and partial inductance, and their impact on the power loop

inductance quantification are illustrated. A numerical equation

for the GaN transistor power loop inductance estimation is

given based on the FEA results of the loop conductor param-

eter sweep. The proposed method shows a high estimation

accuracy compared with the experimental results from the

synchronous buck converter.
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Abstract—Power loop is critical in the PCB layout considera-
tion. Especially for high frequency GaN transistor applications,
low inductance power loop design is needed to guarantee the
switching reliability and the operation efficiency. Finite element
analysis (FEA) is generally used in the power loop inductance
quantification, which is time consuming and impractical for
parameters sweep. In this paper, a numerical equation for power
loop inductance estimation is given based on the novel loop
inductance model. The power loop inductance can be estimated
in a fast approximation approach. Three different layout methods
are compared in regard of power loop inductance and thermal
performance. A modular buck converter prototype is designed to
demonstrate the effectiveness of the given numerical equation for
power loop inductance estimation. Pros and cons of each layout
method in the practical applications are discussed.

I. INTRODUCTION

GAN transistor has been introduced as a promising solu-
tion for high frequency high power density converter

design [1]. High frequency switching largely shrinks the
volume of the converter passive components [2]. Meanwhile,
GaN transistor application introduces challenges in the PCB
layout [3]. Parasitic inductance from the PCB tracks leads to
transistor gate-source and drain-source voltage ringing during
the switching transients. Compared with Silicon (Si) and
Silicon Carbide (SiC) transistors, GaN transistors are lack
of avalanche breakdown, which are thus more vulnerable
to the voltage overshoot for its limited drain-source voltage
rating and gate voltage tolerance [4]. As a result, PCB layout
optimization is critical for high frequency GaN transistors
application.

Gate loop and power loop are the two critical loops consid-
ered in the PCB layout optimization [5]. In both optimization
processes, minimization of the parasitic inductance is the ma-
jor goal. For the gate loop, the parasitic inductance results in
gate over-voltage during the turn-on transient and unintentional
triggered-on during the turn-off transient [6], [7]. Slew rate
control and negative gate voltage are applied respectively to
mitigate the influence of the gate loop inductance [8]–[11]. For
the power loop, the parasitic inductance is resonant with the
transistor output capacitance, which leads to the drain-source
voltage ringing. Extra power loss is introduced during the
switching transient and the transistor can be damaged because
of the over-voltage switching. Parasitic inductance of the GaN
transistor power loop is majorly contributed by the PCB tracks,
which is solely depending on layout method in the design
stage. As a result, parasitic inductance quantification and
layout optimization of the transistor power loop is important
in the GaN based converter design.

Q1

Q2

 

 

C
switch node

power loop

 

 

voltage 
source

Fig. 1. Power loop in totem pole topology.

Power loop in totem pole bridge is defined as the con-
duction path within two transistors and paralleled decoupling
capacitors as shown in Fig. 1. Totem pole bridge is the basic
composing unit of voltage source converters, which can be
found in single/three phase inverter, full bridge converter,
dual active bridge converter and etc. Minimization of power
loop inductance is the major concern in applying totem pole
bridge to all different voltage source converters. Several low
inductance power loop layouts have been discussed in the
prior-art research. Although these results vary in the transistor
implementation, integration type (discrete device or power
module) and converter topology, their optimization methods
for the power loop layout can be classified into two major
categories: length minimization [12]–[14] and magnetic flux
cancellation [15]–[19]. Effectiveness of the prior-art layout
methods is generally validated either by the FEA simulation
results or by the percentage overshoot measured from the
drain-source voltage. A general design methodology for low
loop inductance layout is yet absent. This is mainly resulted
from the lack of a general power loop inductance model and
the lack of numerical equation for quantitative evaluation. One
classical equation for the PCB inductance estimation is given
as

Lpcb = µ0
h

w
l , (1)

where µ0 is the vacuum permeability, h is the distance between
two PCB tracks, w is the width and l is the length of the PCB
track.

The classical equation is derived based on the Maxwell
equation, and simplified based on the assumption of uni-
form H field between the PCB tracks and evenly distributed
current flow within the conductor cross-section. In the case
of high frequency power loop oscillation, both assumptions
cannot be established because of the skin effect. The classical
equation can lead to considerable estimation error compared
with the FEA results. The H field distribution between PCB
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tracks is solved in [20] based on the premise of uniform
current distribution within the conductor. However, the non-
uniform current distribution during high frequency oscillation
is still the insurmountable barrier in power loop inductance
quantification. Furthermore, the numerical equation for PCB
parasitic inductance in the prior-art research is given based
on the geometry of two infinite-long paralleled conductors,
which should be defined as partial inductance according to the
concept first proposed in [21]. Practical numerical equation
for the loop inductance estimation is absent in the prior-art
research.

Modeling and quantification of the GaN transistor power
loop inductance is thoroughly discussed in this paper, which
can be beneficial for the design of high frequency GaN based
power converters. New contributions introduced in this paper
include:

• A novel analytical method for power loop inductance
modeling is illustrated.

• A numerical equation is given for GaN transistor power
loop inductance estimation.

• Three power loop layout methods are elaborated and
compared in the practical application.

This paper is organized as follows: Section II introduces
the modeling and quantification process of the power loop
inductance. Three different power loop layout methods are
explained in section III. Impact of power loop inductance in
hard switching and soft switching applications are discussed.
Experimental results are given in section IV to validate accu-
racy of the proposed numerical equation. A thorough thermal
comparison is provided. Section V concludes the paper.

II. POWER LOOP INDUCTANCE

A. Modeling of the Power Loop Inductance

Critical parasitic parameters within the power loop include
the transistor output capacitance and the parasitic inductance
of PCB tracks. High frequency ringing within the power
loop results from the oscillation between these two parasitic
components. Modeling of parasitic capacitance is intuitive as
the transistor inherent characteristic. However, there’s a lack
of generalized power loop inductance model, with modeling
method varies between different prior-art researches [6], [15],
[22]. The following section will illustrate the derivation of
power loop inductance model in details as four stages.

Fig. 2. Parasitic inductance of the switch node in delta connection.
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(a) Stage 1: Analytical Model.
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(b) Stage 2: Complete parasitic model.
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(c) Stage 3: Simplified lump inductance model.
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(d) Stage 4: Simplified loop inductance model.

Fig. 3. Power loop parasitic model derivation.

1) Stage 1: Analytical model.
Difficulty and discrepancy of the parasitic inductance mod-

eling lies in the treatment of joint node. For instance, the joint
node shown in Fig. 2, which is generally known as switch
node, is one single piece of copper connected between the two
transistors and the rear stage circuit. Three different inductance
values can be defined for this joint node according to the
three difference current conduction paths. Accordingly in the
analytical model, parasitic inductance of the switch node and
the ground node is each configured as three parasitic inductors
in delta connection. The analytical model is explained in
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the general voltage source totem pole converter, as shown in
Fig. 3(a). Critical parasitic inductance in the analytical model
include Lp h, Lp m and Lp l, which can impact the current
commutation during the switching transient.

2) Stage 2: Complete parasitic model.
In the analytical model, joint node is represented by star-

configured inductance, as shown in Fig. 3(b). Ld h, Ls h and
Ld l, Ls l are generally recognized as transistor drain/source
inductance [23]. Common source inductance is widely studied,
and defined as inductance of the common conductor shared
between the transistor gate loop and power loop. Lead in-
ductance of the transistor package contributes to the majority
of common source inductance, which is widely studied in
the through hole packaged Silicon and Silicon Carbide (SiC)
transistors [22], [24]. For GaN transistors, surface-mounted
chip scale package and Kelvin connection are generally used
by manufacturers. Impact of the common source inductance
can be neglected in the discrete GaN transistor applications.
Furthermore, drain inductance and source inductance cannot
be distinguished and quantified within the scope of PCB
tracks, which is not suitable in GaN transistor modeling.

3) Stage 3: Simplified lump inductance model.
In a practical approach, FEA tools are widely used to

quantify the power loop inductance [25], [26]. Lp 1, Lp 2

and Lp m are used to compose the power loop inductance
and the simplified lump inductance model is obtained as
Fig. 3(c). This model can be viewed as the simplification of
Stage 1 analytical model, which only considers the critical
inductance within power loop and guarantees the simulation
accuracy during the switching transient. The FEA method is
widely considered accurate, but yet time-consuming. For the
high frequency FEA simulation, skin effect requires fine mesh
operation and leads to considerate computational load. Also, it
should be mentioned that the lump inductance solved in FEA
tools is partial inductance, where a n×n inductance matrix is
generally obtained from the power loop composed by n pieces
of conductors. Both self and mutual partial partial inductance
are affected by the geometry placement of PCB tracks, which
cannot be used as an intuitive tool for layout optimization.

4) Stage 4: Simplified loop inductance model.
Instead of solving the lump inductance model in FEA tools,

simplified loop inductance model is introduced as Fig. 3(d).
The whole power loop is equivalent as one parasitic inductor
Lloop during the switching transient. Location of Lloop within
the power loop has no impact on the transistor voltage ringing,
which is sufficient for layout comparison and guarantees the
same simulation accuracy as the stage 3 lump inductance
model. By using this model, the FEA simulation is simplified
as solving the self inductance of one equivalent conductor.
Also, this model provides the basis for numerical estimation,
which will be illustrated in the following part.

B. Numerical Equation for Power Loop Inductance Estimation

Equivalent conductor is proposed as one close loop con-
ductor, which has the same material and dimensions with
the power loop PCB tracks. Inductance of the equivalent
conductor can be used as a fast approximation of the practical

Decoupling capacitor

DC bus PCB track

Power ground PCB track

Switch node PCB track

GaN HEMT

Vias

w h

l

t

Fig. 4. Vertical PCB layout in [15].

h

Power flow path

t

Fig. 5. Power loop equivalent conductor.

power loop inductance. For instance, the typical vertical layout
shown in Fig. 4 can be equivalent to the equivalent conductor
shown in Fig. 5. Parameters h, w, l and t are decided by
the geometry dimensions of the GaN transistor package, the
decoupling capacitor and the PCB layer stackup, which can
be directly obtained from the data sheet and PCB layout.
Instead of solving the inductance matrix based on Stage 3
lump inductance model, solving the loop inductance in Stage
4 model can largely reduces the simulation time and provides
the basis for parameters sweep.

The concept of equivalent conductor can be further used for
numerical quantification of the power loop inductance. The
challenge of numerical derivation based on Maxwell equation
lies in the description of current distribution. Oscillation
frequency within the power loop can be addressed by

fringing =
1

2π
√
LloopCoss

, (2)

where Lloop is the power loop inductance and Coss is the
transistor output capacitance. The low parasitic parameters of
the GaN transistor power loop leads to the ringing frequency
ranging around several hundred MHz. In the high frequency
oscillation, conductor skin depth δ can be obtained as

δ =

√
ρ

πfringingµrµ0
, (3)

where ρ is the resistivity and µr is the relative permeability
of the conductor. The skin depth of the copper conductor
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Fig. 6. Copper skin depth over different ringing frequency.

TABLE I
DEFAULT VALUE OF THE PARAMETERS SWEEP

h w l t

1 mm 6 mm 20 mm 0.07 mm

is plotted against the frequency spectrum as shown in Fig.
6. Within frequency range of the GaN transistor power loop
oscillation, the skin depth is already much lower than the 1
oz copper thickness. Accurate numerical description of the
current distribution is challenged by the rectangular shape of
the PCB track cross-section.

Facing the dilemma addressed above, a trade-off solution
between the FEA simulation and the numerical derivation is
proposed based on the Stage 4 loop inductance model. The
equivalent conductor model is first imported into ANSYS
Maxwell for FEA simulation. Based on the default value
given in TABLE I, FEA simulation results of the parameters
sweep is shown as Fig. 7. FEA simulation frequency is set
to be 500 MHz and loop inductance is proved irrelevant to
the oscillation frequency within the hundreds MHz range as
shown in Fig. 7(c). Fine mesh operation of the equivalent
conductor is applied in the FEA simulation setup according to
the calculated skin depth at the frequency of the GaN transistor
voltage ringing. Power loop inductance is proportional to the
conductor length and irrelevant to the copper thickness for the
skin effect as shown in Fig. 7(a) and Fig. 7(b).

Parameter sweep of h and w is then carried out to obtain
the power loop inductance. h and w are the height and width
of the equivalent conductor. To provide a general equation
for the GaN transistor power loop inductance estimation, the
parameters sweep range is summarized in TABLE II. Sweep
range of w is decided according to the package dimension
of GaN transistors, covering all the commercial available e-

TABLE II
GEOMETRY PARAMETER SWEEP

h
0.1 - 0.3 mm (0.05 mm spacing)

0.5 - 4 mm (0.5 mm spacing)

w 1 - 15 mm (1 mm spacing)
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(a) Conductor length l sweep.
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(b) Copper thickness t sweep.
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(c) Frequency f sweep.

Fig. 7. FEA results of the conductor parameters sweep.

Fig. 8. Curve fitting of the FEA results given in MATLAB.

GaN transistor models from EPC and GaN Systems. Sweep
range of h is decided by the general range of distance between
PCB layers and board thickness, which is collected from the
PCB manufacturer. By applying the default geometry shown
in TABLE I and the parameters sweep shown in TABLE II,
all together 195 sets of loop inductance are solved through
ANSYS Maxwell FEA simulation. Using (1) as the starting
point, curve fitting of the FEA results is carried out by
MATLAB as shown in Fig. 8.

Lloop
∼= µ0

h

w
l(

0.27

1 − 0.74 · e−0.45(h/w)
) (4)

Based on the logistic correction model, customized equation
for the power loop inductance estimation can be obtained as
(4). Estimation accuracy is corroborated by the high R2 value
of 0.9992, which is close to the ideal estimation condition
R2 = 1.
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(a) Conventional layout. (b) Vertical layout.
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Fig. 9. Power loop layout comparison.

III. POWER LOOP LAYOUT COMPARISON

A. Layout Comparison

Three different layout methods are compared in this section,
including conventional layout, vertical layout and minimal
layout. The conventional layout is shown in Fig. 9(a). All the
components (decoupling capacitors and transistors) are placed
on the top side of PCB and the power loop is conducted within
the same PCB layer. Vertical layout shown in Fig. 9(b) can
effectively reduce the power loop inductance by designing
the conduction loop within two PCB layers. The reduced
power loop inductance is explained in [15] as the magnetic
canceling between the two conduction layers. In a further step
of power loop minimization, the minimal layout is shown in
Fig. 9(c), where two transistors are placed back to back on the
two sides of PCB. The decoupling capacitors are also placed
symmetrically on double sides of the PCB to minimize the
power loop.

Using the loop inductance model and equation (4), the
power loop inductance can be easily estimated from the
geometry information of the power loop layout. As shown
in TABLE III, three e-GaN transistors of different voltage
ratings and one parallel GaN transistor configuration are
selected for illustration. Lloop V and Lloop M are the power
loop inductance of the vertical layout and the minimal layout
respectively, which are estimated based on the dimensions of
the decoupling capacitors and the GaN transistors. Decoupling

TABLE III
ESTIMATED LOOP INDUCTANCE

Voltage rating
Vds / V

Vertical layout
Lloop V / nH

Minimal layout
Lloop M / nH

EPC2024 40 1.2 0.8

EPC2029 80 1.7 1.1

GS66504B 650 2.9 2.2

GS66504B*2 650 1.5 1.0

capacitors adopt 1206 and 0805 package respectively for the
GaN transistor rated at 650 V and 100 V (or lower). From the
estimation results, both layout methods can maintain the power
loop inductance less than 4 nH. The minimal layout can further
reduce the power loop inductance by 30 - 40 % compared
with the vertical layout. In high power applications, paralleling
transistors is needed to balance the thermal dissipation in each
distributed semiconductor. One critical consideration is sym-
metrical PCB layout, which can guarantee identical parasitic
component between each paralled branch and thus enhance
current balancing capability. As a result, vertical layout and
minimal layout are more favorable in this situation. As shown
in TABLE III, extra paralleled transistor widen the conduction
power loop and parasitic power loop inductance can be further
reduced.

Parasitic capacitance in PCB layout is resulted from the
vertical overlap between different PCB tracks, which may
add up to the transistor output capacitance and leads to extra
switching loss. For conventional layout, all three PCB tracks
shown in Fig. 9(a) are placed within one PCB plane and
parasitic capacitance can be neglected. In the vertical layout
shown in Fig. 9(b), vertical overlap between switch node PCB
track and power ground PCB track add parasitic capacitance to
the low side transistor. DC bus PCB track can also be coupled
to the switch node via the power ground plane, which will
add parasitic capacitance to the high side transistor. Based on
vertical layout of GS66504B in 1 mm thick FR4 PCB board,
we can estimate the parasitic capacitance according to (5) (A is
PCB track area, d is vertical distance and relative permittivity
of FR4 PCB ε = 4.4).

C = ε · ε0 ·
A

d
(5)

Parasitic capacitance of 1.35 pF and 0.36 pF is added to the
low side and high side transistor respectively in the vertical
layout, which is tolerable in current configuration (GS66504B
Coss = 31 pF). However, parasitic capacitance in vertical
layout can be exaggerated in a thinner PCB board layout or
adjacent layer ground plane placement. Minimal layout, on
the other hand, is not affected by parasitic capacitance. As
shown in Fig. 9(c), vertical overlap only exist between the DC
bus PCB track and power ground PCB track, where parasitic
capacitance is added parallel to the decoupling capacitor and
has no impact on the transistor switching.
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Fig. 10. Ideal waveform of the synchronous buck converter.
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Fig. 11. Drain-source voltage ringing in the low side transistor (GS66504B,
650 V, 15 A) during CCM operation.

B. Impact of Power Loop Inductance in Converter Operation

Influence of the power loop inductance is discussed over the
synchronous buck converter topology as shown in Fig. 3. The
synchronous buck converter has two operation modes: con-
tinuous conduction mode (CCM) and synchronous conduction
mode (SCM), the ideal waveform of which is shown in Fig.
10. G1 and G2 are the gate signal of the high-side and low-side
transistor. Hard switching or soft switching is noted besides
the gate pulses. U1, U2 and I1, I2 are the drain-source voltage
and source current of the high-side and low-side transistor
respectively. IL is the inductor current.

Transistor voltage ringing is concerned during the hard
switching transient, where drain-source voltage ringing can be
observed in the low side transistor at CCM operation. During
this transient, energy stored in high side transistor output
capacitor is discharged within the power loop. Power loop
inductance is resonant with the output capacitor of the low side
transistor and lead to drain-source voltage ringing in the low
side transistor. LTSpice simulation result is given to illustrate

TABLE IV
SWITCHING CONDITION OF SYNCHRONOUS BUCK CONVERTER

Input voltage / V 400 Output voltage / V 200

Output power / W 300 Output current / A 1.5

Switching frequency / kHz 100 Dead time /ns 100

TABLE V
TRANSISTOR LOSS COMPARISON

Lloop / nH 1 2 3 4 5

Transistor loss
during CCM / W

1.52 1.52 1.51 1.48 1.45

Transistor loss
during SCM / W

1.08 1.1 1.14 1.34 1.43

the impact of power loop inductance in the drain-source
voltage ringing. GS66504B (e-GaN transistor, 650 V, 15 A)
is used in the simulation. Power loop inductance is modeled
as the stage 4 model given in Fig. 3(d). Comparison of the
drain-source voltage ringing is given in LTSpice simulation
shown in Fig. 11, where Rgon and Rgoff are the gate-on
and gate-off resistor respectively. Percentage overshoot in Vds
waveform is depending on many critical coefficient including
gate resistance, parasitic capacitance and power loop induc-
tance. Increased power loop inductance leads to increased
percentage voltage overshoot, which can potentially damage
GaN transistor from over-voltage switching. Gate resistor can
be used to mitigate voltage overshoot by slowing down the
GaN transistor switching, value of which is chosen as a trade-
off between switching speed and switching loss. As shown in
Fig. 11(c), Rgon = 10 Ω and Rgoff = 2 Ω are optimal in GaN
transistor application, which effectively helps to reduce the
drain-source voltage overshoot within several nH range power
loop inductance.

Power loop inductance also impacts on the transistor power
loss. To provide an intuitive comparison, high side transistor
power loss is calculated in LTSpice simulation based on spec-
ifications listed in TABLE IV. During CCM operation, high
side transistor is hard switched and switching loss is reduced
in a higher power loop inductance, as shown in TABLE V.
During the hard switching transient, transistor source current
commutation is delayed by power loop inductance and voltage-
current overlap is reduced. During the SCM operation mode,
both high side and low side transistor is soft switched. Large
power loop inductance brings extra transistor power loss,
which is evident during the soft switching condition. This
phenomenon is explained as the soft-switching losses in [27].
Considering the limited power dissipation capability of the
GaN transistor, minimization of power loop inductance is also
important in the soft switching applications.

IV. EXPERIMENTAL VALIDATION

A. Modular Buck Converter

A GaN based synchronous buck converter is designed
to verify the numerical loop inductance calculation method.



7

Conventional layout Vertical layout

Minimal layout

Fig. 12. Daughter boards designed from three power loop layout methods.
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Fig. 13. Modular buck converter experimental setup.

GS66504B e-GaN transistor is used for demonstration. Modu-
lar design is adopted to guarantee the identical test conditions.
The half bridge transistors and decoupling capacitors, along
with the gate driver and digital power supply, are placed on
the daughter board. The rest of the buck converter, including
the DC bus capacitor and the output filter, are placed on the
motherboard. Conventional layout, vertical layout and minimal
layout are adopted respectively to design the three daughter
boards, as shown in Fig. 12. Daughter board by minimal layout
is the smallest design compared with two other boards by the
conventional method. Modular buck converter setup is shown
in Fig. 13. Digital controller DSP F28335 is used to apply
the gate signals via BNC coaxial cable. Lecroy passive probe
(400 MHz band width, parasitic capacitance < 6 pF) is used
to accurately measure the voltage signal. Pigtail ground wire
is used to minimize the parasitic inductance introduced from
the probe ground connection.

B. Power Loop Inductance Comparison

Power loop inductance in each layout daughter board is
estimated from the low side transistor drain-source voltage
ringing during the CCM operation mode. For the measurement
accuracy, the DC bus voltage is set to be 50 V. As shown in
Fig. 14, the transistor output capacitance is relatively large at
50 V, which leads to a measurable drain-source voltage ringing
frequency ranging from 100 to 200 MHz as shown in Fig.
14(a). An external capacitor (Cex = 150 pF) is then paralleled

TABLE VI
POWER LOOP INDUCTANCE COMPARISON

Conventional Vertical Minimal

Measurement
f0 / MHz 194 220 263
f1 / MHz 145 165 196

Calculation
by (6)

Coss / pF 189.9 192.9 187.4
Lloop / nH 3.6 2.7 2.0

Estimation
by (4)

Lloop / nH NA 2.9 2.2

High side drain-source 
voltage

Ringing frequency
220 MHz

Low side drain-source 
voltage

Drain-source voltage ringing
with no external capacitor 

(a)

High side drain-source 
voltage

Ringing frequency
165 MHz

Low side drain-source 
voltage

Drain-source voltage ringing 
with 150 pF external capacitor 

(b)

Fig. 14. Measured drain-source voltage ringing of vertical layout at 50 V DC
bus.

to the low-side transistor and the drain-source voltage ringing
frequency is further lowered as shown in 14(b). Power loop
inductance (Lloop) and transistor output capacitance (Coss) can
thus be solved respectively according to (6).

{
f0 = 1/2π

√
LloopCoss

f1 = 1/2π
√
Lloop(Coss + Cex)

(6)

The ringing test is repeated on the three daughter boards
respectively at the same switching condition and the test results
are summarized in TABLE VI. f0 and f1 are the measured
ringing frequency of the drain-source voltage without and with
the external capacitor respectively. The estimated transistor
output capacitance shows a consistency between three different
boards at 50 V, which is also consistent with the output
capacitance characterization curve given in the manufacturer
data sheet. The minimal layout shows the lowest power loop
inductance. Compared with the conventional layout, power
loop inductance is reduced by 25 % when applying the vertical
layout and 44 % when applying the minimal layout. Power
loop inductance of the vertical layout and the minimal layout
can be estimated by applying the numerical equation given in
(4). Compared with the calculated value from the experimental
results, the proposed numerical equation shows a percentage
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Fig. 15. Measured drain-source voltage waveform of vertical layout at 400
V DC bus.

deviation less than 7 %, which is low to 0.2 nH considering
the small power loop inductance value.

All these three layout methods provide a relatively low
power loop inductance (2 to 4 nH). To justify their impact on
the transistor drain-source ringing, double pulse test is carried
out as results given in Fig. 15. In 400 V, 5 A hard switching
condition, there’s no significant difference in drain-source
voltage waveform between the three layout boards. When
proper gate resistor is selected, drain-source voltage ringing is
minimal and switching reliability is guaranteed. In high power
hard switching applications, selection between these three
layout methods is depending on the cooling solution fixture.
Minimal layout is not optimal in such situation considering
it’s difficulty in heat sink attachment.

C. Thermal Comparison

Impact of power loop inductance on the transistor power
loss in soft switching condition is examined by thermal com-
parison. By applying identical copper expansion and thermal
via suggested by the manufacturer application note, thermal
dissipation can be examined by infrared image to evaluate
the power loss of each layout configuration. At the switching
condition specified in TABLE IV, experimental waveform of
the modular buck converter is given in Fig. 16. Buck converter
operates at SCM and a resistive load is fixed at 300 W. Thermal
dissipation in each daughter board is examined without head
sink and forced air convection at room temperature of 24 °C.

Transistor case temperature is measured every 10 seconds
during the thermal test as shown in Fig. 17. Thermal equi-
librium is reached after 5 minutes of continuous operation
and stabilized heat distribution of each layout configuration
is obtained as shown in Fig. 18. While exactly the same
components are used between three daughter boards, minimal
layout shows the lowest transistor case temperature, which
is 10.5 °C lower than the conventional layout. Besides the
thermal comparison at fixed load power, output power of
each daughter board is then pushed to the thermal limit,
which is restricted by the transistor junction temperature.
The criteria for maximum power rating is defined when the
transistor top-side case temperature reaches 100 °C, which is
a close approach to the junction thermal limit referred from

Iavg=1.5 A

Ipeak=4.2 A

Ivalley=˗1.2 A

 Low Side

Transistor Vds_l

 High Side

Transistor Vds_h

 Inductor Current

IL

Fig. 16. Experimental waveform of the modular buck converter.
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Fig. 17. GaN transistor temperature ramping during thermal test.

the estimated transistor power loss. As shown in TABLE VII,
minimal layout shows the maximum power capability. A total
load power of 440 W can be handled within one single half
bridge, which is well suited to the majority of low power and
soft-switching GaN transistor applications.

When comparing thermal performance of these three layout
methods, the lower power loss resulted from lower power loop
inductance and the increased thermal resistance in the minimal
layout could make it hard to justify a general conclusion on
which layout method can provide the lowest transistor junction
temperature in the practical application. As a result, estimation
of thermal resistance in each layout is carried out based on the
circuit shown in Fig. 19. Transistor gate pad is pulled down
to source pad in both high side (Q1) and low side (Q2). A
constant current source is then placed to inject current for
two GaN transistors operating in the reverse conduction. Both
transistors are heated up in reverse conduction and we mark
down the power loss in each transistor (Ploss), when the tran-
sistor case temperature observed from infrared camera matches
with the same buck converter operating point as Fig 18. As
summarized in TABLE VII, estimated power loss shows a
similar trend compared with the simulation results given in
TABLE V. A bit higher estimation from the thermal test could
result from the lack of peripheral circuit heating during the
thermal test and uneven heating in the two transistors during
buck converter operation. Based on the thermal resistance
estimation, it shows that the minimal layout has a slightly
higher case to ambient thermal resistance (Rth cs) compared
with the conventional and the vertical layout. Difference of
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TABLE VII
COMPARISON OF THERMAL DISSIPATION

Conventional layout Vertical layout Minimal layout

Maximum Tc @ 300W output 76.5 °C 67.7 °C 64.2 °C

Estimated power loss
Ploss

1.50 W 1.26 W 1.08 W

Estimated thermal resistance
Rth ca

34.3 K/W 33.9 K/W 36.3 K/W

Maximum power capacity
without heatsink

388 W 430 W 443 W

Heat sink installation
for bottom cooling device

Thermal vias
[12], [28], [29]

Not applied

Heat sink installation
for top cooling device

Thermal interface material attachment/enclosure method
[14], [26], [30]–[33]

Conventional layout

(a)

Vertical layout

(b)

Minimal layout (front side)

(c)

Minimal layout (back side)

(d)

Fig. 18. Comparison of the temperature distribution between daughter boards.
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Fig. 19. Circuit setup for thermal resistance comparison.

thermal resistance between these three layout methods is not
significant. Without heat sink attachment, transistor case to
ambient thermal resistance is dominant by thermal convection
and radiation between the PCB board and the ambient. Extra
thermal pad PCB expansion in conventional layout and vertical
layout is not helping much under this circumstance. With
heat sink attachment, case to ambient thermal resistance is
majorly contributed by conduction thermal resistance between
the thermal pad and the heat sink, where thermal pad area
and PCB copper expansion are critical. Conventional layout
and vertical layout are preferred depending on cooling solution
fixture.

In overall, without heat sink attachment, minimal layout
shows benefit of low power loop inductance, low profile
and high power capacity compared with conventional and
vertical layout. In the high power application, where heat
sink and forced air convection are essential, selection of the
transistor model with suitable cooling solution is important.
GaN transistor packages can be generally classified into top
cooling device and bottom cooling device, depending on the
physical location of cooling pad in the transistor package.
Thermal vias are generally used to provide a low thermal
resistance heat conduction path from transistor cooling pad to
heat sink attached to the bottom side of PCB. For vertical and
minimal layout, thermal vias may interfere with the power loop
conduction path and top cooling device is more favorable in
these two cases. Thermal interface material (TIM) is generally
applied to provide electric insulation between the transistor
cooling pad and the heat sink. By selecting soft texture TIM
with a proper thickness, air gap between these two mating
surfaces can also be eliminated to provide a low thermal
resistance path. Mounting of heat sink to the top cooling device
may interfere with the power loop layout and potentially
increase the power loop inductance, which is a trade-off
between the thermal design and electric performance. This is
alleviated by the TIM enclosure thermal design proposed in
[31], [32].

V. CONCLUSIONS

Power loop inductance in the GaN based converters is
thoroughly investigated in this paper. Methodology of the
power loop inductance modeling is illustrated step by step.
Based on the loop inductance model, a numerical equation
is acquired as a fast estimation approach for the power loop
inductance quantification. The proposed equation can be easily
applied to various GaN transistor applications and proves
to be accurate with a low percentage deviation (< 7%)
compared with the experimental results. Three power loop
layout methods are thoroughly compared. Minimal layout can
provide the lowest power loop inductance (2 nH in GS66504B
PCB layout), which helps to reduce transistor power loss in
soft switching applications and shows the lowest transistor
junction temperature (12 to 14 °C lower than the other two
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layouts) in 400 V, 300 W synchronous buck converter lab test.
Application of minimal layout is preferred in soft-switching
and no heat attachment conditions. In high power and hard
switching applications, choosing between conventional layout
and vertical layout is dependent on the GaN transistor cooling
fixture. Conventional layout is preferred in bottom cooling
device applications, where thermal vias can be easily applied
for heat sink attachment on the bottom side PCB. Vertical
layout is preferred in top cooling device applications, where
top side TIM enclosure can be used for heat sink attachment.
Although power loop inductance in conventional layout and
vertical layout are respectively 80 % and 35 % larger than the
minimal layout, they can be well designed to maintain lower
than 4 nH in GaN transistor layout. At this range of power loop
inductance, Gan transistor drain-source voltage overshoot at
400 V can be well controlled by proper gate resistor selection.
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Abstract—High power dissipation in the small package Gallium
Nitride (GaN) transistor calls for challenge in thermal design.
This paper compares the impact of different gap filler materials
in the GaN transistor power dissipation. Simulation and experi-
mental results are given to reveal the maximum power dissipated
in each setup, which validates the critical impact of gap filler
material in thermal design. The developed test procedure and
thermal model are elaborated, which can be easily applied to
the estimation of thermal management in other GaN transistor
applications.

Index Terms—thermal dissipation, GaN transistor, gap filler,
thermal model.

I. INTRODUCTION

For the benefit of low parasitic impedance and fast switching

capability, GaN transistor has gained much attention in recent

years. High frequency converter based on the GaN transistor

largely shrinks the volume of passive filters and achieves high

power density [1]–[3]. However, switching loss during the high

frequency switching and the small footprint of GaN transistor

lead to extra challenges in the heat dissipation [4], [5]. Thermal

management is critical in the high frequency and high power

rate converter design [6]–[8].
The key issue of thermal management in power converter

is to reduce the junction to ambient thermal resistance, which

aims to protect the power transistor from overheating. Among

them, PCB material is one of the widely researched topic.

FR4 epoxy is commonly adopted as the base material of

conventional PCB, which has a low thermal conductivity

around 0.3 W/mK [9]. Metal core PCB (MCPCB) is then

introduced to include the metal substrate (usually cooper or

aluminum) and enhance the thermal conductivity up to 30

W/mK, which is widely adopted in power LED module [10].

Application of MCPCB is further researched in [11], where

thermal conductivity is further increased by thermal microvias

(up to 200 W/mK with copper core). Direct bonded copper

(DBC) is introduced as one further step in circuit board cooling

technique. Circuit traces are directly etched on the copper

plane and bond wires are adopted to complete the electric

conduction. Benefit from the large thermal conductivity of

copper material (401 W/mK), DBC is widely adopted in power

module design [2], [12]. By adopting DBC technique, the

total thermal resistance (from junction to heatsink) is reduced

to 2.4 K/W in the GaN transistor application [13]. Other

improvement in heat dissipation can be found in heat sink

and forced convection design [4], [14].

GS66508T UJ3C065080K3S

(6.52 mm × 3.085 mm) (16.96 mm × 13.68mm)
20 mm2 232 mm2

GaN transistor SiC transistor

Fig. 1. Thermal pad area comparison.

Beyond the above-mentioned topics, research on the gap

filler is rarely mentioned. Gap filler is the electric-isolation

component in series connected between the transistor thermal

pad and the heat sink. Thermal conductivity of the gap filler

material has a direct impact on the transistor junction to

ambient thermal resistance. Especially for the GaN transistor,

the thermal dissipation capacity is limited and the impact of the

gap filler thermal resistance is thus evident. Thermal resistance

of the gap filler can be estimated according to (1)

Rgp =
1/kgp

wpad · lpad · hgp (1)

, where kgp is the thermal conductivity of the gap filler

material, wpad and lpad are the dimensions of the transistor

thermal pad, and hgp is the nominal thickness of the gap filler.

Fig. 1 provides an intuitive comparison of the thermal pad

dimensions between the GaN transistor GS66508T (650 V, 30

A) and SiC transistor UJ3C065080K3S (650 V, 31 A). Surface

mount device (SMD) package adopted by the GaN transistor

largely reduces the parasitic inductance and the form factor.

On the other hand, the thermal pad space of the GaN transistor

shrinks by 11 times compared with the through hole package

widely adopted by the Silicon and SiC transistor. According

to (1), even applied with the same gap filler material, the gap

filler thermal resistance in GaN transistor application can be 11

times higher than the SiC transistor application. This generally

omitted topic in the GaN transistor thermal management can

be a decisive factor in the power density oriented converter

design.

A thorough comparison of different gap filler materials in

the GaN transistor application is given in this paper. Quan-



titative experimental results reveals the direct impact of gap

filler material on the transistor junction temperature. The test

configuration and thermal model is introduced in section II.

Experimental results are shown in section III and comparison

of different gap fillers is given. Section IV concludes the paper.

II. ILLUSTRATION OF THE GAP FILLER TEST

A. Test Configuration

Configuration of the gap filler test is shown in Fig. 2.

E-mode GaN transistor GS66508T (650 V, 30 A) with the

laminate SMD package is picked as the device under test. The

top-side thermal pad is internally connected to the source pad.

Bottom side of the transistor is soldered to the normal FR4

PCB (1.5 mm thickness). Programmable DC source applies a

negative voltage bias between the drain pad and the source pad

of the transistor through vias, where the reverse conduction

loss is generated. This loss is stable and measurable, which

is ideal for quantitative research on thermal management.

Reverse conduction loss is controlled by the programmable DC

source in the constant current (CC) mode, which can be further

increased by a negative bias on the transistor gate-source

voltage. Negative temperature coefficient (NTC) thermistor

with 0402 package is connected to the thermal via to measure

the junction temperature. Data from the thermistor connected

multimeter is calibrated with measurement results from the

thermal camera to guarantee the precision. Top side of the

transistor is installed to a sufficiently large heat sink, with the

gap filler in between to provide galvanic isolation. Forced air

convection is applied to further reduce the thermal resistance

of the heat sink.

B. Gap Filler Material Comparison

Five different gap filler materials are compared in the test.

They are three silicone sheet materials and two ceramic-based

materials. The material properties are listed in TABLE I.

The thermal conductivity of each materials varies from 1.5

W/mK to 170 W/mK. On the other hand, the price of each

material shows proportional correlation to the material thermal

conductivity, which varies from 0.00025 USD / mm2 to 0.1

USD / mm2 (prizes are estimations for prototype builds).

Based on equation (1), it is then possible to estimate

the thermal resistance of each gap filler material for the

GaN transistor application. As shown in Fig. 3, gap filler

thermal resistance is estimated according to the thermal pad

Heat sink

vias

Drain pad

GaN transistor
vias

Gap filler

Source padThermal pad

FR4 PCB

NTC thermistor

Programmable 
DC source

Resistance 
measurement

Fig. 2. Gap filler test configuration.

dimensions of GS66508T and two typical gap filler thickness.

The thermal resistance of the five gap fillers varies from 0.3

K/W to 34 K/W. To provide a general guide for the material

thermal conductivity selection, the general reciprocal curve

f(x) = ax−1 is first discussed. A critical point (
√
a,
√
a) can be

defined in reciprocal curve, where f(x) decreases dramatically

to the left of this point and the slope is much lowered to the

right of this point. Applying this idea to equation (1), the

critical thermal conductivity kc can thus be defined as (2).

kc =

√
hgp

wpad · lpad (2)

The critical thermal conductivity kc is determined by the

thermal pad dimensions and the selected gap filler thickness,

which varies between different transistor applications. Based

on this value, three design rules can be concluded as the

guideline for the gap filler material selection:

• Gap filler material with the thermal conductivity lower

than the critical value should be avoided.

• For a given gap filler material and thermal pad di-

mensions, thinner gap filler thickness can provide lower

thermal resistance, boundary of which is limited by the

material electrical insulation capacity.

• Impact of the gap filler thickness is more evident for the

gap filler material with the thermal conductivity lower

than the critical value.

For GS66508T, kc is 7.1 W/mK for the gap filler with 1

mm thickness and 5.0 W/mK for the gap filler with 0.5 mm

thickness. Between the five gap fillers, thermal conductivity of

Toptronic is lower than this critical value. Laird & αGel are

around this critical value, while Rubalit & Alunit are expected

to well outperform the rest with their thermal conductivity

much higher than the critical value.

C. Thermal Model

Thermal model of the test configuration is established based

on the Cauer equivalent model, as shown in Fig. 4. The equiv-

alent electrical circuit is formulated to emulate the thermal

conduction process between the system element, which can

Fig. 3. Gap filler thermal resistance estimated for GS66508T application.



TABLE I
COMPARISON OF GAP FILLER MATERIAL

Brand name Material
Thermal conductivity

(W/mK)

Nominal thickness

(mm)

Price

(USD/mm2)

1 Laird Silicone sheet 5 0.5 ∼0.0013

2 αGel Silicone sheet 8 1 ∼0.0027

3 Toptronic Silicone sheet 1.5 1 ∼0.00025

4 Rubalit Al2O3 (Ceramic base) 25 1 ∼0.003

5 Alunit AlN (Ceramic base) 170 1 ∼0.1
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Fig. 4. Thermal model of the gap filler test.
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Fig. 5. Simulation waveform of the thermal model in LTSpice.

be easily applied in the SPICE simulation [15]. Power loss

from the transistor is analogized to the constant current source.

Ambient temperature is analogized to the constant voltage

source. Thermal model of the transistor is analogized to the

RC network obtained from the manufacturer. Rgp and Rhs

are the thermal resistance of the gap filler and the heat sink

respectively. Rhs is measured to be 0.5 K/W according to

the quantitative experiment, which is low to guarantee the

accuracy of the Rgp measurement. R0 analogize the thermal

resistance of the heat transfer through the FR4 PCB, which

can enhance the simulation accuracy in the high Rgp scenario.

R0 is chosen as 20 K/W based on an empirical fitting. Rgp

can thus be solved within the thermal resistance network

according to the measured junction temperature Tjunction and

the ambient temperature Tambient.

Simulation of the thermal model is carried out in LTSpice.

Fig. 5 shows the junction temperature waveform. The rise

of transistor junction temperature Tjunction follows the RC
charging process, while the thermal capacitance of the gap

filler and the heat sink is not included. Comparison of the gap

filler is done in the constant transistor power loss condition.

The room temperature T0 is set to be 25 °C and the transistor

junction temperature is compared to evaluate different gap

Thermal boundary
set as Tjunction = 100 °C

Fig. 6. Estimated junction temperature from the thermal simulation.

filler materials. Fig. 6 plots the estimated junction temperature

at different transistor power loss. The thermal boundary is

set as Tjunction = 100 °C to justify the maximum power

loss allowed for the transistor reliable switching operation.

By applying five different gap fillers, the maximum power

loss allowed for GS66508T varies from 6 W to 85 W. This

considerate difference validates the significant impact of the

gap filler material on the GaN transistor thermal management.

III. EXPERIMENTAL RESULTS

A. Test Setup

Experimental setup is shown in Fig. 7. Tjunction and

Tambient are measured by the NTC thermistor connected to the

digital multimeter. NTC thermistor for Tjunction measurement

is soldered to the source pad via, where a copper connection

path can be found to obtain the junction temperature of the

transistor accurately. Another two multimeters measure the

drain-source current and voltage respectively for power loss

calculation. Three DC power supplies are used respectively

to apply source-drain voltage, reverse gate bias and power the

cooling fan. All the programmable source and multimeters are

remote controlled by the laptop running MATLAB script.

To guarantee the test precision, the measured data and the

power supply control signal are processed in the MATLAB

script, which is written based on Virtual Instrument Software

Architecture (VISA) from NATIONAL INSTRUMENTS (NI).



TABLE II
COMPARISON OF SIMULATION AND EXPERIMENTAL RESULTS

Gap material Malleability of the material

Estimated thermal

resistance of the gap filler

(K/W)

Ploss simulation

ideal heat sink

(W)

Ploss simulation

actual heat sink

(W)

Ploss

experimental results

(W)

1 Free air NA NA NA NA 3

2 Toptronic Silicone like 34 6 6 9

3 αGel Clay like 6.4 15 14 19

4 Rubalit Rigid 2.1 35 31 28

5 Laird Clay like 3.2 18 17 29

6 Alunit Rigid 0.3 120 85 35

7 Alunit (DBC) Rigid 0.3 120 85 78

Laptop running 
MATLAB 

script

Test 
configuration

DC power supply * 3
Digital multimeter * 4

Fig. 7. Experimental setup of the gap filler test.

The test script is explained as the flow chart shown in Fig. 8.

The test goal is to obtain the maximum allowed power loss

that can maintain the transistor junction temperature lower than

100 °C for at least 30 minutes. Gap filler test starts from the

maximum power from the DC power supply applied on the

transistor, which heats up the transistor fast. The boundary

temperature is reached immediately and the applied power is

switched off. The left-hand side cycle of the test flow chart

reduces the applied power step by step at the end of each

cycle, until the measured Tjunction is lowered beneath 100 °C

at the first measurement point. The right-hand side cycle then

measures the Tjunction periodically and jump back to the left-

hand side cycle once the thermal boundary is reached. The test

is ended once the right-hand side cycle is repeated for more

than 30 minutes.

B. Experimental Results

The gap filler test was performed on the different materials

to find the maximum continuous power dissipation allowed

in the GaN transistor. To ensure a relatively good thermal

connection to the rigid gap fillers, i.e. Rubalit and Alunit, a

Sample interval Dcycle = 1 / fT

Cycle times Nth = Dtest / Dcycle

Gap filler test

Tjunction < Tth

?

N = N +1
System hold for Dcycle (s)

Measure Tjunction, Tambient

Measured data write to file

N < Nth

?

Yes

Apply Vsd, Vsg

No

Apply Vsg = 0
Apply Vsd = 0

N = 0

System hold for 10 (s)

Set threshold temperature Tth = 100 (ºC)
Set test duration Dtest = 1800 (s)

Set temperature sample frequency fT = 0.14 (Hz)
Set initial source-drain and source-gate bias Vsd_int, Vsg_int

Set initial cycle count N = 0

Vsg = Vsg_int 
Vsd = Vsd_int 

Assign reduced initial 
value to Vsd and Vsg Yes

End

Fig. 8. Flow chart of the gap filler test.

thin layer of thermal paste was applied. In addition to that,

an experiment where the Alunit was directly soldered to the

thermal pad using a DBC solution was evaluated. Moreover,

experimental result of the power dissipation without heat sink

in free air condition is shown as comparison.

The experimentally obtained data is shown in Fig. 9. Over

90 W power loss is applied at the beginning of the test

and gradually reduced as the measured Tjunction constantly

reaches the thermal boundary. Ploss is finalized as the junction

temperature is maintained lower than 100 °C for 30 min-

utes. The experimental test results of different gap fillers are

summarized in TABLE II, along with expectations evaluated

through simulations. For the majority of materials, there exist

a good correlation between measurements and simulations.



Fig. 9. Measured data from the gap filler test.

However, for the clay like materials, the measured result

overperforms 30 % to 70 % compared to the simulations

result. This is due to a high level of deformability of these

materials. Assuming 30 % to 50 % compression of these

materials simulations fit measured results. However, huge ma-

terial compression should be avoided as it may ruin isolation

properties.

The ceramic material Alunit is by far the gap filler material

that achieves the best performance. Especially in conjunction

with a DBC solution as shown in Fig. 10, where the material

is soldered directly to the thermal pad of the GaN transistor.

In this configuration, a power dissipation of 78 W in the GaN

transistor was measured. For such high power dissipation, the

quality of the heat sink is beginning to become a limiting

factor. This is also illustrated in TABLE II. For materials

with high thermal resistance there is little to no difference

between simulations applying an ideal- or the actual-heat

sink. However, for materials with low thermal resistance,

significantly more power can be dissipated in an ideal heat

sink. For the Alunit material, 120 W is the expected maximum

in an ideal heat sink that can be closely achieved with water

cooling systems [16]. Even though the Alunit material is by far

the most expensive material according to TABLE I, the needed

size of the material in a DBC solution is only the size of the

thermal pad. With a pad size of approximately 20 mm2, this

yields a price of 2 USD per device. This may sound expensive

but compared with the price of the GaN transistor itself, which

is approximately 20 USD, it is actually not a huge extra cost

considering the improved performance.

IV. CONCLUSION

This paper has described the challenge of dissipating power

in small power transistor footprints such as GaN transistors.

These include a low thermal resistance from power transistor

to heat sink along with electrical isolation to avoid unwanted

power nets on the heat sink. This can be achieved with gap

fillers but the allowed power dissipation in the power transistor

is strongly dependent on the thermal capabilities of the gap

filler material. To investigate the performance of difference

Alunit 
with DBC solution

Fig. 10. Alunit gap filler soldered to the transistor thermal pad.

gap filler materials a gap filler test was developed to evaluate

the safely allowed power dissipation in a GaN transistor. Five

different materials were investigated and a general selection

guide of the gap filler material with different thermal con-

ductivity is given. The measured results correlated well with

simulated expectations and it was found that the ceramic-based

material Alunit offers great thermal performance. Using this

material with a DBC solution where the material is soldered

directly on the thermal pad of the GaN transistor, the safely

allowed power dissipation was evaluated to be 78 W, which

is limited by the thermal resistance of the heat sink. With

a nearly ideal heat sink, up to 120 W can theoretically be

dissipated for the chosen power transistor. This amount of

allowed power dissipation enables high power converters in the

range of multiple kilowatts with 95 % to 99 % efficiency, while

using small footprint GaN transistors. Finally, the presented

simulation model and the developed gap filler test can easily be

adjusted for various gap fillers and components with a different

form factor and properties so that the safely allowed power

dissipation can be similarly estimated.

REFERENCES

[1] A. Kulkarni, A. Gupta, and S. K. Mazumder, “Resolving Practical
Design Issues in a Single-Phase Grid-Connected GaN-FET Based
Differential-Mode Inverter,” IEEE Transactions on Power Electronics,
vol. 33, no. 5, pp. 3734–3751, 2017.

[2] A. B. Jorgensen, S. Beczkowski, C. Uhrenfeldt, N. H. Petersen, S. Jor-
gensen, and S. Munk-Nielsen, “A Fast-Switching Integrated Full-Bridge
Power Module Based on GaN eHEMT Devices,” IEEE Transactions on
Power Electronics, vol. 1, no. c, 2018.

[3] G. Zulauf, S. Park, W. Liang, K. N. Surakitbovorn, and J. Rivas-Davila,
“COSS Losses in 600 v GaN Power Semiconductors in Soft-Switched,
High- and Very-High-Frequency Power Converters,” IEEE Transactions
on Power Electronics, vol. 33, no. 12, pp. 10 748–10 763, 2018.

[4] H. Li, X. Zhang, Z. Zhang, C. Yao, F. Qi, B. Hu, J. Wang, and
L. Liu, “Design of a 10 kW GaN-based high power density three-
phase inverter,” ECCE 2016 - IEEE Energy Conversion Congress and
Exposition, Proceedings, 2016.

[5] S.-p. Inverter, C. Zhao, S. Member, B. Trento, L. Jiang, S. Member,
E. A. Jones, S. Member, B. Liu, S. Member, Z. Zhang, D. Costinett,
F. F. Wang, L. M. Tolbert, J. F. Jansen, R. Kress, and R. Langley, “Design
and Implementation of a GaN-Based ,,” vol. 4, no. 3, pp. 824–840, 2016.

[6] H. Li, X. Li, Z. Zhang, C. Yao, and J. Wang, “Design consideration of
high power GaN inverter,” WiPDA 2016 - 4th IEEE Workshop on Wide
Bandgap Power Devices and Applications, pp. 23–29, 2016.

[7] E. Gurpinar and A. Castellazzi, “Tradeoff Study of Heat Sink and Output
Filter Volume in a GaN HEMT Based Single-Phase Inverter,” IEEE



Transactions on Power Electronics, vol. 33, no. 6, pp. 5226–5239, jun
2018.

[8] E. A. Jones, P. Williford, Z. Yang, J. Chen, F. Wang, S. Bala, J. Xu,
and J. Puukko, “Maximizing the voltage and current capability of GaN
FETs in a hard-switching converter,” Proceedings of the International
Conference on Power Electronics and Drive Systems, vol. 2017-Decem,
no. December, pp. 740–747, 2018.

[9] K. Wang, L. Wang, X. Yang, X. Zeng, W. Chen, and H. Li, “A Multiloop
Method for Minimization of Parasitic Inductance in GaN-Based High-
Frequency DC-DC Converter,” IEEE Transactions on Power Electronics,
vol. 32, no. 6, pp. 4728–4740, 2017.

[10] S. Zhang, W. Xu, Y. Wang, and W. Wang, “Thermal impedance measure-
ments of layered Metal Core PCB used in LED lighting,” in 2014 15th
International Conference on Electronic Packaging Technology. IEEE,
may 2014, pp. 1419–1422.

[11] E. Juntunen, O. Tapaninen, A. Sitomaniemi, M. Jamsa, V. Heikkinen,
M. Karppinen, and P. Karioja, “Copper-core MCPCB with thermal
vias for high-power COB LED modules,” IEEE Transactions on Power
Electronics, vol. 29, no. 3, pp. 1410–1417, 2014.

[12] J. Reichl, J. S. Lai, A. Hefner, J. M. Ortiz-Rodriguez, and T. Duong,
“Design Optimization of Hybrid-Switch Soft-Switching Inverters Using
Multiscale Electrothermal Simulation,” IEEE Transactions on Power
Electronics, vol. 32, no. 1, pp. 503–514, 2017.

[13] C. Yu, C. Buttay, and E. Laboure, “Thermal management and electro-
magnetic analysis for GaN devices packaging on DBC substrate,” IEEE
Transactions on Power Electronics, vol. 32, no. 2, pp. 906–910, 2017.

[14] J. Acuna and I. Kallfass, “Substrate Choice and Thermal Optimization of
a Half-bridge Power Module based on Chip Scale GaN HEMTs,” 2017
19th European Conference on Power Electronics and Applications, EPE
2017 ECCE Europe, vol. 2017-Janua, pp. 1–10, 2017.
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Abstract—GaN transistor has provided a promising solution
for future high power density converter design. Benefit of
implementing GaN transistor has been vastly discussed in high
frequency soft switching applications. However, benefit of using
GaN transistor in hard switching applications is not yet clear
compared with its Silicon and Silicon Carbide counterpart. In
this paper, optimization of GaN transistor in three phase inverter
application is discussed. In combination of novel methods used
in power loss calculation and output filter design, Pareto front
analysis is carried out to justify the optimal switching frequency
for GaN based inverter application. A 3 kW three level three
phase inverter is built to demonstrate the proposed design
methodology, which achieves high power density of 2.7 W/cm3.

Index Terms—GaN transistor, three level inverter, power den-
sity, filter optimization

I. INTRODUCTION

In recent years, wide band gap (WBG) semiconductor has
gained increasing attention in power converter design. Com-
pared with conventional Silicon transistor, Gallium Nitride
(GaN) and Silicon Carbide (SiC) transistor are capable of
operating at higher switching frequency, higher junction tem-
perature and lower power loss [1]. SiC transistor, with blocking
voltage between 650 V and 1700 V, is widely used in high
power grid interface inverter and DC-DC converter design [2]–
[4]. Discrete SiC transistor generally adopts the same through
hole package and gate driver circuit as Silicon transistor.
For high power applications (>50 kVA), SiC power module
is preferred because of its modular design, high reliability
and ease of thermal dissipation [5], [6]. Compared with SiC
transistor, GaN transistor shows even better performance in
high frequency converter design. Input capacitor and output ca-
pacitor of GaN transistor is further reduced, which enables its
implementation in very high frequency (VHF) range converter
design [7]. Application of GaN transistor is limited by its
blocking voltage (ranging from 15 V to 650 V) and generally
found in consumer electronics and high frequency low profile
converter design [8]–[10]. Chip scale package is generally
adopted by GaN transistor manufacturers, which brings low
parasitic inductance in the critical gate loop and power loop.
Special consideration in PCB layout and thermal cooling is the
major challenge in high power density GaN based converter
design [11]–[13].

In general, selection between SiC transistor and GaN tran-
sistor is dependent on blocking voltage and converter power
rating. However, there is an overlap of application scenarios
between GaN transistor and SiC transistor when designing low
power photovoltaic (PV) inverter (<10kVA). By replacing Sil-
icon device with SiC MOSFET, transistor power loss is largely
reduced and natural air cooling is possible at conventional 16
kHz switching frequency [14]. At the same cooling condition,
inverter switching frequency can be largely increased from 16
kHz to 192 kHz [15]. This brings a significant reduction in
passive filter volume, which is elaborated in [16]. Although
with an even better figure of merit (FOM), GaN transistor
cannot directly replace SiC transistor for its limited blocking
voltage in two level three phase PV inverter. Multi level topol-
ogy, including T-type, NPC, ANPC, are generally used [17]–
[19], with switching frequency ranging between 50 kHz and
100 kHz. Higher switching frequency application is limited
by power loss and thermal dissipation [20]. It should be noted
that, although with the benefit of high frequency application,
switching frequency of GaN based PV inverter is generally
at the same range as SiC based PV inverter. From the prior-
art research, it is hard to foresee any significant advantage of
either SiC transistor or GaN transistor over its opponent in
designing high power density PV inverter .

Besides the transistor selection, output LC filter is another
critical consideration in designing high power density PV
inverter. Low pass LC filter is installed to filter out switching
frequency component in the inverter output, which generally
takes up majority of the converter volume. Precise sizing of
the LC filter is important, which has been summarized in
[21]. Output filter inductance for three phase inverter can be
calculated according to (1).

Lφ3 2level =
VDC

6∆ioutfsw
(1)

This equation is derived from two level inverter topology,
which can be easily applied in SiC based inverter design.
However, for GaN based three level inverter design, required
filter inductance is naturally lower than the 2-level topology.
A precise filter sizing method for three level inverter is yet
absent.
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Fig. 1. Inverter design workflow.

TABLE I
TRANSISTOR IN COMPARISON

VDS ID RDS(on) COSS Qg

C2M0160120D
SiC MOSFET

1200 V 19 A 160 mΩ 47 pF 34 nC

GS66504B
GaN transistor

650 V 15 A 110 mΩ 34 pF 3.3 nC

GS66508T
GaN transistor

650 V 30 A 50 mΩ 65 pF 5.8 nC

This work is carried out to discuss the potentials of imple-
menting GaN transistor in PV inverter. A high power density
GaN based three phase inverter design flow is demonstrated
as shown in Fig. 1. Detailed semiconductor loss decomposi-
tion between SiC based solution and GaN based solution is
introduced in section II. In section III, a precise method for
designing LC filter in three level three phase inverter is elab-
orated. Pareto front analysis and filter inductor optimization
are discussed in section IV. Section V concludes the paper.

II. SEMICONDUCTOR LOSS COMPARISON IN THREE
PHASE INVERTER

In discussion of semiconductor loss, we select 650 V GaN
transistor GS66504B and GS66508T from GaN Systems in
comparison with 1200 V SiC MOSFET C2M0160120D from
Wolfspeed, specifications given in TABLE I. As shown in
Fig. 2, C2M0160120D is configured as conventional 2-level
inverter bridge, while GS66504B and GS66508T are each con-
figured as 3-level NPC inverter bridge. To provide an intuitive
comparison between the transistor switching loss, we collect
double pulse test (DPT) result from LTSpice simulation, where
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(b) 3-level NPC inverter bridge.

Fig. 2. Comparison of inverter bridge.
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Fig. 3. Switching loss comparison between SiC and GaN transistor.

SiC transistor loss data is collected at 750 V bus voltage
and GaN transistor loss data is collected as two transistors
at 375 V bus voltage. As shown in Fig. 3, GaN transistor
shows a better efficient switching performance compared with
SiC transistor along the whole source current range, which
is beneficial in high frequency applications. However, it’s
hard to justify the overall power loss based on switching
loss characterization. Following issues must be illustrated in
discussion of semiconductor loss comparison in three phase
inverter application:

• Transistor source current at each switching transient is
not the same. Total switching loss at one sinusoidal cycle
should be calculated as the sum of loss at each switching
transient.

• Conduction loss and reverse conduction loss of transistor
must be included in calculating total semiconductor loss.

• Conduction loss of clamping diode in three level topology
must be included when comparing SiC based solution and
GaN based solution.

To address these problems, we propose a novel loss evalu-
ation method as illustrated in Fig 4. Basically, switching loss
characterization of each transistor in comparison is acquired
from LTSpice simulation. Inverter operation data is collected
as transistor source current during each switching transient
and RMS conduction current from MATLAB/Simulink circuit
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Fig. 4. Flow chart of the transistor loss comparison.

simulation at 10 kHz. Based on these two sets of data, total
semiconductor switching loss and conduction loss can be
obtained. Switching loss data at 10 kHz can be proportionally
scaled to estimate switching loss in higher frequency range.

Single transistor loss decomposition in three phase inverter
is compared in Fig. 5. It shows that, at conventional 10 kHz
switching frequency, conduction loss is dominant in both SiC
based solution and GaN based solution. Benefit from the
three level topology, semiconductor loss in each transistor is
lower in GaN based solution, which is beneficial in thermal
cooling and high frequency implementation. In reaching for
high switching frequency, high Rds on device is more efficient
than low Rds on device.

Total semiconductor loss comparison in three phase inverter
is given in Fig. 6, which includes switching loss, conduction
loss and reverse conduction loss of transistors in all three
inverter bridges. For GaN based solution configured as three
level diode clamp NPC bridge, total semiconductor loss also
includes conduction loss in SiC schottky diode (FFSM1265A).
It shows that, when switching frequency is lower than 70 kHz,
total semiconductor loss in SiC based solution is actually lower
than GaN based solution. This explains the inconsistency in
semiconductor selection at 50 - 100 kHz PV inverter design
from the prior-art research. Better FOM of GaN transistor
shows evident advantage in efficiency at switching higher
than 100 kHz. Another potential benefit of using GaN based
solution is the reduced LC filter requirement from its three
level topology implementation, which will be quantified and

10kHz 50kHz 100kHz 200kHz
Switching frequency

0

2

4

6

8

10

12

14

Si
ng

le
 tr

an
si

st
or

 p
ow

er
 L

os
s (

W
)

1200 V 19 A SiC transistor

Conduction loss
Switching loss

(a) C2M0160120D

10kHz 50kHz 100kHz 200kHz
Switching frequency

0

1

2

3

4

5

Si
ng

le
 tr

an
si

st
or

 p
ow

er
 L

os
s (

W
)

650 V 15 A GaN transistor

Conduction loss
Switching loss

(b) GS66504B

10kHz 50kHz 100kHz 200kHz
Switching frequency

0

1

2

3

4

5

Si
ng

le
 tr

an
si

st
or

 p
ow

er
 L

os
s (

W
)

650 V 30 A GaN transistor

Conduction loss
Switching loss

(c) GS66508T

Fig. 5. Comparison of single transistor loss.

discussed in the next section.

III. LC FILTER DESIGN FOR THREE LEVEL INVERTER

A precise sizing method for LC filter is critical in designing
high power density inverter. LC filter design method has been
widely discussed in the two level inverter as summarized in
TABLE II. As low pass filter, cutoff frequency is related to
the harmonic attenuation ratio, which is generally set as 10
times higher than the output line frequency. Filter inductance
is constrained by the maximum current ripple ∆iout. The
mudulation index independent equation is derived based on the
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Fig. 6. Total semiconductor loss comparison in three phase 3 kW PV inverter.

TABLE II
REVIEW OF LC FILTER DESIGN IN TWO LEVEL INVERTER

Parameters Constraints reference

Cutoff frequency

fc = 1

2π
√
LC

fc > 10f0 [22]–[26]

Inductor

L

L = 1
6
· cos(π

6
) · VDC

∆iout·fsw
·M [21], [22], [27]

L = 1
6
· VDC

∆iout·fsw
[25]–[28]

Capacitor

C

C < 5% Pn

2πf0V
2
ll

[21], [26]

[22], [27]–[29]

worst case when largest current ripple shows up at modulation
index M = 2/

√
3. Filter capacitance is limited by the system

reactive power tolerance.
Moving on to three level inverter LC filter as shown in

Fig. 7, we can still agree on the cutoff frequency criteria and
filter capacitance design criteria. However, filter inductance
needed in three level inverter can be essentially reduced due
to the extra voltage level in the inverter output. Taking phase
A as example, general method for sizing filter inductance is
given as (2) and (3). The least required filter inductance can
be sized according to maximum total magnetic flux ripple
∆λa and inductor current ripple ∆i1a which is generally set
as 20 - 30 % of the rated output current. Maximum ∆λa
over switching period ∆T can be sized according to inductor
maximum voltage-second product, when capacitor voltage
(vCa) is approximated as phase voltage (va). As a result,
detailed analysis on voltage waveform across filter inductor
is important for precisely quantifying the filter inductance.

∆λa = N ·∆Φa = L1a ·∆i1a
= (van − vCa) ·∆T ≈ (van − va) ·∆T (2)

L1a min =
max [(van − va) ·∆T ]

∆i1a
(3)
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modulation.

Typical waveform of three level inverter is given in Fig. 8,
and modulation wave can be represented as 4. Transistors are
modulated under phase disposition scheme. There are three
voltage level, +1/2VDC , 0 and −1/2VDC in each inverter
bridge output vao, vbo and vco. Voltage potential at AC filter
mutual ground vno can be calculated according to (5), which
has five voltage level as shown in Fig. 8.

vMa = M · sin(ω0t)

vMb = M · sin(ω0t+ 2π/3)

vMc = M · sin(ω0t+ 4π/3)

(4)

vno =
1

3
· (vao + vbo + vco) (5)

Next, we can obtain the switching pattern of van according
to van = vao − vno, which is shown as simulation waveform
in Fig 9. Basically van switching pattern is vertically mirrored
between (0 , π) and (π , 2π), and horizontally mirrored
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Fig. 9. Simulation result of van switching pattern during (0 , π) and M ≥ 2
3

.

between (0 , π
2 ) and (π2 , π). As a result, we only need to

focus on 1 / 4 sinusoidal cycle to locate the maximum current
ripple instance. Taking period (0 , π

2 ) as an example, we can
define four sections segmented by ξ1, π

6 and ξ2, each has
three voltage level in van switching pattern. π

6 and π
2 are

defined at the instance when modulation wave vMa = vMc

and vMa = vMb. ξ1 and ξ2 are defined at the instance when
modulation wave vMa − vMc = 1 and vMa − vMb = 1,
which are modulation index dependent and given in (6)(7). It
should be noted that (8) always holds true when modulation
index M > 2

3 . When M ≤ 2
3 , there are less voltage levels in

van switching pattern, which will be omitted in the following
discussion.

ξ1 = sin−1(
1√

3 ·M
)− π

6
(6)

ξ2 = sin−1(
1√

3 ·M
) +

π

6
(7)

0 < ξ1 <
π

6
< ξ2 <

π

2
(8)

To quantify the maximum current ripple in filter inductor, it
is important to quantify the maximum ripple in total magnetic
flux ∆λ, which equals the product of voltage potential across
inductor and transient exciting duration. Exciting duration can
be obtained by geometric triangle similarity in modulation
wave as shown in Fig 10(a) and calculated as (9). Section I is
taken as example for demonstration and filter inductor transient
exciting duration can be calculated as (10). It should be noted
that VDC/6 > va > 0 holds true during the whole section I
period. According to voltage potential between filter inductor
van − va, current increment and decrement at each transient
period in section I can be shown as Fig. 10(b). Increment
in total magnetic flux during t23 and t56 can be respectively

0

vMa

vMb

vMc

1

-1

ΔTMa

ΔTMc

ΔTMb

Tsw

(a) Triangle similarity in obtaining tran-
sient exciting duration in filter inductor.
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(b) i1a during section I (0 , ξ1).

Fig. 10. Maximum inductor current quantification.

represented as δλ11 and δλ12 (11). Thus, maximum ripple in
total magnetic flux during section I can be represented as (12).

∆TMa/Tsw = (1−Ma)/1

∆TMb/Tsw = Mb/1

∆TMc/Tsw = (1 +Mc)/1

(9)


t01 = t45 = Tsw · ((1− vMa)− (1− vMb))/2

t12 = t34 = Tsw · (vMa − (1 + vMc))/2

t23 = Tsw · (1 + vMc)

t56 = Tsw · (1− vMb)

(10)

{
δλ11 = (VDC

6 − VDC

2 · vMa) · t23

δλ12 = (VDC

6 − VDC

2 · vMa) · t56

(11)

∆λI = max(δλ11, δλ12) (12)

According to similar analysis, we can now quantify the
maximum ripple in total magnetic flux at each switching
section and have its maximum value as ∆λmax (13). This
value is modulation index dependent and can be quantified
as per-unit value in (14). When plotting per-unit value of
maximum total magnetic flux ripple as Fig. 11, we can see
that this value is largely reduced compared with two level
inverter due to its extra output voltage levels. Filter inductance
for three level inverter can thus be quantified as Fig. 15. By
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Fig. 11. Comparison of per-unit ∆λmax versus modulation index M .

using three level topology, we can effectively reduce the filter
inductance by 42 % at M = 1 and up to 55 % at M = 0.862.
In a further step, we can simplify inductance selection criteria
as (16) by using the maximum value in (15).

∆λmax = max(∆λI,∆λII,∆λIII,∆λIV) (13)

∆λmax
Tsw · VDC

=


− 1

12 · (M − 2)(3M − 2) M ≥ 0.862
1
18 0.770 ≤M < 0.862
1
12 · (2−

√
3M) 0.667 ≤M < 0.770

(14)

L1 =


− 1

12 ·
VDC

∆i1 max·fsw · (M − 2)(3M − 2) M ≥ 0.862
1
18 ·

VDC

∆i1 max·fsw 0.770 ≤M < 0.862
1
12 ·

VDC

∆i1 max·fsw · (2−
√

3M) 0.667 ≤M < 0.770
(15)

L1 min =
1

12
· VDC

∆i1 max · fsw
(16)

IV. CRITICAL CONSIDERATIONS IN HIGH POWER
DENSITY INVERTER DESIGN

A. Pareto Front Analysis on Semiconductor Loss versus Filter
Inductance

Selecting proper switching frequency is critical in designing
high power density inverter. Increased switching frequency
can effectively shrink the filter volume, while leads to ex-
tra semiconductor loss at the same time. A trade-off study
is performed. Combining semiconductor loss calculation in
section II and filter inductance calculation in section III, we
can now plot Pareto front of semicondcutor loss versus filter
inductance as shown in Fig. 12. Basically, x-axis is sizing of
the filter inductance and y-axis is the total semiconductor loss,
and we prefer them both as small as possible. We consider
the bottom left corner in Fig. 12 as idea condition. For both
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Fig. 12. Pareto front analysis on semiconductor loss versus filter inductance.

GaN based solution and SiC based solution, their optimal
operation points locate around 100 kHz switching frequency.
Compared with operating at the conventional 16 kHz switching
frequency, filter inductance can be significantly reduced, while
maintains a tolerable increase in total semiconductor loss.
Further increase the switching frequency higher than 100
kHz is no longer effective in shrinking filter inductance.
At 100 kHz switching frequency, benefit from better GaN
transistor’s better FOM as well as three level topology, total
transistor loss can be reduced by 30 % and filter inductance
can be reduced by 55 % compared with SiC based solution.
Difference between two GaN transistors in comparison is not
significant at 100 kHz switching frequency, while high Rds on
device is more efficient in high frequency applications. For
the inverter specification discussed in this paper, we choose
GS66504B GaN based solution in the following discussion.

B. Inductor Design Optimization

Low profile and low power loss are two chief considerations
in inductor optimization. Powder core toroids are generally
used as filter inductor in the inverter output. Inductor power
loss can be categorized as two major parts:

• Copper loss, which is resulted from Joule heating on
inductor winding. Copper loss can be aggravated by skin
effect and proximity effect in high frequency applications.

• Core loss, which is resulted from hysteresis loss and eddy
current loss induced in magnetic core. This process is
highly non-linear and Steinmetz’s equation is generally
used for core loss estimation as loss power per volume
(17). Steinmetz’s equation is an empirical formula and
constant k, a and b are generally provided by manufac-
turer from fitted experimental result.

Pv = k · fa ·∆Bb (17)

We adopt an optimal magnetic core selection method as
shown in Fig. 13. Litz wire first is decided as 0.004 mm
× 1200 strands for its low current density at 4.5 A RMS
current and high immunity to skin effect. Then we collect
basic specifications of powder core, including mean inductance
factor (AL), window area (AW), cross section area (Ae),
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Fig. 13. Core selection procedure.

TABLE III
OPTIMAL MAGNETIC CORE SELECTION

fsw
Optimal

core

Permeability

µ

Core volume

Ve (mm2)

Inductor loss

PL (W)

16 kHz 55199-A2 200 µ 28600 2.10

50 kHz 55088-A2 147 µ 15580 1.61

100 kHz 55254-A2 125 µ 10500 1.57

150 kHz 55083-A2 60 µ 10500 1.58

200 kHz 55440-A2 26 µ 21300 1.27

mean length per turn (MLT) and Steinmetz’s coefficient, from
manufacturer catalog. Fill factor (KW) is calculated based on
filter inductance value. Candidate inductor cores are filtered
according to 0.4 < KW < 0.8. These candidates are then sorted
by total inductor loss (PL) at the rated inverter operation states.
Magnetic core with the least power loss is then selected.

Optimal magnetic selected at each inverter switching fre-
quency is listed in TABLE III. In general, low permeability
core material is preferred at high frequency applications. Total
power loss in filter inductor is reduced in a higher switching
frequency. By increasing switching frequency from 16 kHz
to 100 kHz, optimal magnetic core size can be reduced by
63 %, which is resulted from the smaller filter inductance
value needed at high switching frequency. However, it should
be noted that, when switching frequency is further increased
to 150 kHz and 200 kHz, optimal core selection shows a
tendency of larger core size. At this range, tendency of using
low permeability core material requires a larger magnetic core
size, which offsets the benefits of filter inductance reduction
in even higher switching frequency.

As plotted in Fig. 14, increasing switching frequency in
three phase inverter shows benefit in filter inductor volume
reduction until 100 kHz. Optimal inductor size is increased
when switching frequency is further increased. As a result,
we choose 100 kHz as optimal switching frequency. From the
analysis above, we list optimal design parameters for three
phase NPC GaN based inverter as TABLE IV.
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Fig. 14. Optimal magnetic core selection.

TABLE IV
GENERAL SPECIFICATION AND MAIN COMPONENT OF THREE PHASE

NPC INVERTER

Parameter Value Component Description

Pnom 3 kW
NPC bridge

transistor

GaN transistor

GS66504B

Vin 750 V
NPC bridge

diode

SiC Schottky diode

C2M0160120D

Vout 230 V Gate driver
Silicone Labs

Si8271

f0 50 Hz Cbus
Electrolytic capacitor

450 V 270 µF

fsw 100 kHz L
55254-A2 50 turns

320 µH

fc 3.9 kHz C
Film capacitor

450 V 4.7 µF

C. Modular Design and PCB Layout

Three phase NPC inverter prototype is shown in Fig. 15.
Inverter prototype adopts modular design and has a total
volume of 1100 cm3 including output LC filter, DC bus
capacitor, DSP control card and inverter power module. Digital
PWM signal, isolated gate voltage and power node in each
power module are connected to the mother board via jump
pin connectors shown in Fig. 15(b). Both the GaN transistor
and the SiC schottky diode have bottom side cooling package.
Thermal vias are drilled thorough the PCB board for heat sink
fixture from the bottom side as shown in Fig. 15(c). Thermal
interface material is applied between the bottom side power
module thermal pad and the heat sink, and pressed by fixture
screw to form a low thermal resistance path. Active fan is
installed to the heat sink to further help transistors cooling.
At 3 kW rated output power, a high power density of 2.7
W/cm3 is achieved.

V. CONCLUSION

GaN transistor application in three phase three level inverter
design is discussed in this paper based on a novel semicon-
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Fig. 15. Three phase NPC inverter prototype.

ductor loss estimation method. In designing hard switching
3 kW three phase NPC inverter, GaN based solution does
not show significant efficiency reduction compared with SiC
based solution until switching frequency is higher than 70 kHz.
According to analysis on precise output LC filter design, three
level topology used in GaN solution can help to reduce the
filter inductance by 42 % to 55 % depending on the modulation
index. Semiconductor loss versus filter inductance Pareto front
analysis is carried out. When aiming for lowest loss in filter
inductor at switching frequency higher than 100 kHz, optimal
magnetic core size should be actually increased for the trade-
off between core loss and winding loss. As a result, switching
frequency of 100 kHz is optimal for using GaN transistor
in designing 3 kW inverter. A GaN based three phase NPC
inverter is designed to validate the design methodology, which
achieves high power density of 2.7 W/cm3.
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