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LTE Long term evolution (4G) 
MMIC Monolithic microwave integrated circuit 

MODFET Modulation doped field effect transistor 
mHEMT Metamorphic HEMT 

NRZ Non-Return-to-Zero 
NRZ-L Non-Return-to-Zero-Level 
NRZ-M Non-Return-to-Zero-Mark 
OOK On-off keying 
PA Power amplifier 

PAM Pulse amplitude modulation 
PCB Printed circuit board 
PE Phase encoding 

pHEMT Pseudomorphic HEMT 
PPG Pulse pattern generator 
PR Partial response 

PRBS Pseudo random bit sequence 
S Source of transistor / signal of transmission line 

SR Short range 
SSB Single side band 
RF Radio frequency 
RZ Return-to-Zero 

TEM Transverse electromagnetic mode 
UMTS Universal mobile telecommunications systems (3G) 
UWB Ultra-wideband 
VF Video frequency 

VSB Vestigial side band 
VSG Vector signal generator 
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Abstract 

This PhD thesis investigates hardware solutions for next generation optical and wireless short 
range (SR) communication systems. More specifically, it is about microwave components that 
enables high efficiency and/or capacity of the system. 

The first part of this thesis deals with SR optical cables for high density datacenters, which 
are a key element of current networks. SR cables usually employ direct detection schemes, 
which adopt robust and simple baseband modulations, such as non-return-to-zero (NRZ), 
and pulse amplitude modulation (PAM). This thesis investigates the alternative partial response 
(PR) modulation formats, which can significantly boost the spectral efficiency of a baseband 
signal by an analog low pass filter (LPF), which introduces a controlled amount of intersymbol 
interference (ISI). More specifically, the target of this research are PR modulators based on 
microwave linear phase LPF and eventual alternatives. The motivation for having a linear phase 
characteristic is their low phase noise, which can significantly improve the modulated signal. 
Another important issue is the microwave implementation; in this thesis we investigate which 
technology and design in terms of spurious response and phase linearity. 

The second part of this thesis is about microwave components for ultra-wideband (UWB) 
wireless communication systems. The targets are envelope detectors (EDs) able to operate in 
UWB systems. The main design challenge is the required fractional bandwidth, above 20%, for 
UWB systems. We proposed three EDs designed in microstrip technology and able to operate 
with fractional bandwidths above 30%; furthermore, they have a relatively simple and cost 
effective implementation. The first two detectors are based on Schottky diodes, while the third 
on high electron mobility transistors (HEMTs). Experimental results of the three detectors 
showed outstanding results in terms of fractional bandwidth. 
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CHAPTER 1 

 1 Introduction 

Future demand for fast internet connections and number of users will require a significant 
improvement of the capacity that current networks can provide. Forecasts show a continuous 
growth of the annual global IP traffic that will reach up to 3.3 ZB in 2021 from 1.2 ZB in 
2016 [1]. Moreover, applications such as the internet of things (IoT) are continuously 
increasing the number of connected devices even in the most remote regions [2].  

 
Fig. 1.1 Cisco forecasts of future global IP traffic. 

This trend promotes the development and improvement of telecommunications in terms of 
capacity, number of users and coverage that networks can provide. For achieving such goals 
a necessary step is developing and providing hardware that can handle them. This project 
investigates microwave hardware solutions for short-range (SR) communications over optical 
and wireless channels. More specifically, our research covered two main scenarios: optical 
intra-data center and ultra-wideband (UWB) wireless communication systems. Both scenarios 
require electronics that operates up to the microwave domain and are characterized by SR 
coverage and significant power and cost limitations. 
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Fig. 1.2 The internet from core to home networks. 

1.1 Datacenters 
The first scenario covers high capacity data centres, where the majority of optical cables are 
deployed [3]. Optical cables in datacenter provides high-speed communications and can reach 
up to 40 km. These cables are divided in three categories according to the IP traffic they 
are handling: 

 Data center to user: traffic from the datacenter to the end users. Typical applications 
are storage, production and development of data authentication. 

 Data center to data center: traffic between datacenters. Typical applications are replication 
and inter-database links. 

 Within data center: traffic that remain within the datacenter. Typical applications are 
web, mails and internal video on demand. 

 
Fig. 1.3 Data center IP traffic distribution according to application categories. 
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DATACENTERS 

 

 

According to [4], in 2015 the 77% of datacenter data traffic was ithin the datacenter and the 
percentage will be the same in 2020. Typically within datacenter communications involve SR 
optical links, which cover distances below 100 m [5]. Datacenter SR links follow the 10GBASE-
SR speciation defined in [6]. The maximum specified bit rate (Br) is 10 Gbps and the 
distance is up to 300 m [3]. A typical solution for increasing Br is parallelization of 10GBASE-
SR links: 4x10G (40GBASE-SR4) and 10x10G (100GBASE-SR10) parallel lanes for 40 
and 100Gbps respectively. Moreover, improvements for optical and electrical technologies enable 
increasing Br of a single lane up to 25 Gbps; the result are the standards 4x25G (100GBASE-
SR4) and 16x25G (400GBASE-SR16) for 100 and 400 Gbps optical short-range parallel 
lanes solutions [7], [8]. 

SR optical links usually transmit robust and simple baseband binary signals with Non-Return-
to-Zero (NRZ) coding, which are also inherently spectral inefficient with only 1 bit/s/Hz. A 
more efficient solution is applying M-levels Pulse amplitude modulation (PAM) that improves 
the efficiency up to log2𝑀 bit/s/Hz with a cost in terms of robustness. A constrain for both 
binary and PAM signals is the intersymbol interference (ISI). Alternatively, Partial Response 
(PR) modulation formats improve the spectral efficiency by introducing controlled amounts of 
ISI to baseband signal. For example, when duobinary, which is the simplest PR modulation, 
is applied to a binary signal, the modulated signal gets M=3 levels with the same spectral 
efficiency of 4-PAM: 2 bit/s/Hz. 

 
Fig. 1.4 Most common direct detection modulation formats for SR optical links. 

For PR solutions, the complexity of the transceiver should be kept limited in terms of costs 
and power consumption to be competitive with NRZ or PAM. Therefore, among the different 
PR modulator implementations, in this thesis we study those based on analog microwave low 
pass filter (LPF), because they are the most simple and cost effective [9], [10].  

In this thesis, we investigate, optimize, design and test PR modulators based on analog 
microwave LPF for 100G and 400G intra-datacenter optical solutions, which require bit rates 
of 10 and 25 Gbps respectively. 



4 INTRODUCTION 

 

 

 

1.2 Wireless ultra-wideband communications 
The microwave region of the electromagnetic spectrum, which covers from 300 MHz to 300 
GHz, supports the majority of applications for wireless communications [11]. 

Band designations Applications 

L band 1-2 GHz GPS 1575 MHz 
S band 2-4 GHz GSM* 880-950 MHz 
C band 4-8 GHz UMTS* 1920-2170 MHz 
X band 8-12 GHz LTE* 2500-2690 MHz 
Ku band 12-18 GHz 5G (band 1) 600-6000 MHz 
K band 18-26 GHz 5G (band 2) 24-86 GHz 
Ka band 26-40 GHz Bluetooth 2400-2485 MHz 
U band 40-60 GHz UWB 3.1-10.6 GHz 
V band 50-75 GHz Satellites L, C, Ku and Ka 
W band 75-110 GHz   
D band 110-170 GHz   

*European region [12]    

Table 1.1 Microwave designated bands and some common wireless applications [11]–[13]. 

Therefore, the development and research on microwave circuits are a crucial part of wireless 
communications. Wireless technologies that enable high data rates, such as UWB, will play 
key role in future wireless networks. UWB systems offer new capabilities for home and office 
networks, which mainly deal with SR communications [14]. 

 
Fig. 1.5 Common applications of wireless UWB technology. 
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UWB technology support signals with bandwidth above 500 MHz and it authorizes the unlicensed 
use of the band [3.1, 10.6] GHz (which covers C-band and X-band), provided the UWB 
power emission standards are met [15]. 

 
Fig. 1.6 Spectral emission regulations for wireless UWB networks. 

Because of their fundamental differences from conventional narrowband systems, UWB systems 
require specific hardware components to be researched and developed. Specifically, microwave 
receivers are fundamental to enable UWB communications, as they need to have a flat response 
over a wide frequency range and need to be able to operate at low power levels.  

Envelope detectors (EDs) are simple and cost-effective components for UWB transceivers, 
which downconvert RF modulated signals to baseband. Compared to homodyne and heterodyne 
receivers, EDs have a simpler and more flexible implementation, because they do not require 
a local oscillator (LO) or carrier recovery; however, this simplicity comes  with a cost in 
terms of sensitivity [11]. Fig. 1.7 compares the simplified schematics of a heterodyne/homodyne 
detector and an ED; both detectors require a low noise amplifier (LNA) and a bandpass filter 
(BPF) centred at the modulated radio frequency (RF) fRF. The heterodyne detector uses a 
mixer for obtaining the intermediate frequency (IF) fIF=fRF-fLO, where fLO is the LO frequency. 
By the other hand, the ED recovers the envelope at baseband or the video frequency (VF) 
fVF from the modulated signal at fRF.  

This thesis investigates microwave EDs designed for UWB communications, which requires 
broadband matching, fractional bandwidth above 20%, strict power emission limitations and a 
cost-effective technology. 
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Fig. 1.7 Schemes of a heterodyne/homodyne and an envelope detector. 

1.3 Thesis outline 
The thesis covers in two main topics distributed among the following three chapters. The first 
topic are PR modulators based on microwave filters for intra-datacenter communications and it 
covers chapters 2 and 3. Chapter 2 introduces PR modulation formats, digital and analog 
electrical PR modulation and demodulation schemes; furthermore, it reports two analog alternatives 
to LPF based modulators. Chapter 3 focuses on the design of linear phase microwave filters 
optimized for being PR modulators.  

The second topic is about EDs for wireless UWB receivers; this topic is reported in chapter  
4. This chapter covers EDs based on Schottky diodes and designed for signals with large 
fractional bandwidth up to 100%. Furthermore, an ED based on transistors is proposed; 
transistor based EDs enable improving the sensitivity and insertion loss compared to Schottky 
based detectors. Finally, chapter 4 summarizes and concludes the research and gives the 
insights for the future work. 
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CHAPTER 2 

 2 Partial response modulation formats 

In communication systems, the modulation format describes the way to carry the information. 
In case of digital transmission, the information is represented as a sequence of bits {bi}iϵ ℕ at 
a rate Br. The process of converting the sequence {bi} into an analog signal sTx(t) suited 
for transmission is referred as digital modulation; while the inverse process is the digital 
demodulation. 

 
Fig. 2.1 Digital transmission scheme. 

At the transmitter, the digital modulator is the component that modulates bi into the analog 
signal sTx(t). The received signal r(t) is given by the sum of sRc(t), which is the convolution 
of sTx(t) and the transfer function Xch(f) of the channel, and wRc(t), which is the noise 
introduced by the channel. The demodulator is the component that demodulates the bit sequence 
{b̅I}iϵ ℕ from r(t). 

A digital modulation format is evaluated by its robustness and spectral efficiency η , which is 
measured as the ratio of the bit rate Br to the bandwidth Bth of sTx(t). The following sections 
of this chapter will introduce the concept of bandwidth and provide a description of some of 
the most common digital modulation formats adopted for SR data center networks. 

The main topic of this chapter is partial response (PR) modulation formats, which use 
controlled amount of ISI for boosting the spectral efficiency of sTx(t). Furthermore, different 
implementations of PR modulators and demodulators will be introduced; more specifically, we 
will concentrate on PR modulators based on analog filters. 

2.1 Signal Bandwidth 
The band Bx of a continuous time signal x(t) of period T is the set of positive frequencies 
where its Fourier transform X(f) is nonzero: 

𝐵𝑥 = {𝑓 ≥ 0 ∶ 𝑋(𝑓) ≠ 0} (2.1) 

Most real life signals have a finite support in time domain, thus they cannot have a limited 
band [16]. However, it is convenient assuming that their Fourier transforms are negligible 
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outside a properly chosen Bx= [f1, f2] referred as practical band. The practical bandwidth of 
a modulated signal is then defined as Bth=f2-f1. Some criteria for choosing Bx are given in 
the following list [16]:  

 Amplitude: given a positive ε , with ε <1, we define Bx as the smallest interval [f1, 
f2], such that the amplitude of X(f) does not exceed the fraction ε  of its maximum 
outside [f1, f2]: 

|𝑋(𝑓)| ≤ 휀 𝑚𝑎𝑥|𝑋(𝑓)| 𝑓 ≥ 0, 𝑓 ∉ [𝑓1, 𝑓2] (2.2) 

A typical value of ε  is 1/√2, which corresponds to the 3 dB bandwidth B3dB. 
 Energy: given a positive ε , with ε <1, we define Bx as the smallest interval [f1, f2], 

such that the energy of X(f) inside [f1, f2] is equal or larger than: 

𝐸𝑋 = (1 − 휀)∫ 𝑆𝑋(𝑓)𝑑𝑓
+∞

−∞

≤ 2∫ 𝑆𝑋(𝑓)𝑑𝑓
𝑓2

𝑓1

 (2.3) 

Where EX is the energy overall the spectrum and SX the energy spectral density of 
X(f). Typical values of ε  are 10% or 1%. 

 First zero: given the positive frequency f0 such that |X(f0)|=max|X(f)|, we define 
Bx as the interval [f1, f2], such that: f0 ϵ  [f1, f2], where  f2 is the minimum positive 
frequency above f0 and f1 the maximum positive frequency below f0 such that X(f) 
is zero.  In case such f1 does not exist, it is set to zero. 

𝑓2 = 𝑚𝑖𝑛{𝑓0 < 𝑓, |𝑋(𝑓)| = 0}

𝑓1 = 𝑚𝑎𝑥{0 < 𝑓 < 𝑓0, |𝑋(𝑓)| = 0}  ∨  𝑓1 = 0
 (2.4) 

When f1 is zero, the signal x(t) is defined as baseband, otherwise is defined as passband 
or RF modulated; these definitions are valid for the three criteria. The amplitude criterion is 
commonly used for defining the band of systems or devices, such as filters, by means of 
their impulse response. By the other hand, the energy and first zero criteria are usually applied 
to transmitted signals.  

A useful real value function x(t) is the time limited rectangular pulse “rect” of duration T: 

𝑟𝑒𝑐𝑡 (
𝑡

𝑇
) = {

1
0.5
0

|𝑡| < 0.5
|𝑡| = 0.5
|𝑡| > 0.5

 (2.5) 

The Fourier transform of (2.5) is a cardinal sine function “sinc” of period F=1/T.  

𝑟𝑒𝑐𝑡 (
𝑡

𝑇
) → 𝑇𝑠𝑖𝑛𝑐(𝑓𝑇) = {

sin(𝜋𝑓𝑇)

𝜋𝑓
0

𝑓 ≠ 0
𝑓 = 0

 (2.6) 
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Fig. 2.2 shows the functions (2.5) and (2.6); if we apply the first zero criterion to (2.6), 
we get f1=0 and f2=F=1/T; therefore, the bandwidth becomes the inverse of the pulse period 
Bth=1/T. 

 
Fig. 2.2 Time limited rectangular pulse (left) and its Fourier transform (right). 

2.2 Digital modulations 
In this subsection we will introduce and describe some of the most common digital modulation 
formats for communications over baseband channels. 

2.2.1 Baseband modulation 

When the transmission media is a baseband channel, such as a copper wire or an optical 
fiber, bits are baseband modulated or line coded to an electrical signal sTx(t). Given the bit 
sequence {bi}, the i-th bit of the sequence bi is coded by the symbol signal xi(t) of duration 
Ts, referred as the symbol period. Fig. 2.3 shows some of the most common line codes: Non-
Return-to-Zero-Level (NRZ-L), Non-Return-to-Zero-Mark (NRZ-M), Return-to-Zero (RZ) 
and Manchester code or phase encoding (PE). 

NRZ-L is a binary line code that represents the binary symbols “1” and “0” with two different 
voltages V1 and V0 respectively. There is no guard time between symbols in NRZ coding; 
therefore, the symbol signal xi(t) is ideally a rectangular pulse constant at V1 or V0 overall 
Ts. In practice, xi(t) requires a rise and fall time tr and tf when transitioning from different 
voltages. An interesting variant is NRZ-M that represents the symbol “0” as the same voltage 
of the previous symbol and “1” as the opposite. NRZ-L is the standard coding for digital 
circuits, thus we will normally refer to it as NRZ. 

Like NRZ, RZ is a binary line code that represents the symbols “1” and “0” with the voltages 
V1 and V0 respectively. However, RZ coding requires the signal to drop to the lower level V0 
between each symbol. This drop occurs even with two consecutive V1. 
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Manchester or PE line code represents the symbol “1” with a transition from V0 to V1 and 
“0” with a transition from V1 to V0. The transitions carrying information occurs at the midpoint 
of Ts; while the transitions at the start of Ts are overheads and occurs when two consecutives 
symbols are equal.  

 
Fig. 2.3 Most common baseband modulations or line codes. 

RZ and PE are more robust than NRZ because they are less affected by misalignment and 
ISI; however, this benefit comes with a cost in terms of efficiency. As shown in the previous 
section, the first zero bandwidth Bth of a rectangular pulse is the opposite of the pulse duration 
1/T. In case of an NRZ code, the maximum T is Ts, while for RZ and PE codes is Ts/2, 
because half of the symbol period has to be allocated for the transition or drop.  

The most common bit sequences used for testing communication systems are pseudo random 
bit sequences (PRBSs), which are long 2n-1 bits and contain every possible combination of 
n bits except for one. When n tends to infinite and sTx(t) is an NRZ coded 2n-1 PRBS, 
the spectral density STx(f) tends to the density of a single pulse Xi(f); thus such PRBS 
has a bandwidth equals to Bth=1/T=1/Ts [17]. Fig. 2.5 shows the eye diagram and the 
spectrum in dB of an NRZ coded PRBS of 1023 bits. 
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Fig. 2.4 Eye diagram and the spectrum of an NRZ coded PRBS of 1023 bits 

By the other hand, for RZ and PE coded PRBSs, the bandwidth will tend to Bth=1/T=2/Ts. 
Baseband modulations associate a single bit to a symbol; therefore, the bit rate Br is 1 bit/Ts. 
The spectral efficiency η of a baseband modulated PRBS is given by: 

𝜂 =
𝐵𝑟
𝐵𝑡ℎ

=
1

𝑇𝑠𝐵𝑡ℎ
  (𝑏𝑖𝑡/𝑠/𝐻𝑧) (2.7) 

From (2.7), we can derive that NRZ has η=1 bit/s/Hz while RZ and PE 0.5 bit/s/Hz. 
Because of its double efficiency, NRZ coding is commonly preferred to RZ and PE. 

2.2.2 Pulse amplitude modulation 

Pulse amplitude modulation (PAM) is a digital modulation where the information is encoded 
in the amplitude of the modulated signal sTx(t). PAM associates m bits to a single symbol 
ai and each possible combination is coded with a different voltage Va; thus the number of 
levels becomes M=2m and aϵ {0, 1, …, m-1}. Fig. 2.5 shows a binary sequence modulated 
to a 4 levels PAM or 4-PAM signal, where every pair of bits is assigned to a symbol ai 
and to a pulse of amplitude Va according to a Gray code, i.e. adjacent amplitude levels differ 
for only one bit [18]. The resulting sequence of symbols is referred as {ai}iϵ ℕ. 

Because M-PAM modulations may support more than two levels, it is appropriate to define a 
level transition li as the difference between the i-th symbol ai and its successor ai+1: 

𝑙𝑖 = 𝑎𝑖 − 𝑎𝑖+1 (2.8) 

When m=1, the resulting 2-PAM becomes NRZ with M=2 and aϵ {0, 1}. Despite the multiple 
levels, M-PAM symbol signals xi(t) are still rectangular pulses of duration T=Ts; therefore, 
the bandwidth Bth occupied for each xi(t) is 1/Ts. As for NRZ, the bandwidth of an M-PAM 
coded PRBSs will tend to Bth=1/T=1/Ts [16]. 
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Fig. 2.5 Binary sequence modulated to a 4-PAM signal. 

Fig. 2.6 shows the eye diagrams and the spectra in dB of a 4-PAM and 8-PAM coded 
PRBS of 1023 bits; we can notice that in both cases the first zero bandwidth Bth is 1/Ts. 

M-PAM modulations associate m bits to a symbol; therefore, the bit rate Br is m bit/Ts. The 
spectral efficiency η of M-PAM modulated PRBS, STx(t), is m=log2M bits/s/Hz. 

𝜂 =
𝐵𝑟
𝐵𝑡ℎ

=
𝑚

𝑇𝑠𝐵𝑡ℎ
= 𝑚  (𝑏𝑖𝑡/𝑠/𝐻𝑧) (2.9) 

Eye diagrams in Fig. 2.6 show that the values of a are equiprobable and the modulations 
support all the possible level transitions, i.e. li ϵ  {0, 1, …, M-1}. This occurs because the 
m bits forming a symbol are statistically independent from each other and from any other 
group of m bits.  

Fig. 2.7 shows an implementation of a simple 4-PAM modulator: two binary streams {bi1} and 
{bi2} with the same Br are NRZ coded to the signals s1(t) and s2(t). The amplitudes Va1 
and Va2 of s1(t) and s2(t) respectively, must be properly selected in order to avoid level 
collisions, i.e. the four possible combinations Va=Va1+Va2 must be different from each other. In 
this example, the amplitudes of the NRZ signals are V01=0, V11=A, V02=0 and V12=2A. The 
4-PAM modulator can be extended to any M-PAM modulation by having m bit streams; 
however, the choice of the NRZ amplitudes becomes more difficult because of possible level 
collisions. 
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Fig. 2.6 Eye diagrams and spectra of 4-PAM (top) and 8-PAM (bottom) signals. 

 

 
Fig. 2.7 4-PAM modulator scheme. 

2.3 Partial response modulation 
Partial Response (PR) modulations are digital modulations that boost the spectral efficiency of 
baseband modulated signals by introducing controlled amounts of ISI. Given a sequence of 
symbols {ai}, each symbol ai is correlated with the K previous ones; this correlation is 
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expressed by a polynomial of order K and weight coefficients ck, which also defines the PR 
modulation format: 

𝑝𝑖 =∑𝑐𝑘𝑎𝑖−𝑘

𝐾

𝑘=0

 (2.10) 

Where pi is the i-th PR modulated symbol, ck are integers and the smallest |ck| equals to 
unity [19]. The number of values or levels M of pi depends on the number of levels Ma of 
ai and the coefficients ck: 

𝑀 = 1 + (𝑀𝑎 − 1)∑|𝑐𝑘|

𝐾

𝑘=0

 (2.11) 

Similar to PAM, PR are amplitude based modulations, where the symbols pi are encoded as 
different voltages Vp, with p={0, 1, …, M-1}, of the signal yi(t). At the receiver side, the 
simplest technique for demodulating pi into a recovered symbol a̅i is the inverse of (2.10): 

�̅�𝑖 =  𝑝𝑖 −∑𝑐𝑘�̅�𝑖−𝑘

𝐾

𝑘=0

 (2.12) 

However, in case of a wrong detection, i.e. ai≠ a̅i, (2.12) leads to error propagations because 
of the correlation between symbols. The solution is applying a precoding to {ai} [20].  

Fig. 2.8 shows a general implementation of a PR modulator: the input sequence {ai} is 
modulated or coded to the signal sa(t); each ai is encoded to a signal xi(t) of period Ts. 
At the input, sa(t) may have undesired ISI, thus a Nyquist filter G(ω) is applied for removing 
the input ISI [20], [21]. After removing the ISI of sa(t), the modulator introduces to each 
xi(t) the controlled ISI of (2.10) by having K delay lines of period Ts and by multiplying 
the delayed encoded symbols xi-k(t) by ck. The resulting PR symbol sequence {pi} is 
implemented as the signal sTx(t); each PR symbol pi is encoded to the rectangular pulse 
yi(t) of period Ts and amplitude Vp given by (2.10).  Because filtering is a linear operation, 
G(ω) can be indistinctly positioned at the input or output of the modulator. 
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Fig. 2.8 PR modulator scheme. 

2.3.1 Polybinary modulations 

PR modulations are divided in classes according to their weight coefficients ck [19]. Class one 
(C1), also known as the polybinary class, includes the PR modulations having all unity weight 
coefficients: ck=1. The first polybinary modulation introduced was duobinary also referred as 
C1PR1 [22], [23], which correlates a symbol ai with its predecessor ai-1. More specifically, 
duobinary has K=1, c0=c1=1 and pi: 

𝑝𝑖 =  𝑎𝑖 +  𝑎𝑖−1 (2.13) 

According to (2.11) the number of levels is M=1+2(Ma-1), which gives M=3 if Ma=2 (NRZ) 
and M=7 if Ma=4 (4-PAM). Fig. 2.9 shows an NRZ signal of voltages {V0, V1} and the 
modulated duobinary signal, which admits three levels pi={0, 1, 2} associated to the voltages 
Vi={2V0, V0+V1, 2V1}. 

Polybinary modulations are classified with the nomenclature C1PRK, where K is the formerly 
defined number of previous bits: 

𝐶1𝑃𝑅𝐾:  𝑝𝑖 =∑𝑎𝑖−𝑘

𝐾

𝑘=0

 (2.14) 

As for M-PAM, from (2.14) we can derive the level transition li:  

 𝑙𝑖 =  𝑝𝑖 −  𝑝𝑖+1 =∑𝑎𝑖−𝑘

𝐾

𝑘=0

− ∑ 𝑎𝑖−𝑘

𝐾−1

𝑘=−1

= 𝑎𝑖+1 − 𝑎𝑖+1−m (2.15) 

(2.15) shows that li equals to the difference between ai+1 and ai+1-m; we can deduce that 
for C1PRK modulations li=lai, where lai are the level transition of sa(t), which codes or 
modulates the original {ai}. When {ai} is NRZ coded, the modulated C1PRK sequence supports 
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level transitions only between the same or adjacent levels, i.e. li=lai={0, 1}. This property of 
polybinary modulations can be clearly seen in the two eye diagrams in Fig. 2.10, where the 
two signals are duobinary or C1PR1and a five level C1PR3. 

 
Fig. 2.9 NRZ and duobinary signals. 

 

 
Fig. 2.10 Eye diagrams and spectra of C1PR1 (top) and C1PR3 (bottom) signals 
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Moreover, the spectra of the signals of Fig. 2.10 show that C1PR1 and C1PR3 signals have 
a first zero bandwidth Bth of 1/2Ts and 1/4Ts respectively. As shown in Fig. 2.11, in order 
to implement (2.10) into an analog signal, the duration T=Ts of the NRZ pulse xi(t) is 
extended to T=KTs for having an ISI up to the (i+K)-th symbol. The resulting PR signal 
yi(t) is the sum of the xi-k(t) signals as in (2.10). 

 
Fig. 2.11 Pulse responses of an NRZ, C1PR1 and C1PR3 signals.   

Therefore, C1PRK or polybinary modulations adopt pulses of duration T=KTs and consequently 
they have a bandwidth: 

𝐵𝑡ℎ =
1

𝑇
=

1

𝐾𝑇𝑠
 (2.16) 

Furthermore, the duration T of the extended pulses are only dependent on K and not on their 
amplitude; thus, we can apply (2.16) to any polybinary modulation as we previously did for 
M-PAM. According to the definition (2.16), each pi codes a single ai; therefore, the number 
of bits m coded by pi is the same of ai. Applying (2.16) to (2.7), the spectral efficiency 
of a C1PRK signal becomes: 

𝜂 =
𝐵𝑟
𝐵𝑡ℎ

=
𝑚

𝑇𝑠𝐵𝑡ℎ
= 𝐾𝑚 = 𝐾𝜂𝑎  (𝑏𝑖𝑡/𝑠/𝐻𝑧) (2.17) 

Where η a is the spectral efficiency of the pulse coding ai. In case {ai} is NRZ coded, η 
becomes K bit/s/Hz, which is 2 bit/s/Hz for duobinary. It is important to remark that a 
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C1PRK improves η by reducing Bth by a factor of K, while M-PAM improves η by increasing 
Br by a factor of m=log2M. 

2.3.2 Other PR classes 

The general concept of PR modulation was introduced in [19], where several formats were 
categorized in classes according to their weight coefficients ck. The first class C1 is the 
previously defined polybinary family, which includes the all unity coefficients ck=1. The second 
class C2 includes the PR modulations having the ck represented by a pyramidal function, i.e. 
|ck-ck+1|≤ 1 for every k as shown in Fig. 2.12. 

 
Fig. 2.12 Polynomials of PR modulations of class 2. 

Applying (2.11), when Ma=2 we get M=5 for C2PR2, M=7 for C2PR3 and M=10 for C2PR4. 
Because the ck have different values, it may appear that for implementing (2.10) each ai 
corresponds to K consecutive rectangular pulses xi(t) of period Ts and amplitude given by the 
ck. However, the triangular succession of the ck allows grouping the K pulses into M-1 
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overlapping pulses of duration larger than Ts. However, the period of the sum of these pulses 
must still be KTs for respecting (2.10).  

 
Fig. 2.13 Pulse response of the modulation C2PR2 and C2PR3 

For C2PR2 the symbols ai are coded by two pulses of duration T=2Ts; the first pulse xi,1(t) 
covers the [ai, ai+1] time slots, while the second xi,2(t) the [ai+1, ai+2]. The pi symbol is 
coded by yi(t), which is the sum of xi,1(t), xi-1,1(t), xi-1,2(t) and xi-2,2(t). For C2PR3 
the symbols ai are coded by two pulses of duration T=3Ts; the first pulse xi,1(t) covers the 
[ai, ai+2] time slots, while the second xi,2(t) the [ai+1, ai+3]. The pi symbol is coded by 
yi(t), which is the sum of xi,1(t), xi-1,1(t), xi-1,2(t), xi-2,1(t), xi-2,2(t)and xi-3,2(t). 
Consequently, the bandwidth of C2PR2 is Bth=1/2Ts and of C2PR3 is Bth=1/3Ts. As for C1 
modulations in (2.17), the spectral efficiency of C2PR2 is 2η a bit/s/Hz and of C2PR2 is 
3η a bit/s/Hz, where η a is the spectral efficiency of the original pulse coding ai. Other PR 
classes C3, C4 and C5 are reported in [24]; these classes are not relevant for the scope 
of this research. 

2.4 Analog filter based PR modulators 
The complexity of a PR transceiver should be kept limited in terms of costs and power 
consumption to be competitive with NRZ or PAM. The main drawbacks of the PR modulator 
of Fig. 2.8 are the hardware complexity and the required synchronization between symbols 
[25], [26]. A simple duobinary modulator design consists in applying an analog low pass 
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filter (LPF)  to a NRZ [27] or a 4-PAM [28], [29] signal as shown in Fig. 2.12. This 
concept, which we will address as analog filer based PR modulator, was extended to 5 and 
7 levels PR modulations achieving state-of-the-art results in terms of spectral efficiency for 
direct detection in optical systems [30], [31]. 

 
Fig. 2.14 Scheme of an analog filter based PR modulator. 

For distinction, we will refer to analog PR if analog filters are used for the modulation as in 
Fig. 2.13, otherwise digital PR if digital tap filters are used as in Fig. 2.8. By properly designing 
the LPF, the output modulated signal is a C1PR1 (duobinary), C2PR2 or C2PR3 [32].  

Class Name PR Polynomial 
Coefficients 

M 
c0 c1 c2 c3 

1 PR1 c0ai+c1ai-1 1 1 0 0 3 
2 PR2 c0ai+c1ai-1+c2ai-2 1 2 1 0 5 
2 PR3 c0ai+c1ai-1+c2ai-2+c3ai-3 1 2 2 1 7 

Table 2.1 Properties of the PR modulations, which can be implemented by analog filters. 

The LPF increases the duration T and the rise and fall time tr and tf of the xi(t) coding the 
symbol ai. Moreover, the LPF provides an attenuation to each xi(t) that depends on the K 
previous symbols. The spectral power density Xi(t) depends on the values of ai-k; the larger 
is the number of k such that ai≠ai-k, the higher in frequency is the band where most of the 
spectral power is concentrated. This dependency corresponds to an ISI that correlates ai with 
ai-k as in (2.10).  

Given the symbol ai, NRZ coded to the normalized rectangular pulse xi(t)=rect(t-T/2), we 
define the sampling point as xi(T/2), where the pulse is constant to the designated voltage 
Va. Furthermore, we define as transition points: xi(tr/2) and xi(tf/2), which for NRZ 
correspond to xa(0) and xa(T). 
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Fig. 2.15 Eye diagrams of 10 Gbps analog modulated PR signals. The new sampling 

points are marked by yellow dots and the old ones by grey triangles. 

For analog duobinary the LPF increases the pulse duration to approximately T=1.5Ts and 
attenuates xi(t) only when ai≠ai-1. The modulated signal, shown in Fig. 2.15, is still a two 
levels NRZ but with significant distortion and ISI due to the filtering. By the other hand, the 
transition points are still distanced Ts and can be treated as the sampling point of a three 
levels duobinary signal because of their dependence on the previous symbol. 

The C2PR2 modulation requires a LPF with a narrower passband than the previous case. If 
the passband is narrow enough, the NRZ becomes a duobinary signal, as shown in Fig. 2.15, 
because the attenuation difference between the cases ai≠ai-1 and ai=ai-1 is large enough to 
have a third intermediate level. However, distortion and ISI introduced by the filter deteriorate 
the signal. Although, if the LPF doubles the pulse duration: T=2Ts, the transition points become 
pk(0), pk(Ts) and pk(2Ts), which may be treated as the five sampling point of a C2PR2 
signal because of their dependence on the two previous symbols.        

Finally, the C2PR3 modulation requires a LPF with a narrower passband than the previous 
cases. The NRZ signal becomes a 4 levels polybinary or C1PR3 signal, as shown in Fig. 
2.15, because the symbol attenuation dependence on ai-1, ai-2 and ai-3 is large enough to have 
two new intermediate levels. As in the previous cases, distortion and ISI deteriorate the signal. 
If the LPF increases T to approximately 5Ts/2, the transition points become pk(0), pk(Ts), 
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pk(2Ts) and pk(3Ts), which may be treated as the sampling points of a C2PR3 signal 
because of their dependence on the three previous symbols. 

Fig. 2.16 shows the pulse response of three analog 8th order Bessel LPFs designed for PR 
modulations. The pulse response x5(t) corresponds to the fifth PR symbol p5 derived from 
(2.10) when {ai} is “000010000”. The normalization reference is the maximum PR level 
xM=max(x5(t)). Because of the increment of the pulse duration, the transition points are Ts 
apart and become the sampling points of the analog PR modulated signal. 

 
Fig. 2.16 Pulse responses (sequence “000010000”) of NRZ and PR modulations. 

NRZ signals are not flat at the transition points, thus the modulated PR signals are sensible 
to distortion and misalignments, which can be introduced by the LPF. Distortion occurs if the 
rise and fall sections are not identical. Misalignments occur if the time interval between two 
transition points is not constant at Ts and independent of the ai-k sequence. These impairments 
lead to jitter or phase noise and can be limited if the LPF has a linear phase characteristic. 

2.4.1 Bandwidth and spectral efficiency of analog PR 

Fig. 2.17 shows the spectra STx(f) of a 214-1 PRBS NRZ, analog C1PR1, C2PR2 and C2PR3 
modulated signals; Br is 10 Gbps and the LPFs are 8th ideal Bessel. We can easily identify 
the first zero bandwidth of the NRZ at Bth=1/Ts=10 GHz; however, due to the ideality of the 
LPFs, we cannot clearly define the first zero bandwidth for the analog modulated PR signals. 
By the other hand, when we consider the pulse response of a PR signal, we can notice that 
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the first zero bandwidth is Bth=1/Ts as for an NRZ signal, as shown in Fig. 2.18. However, 
the first zero bandwidth does not take into consideration the distribution of the energy of the 
pulses in the band [0, 1/T]. The analog PR pulses have an X(f) closer to their digital 
counterparts. 

 
Fig. 2.17 Spectral density of NRZ (red), analog C1PR1 (blue), C2PR2 (green) and 
C2PR3 (magenta). Br=10 Gbps and the modulators are based on 8th order Bessel filters. 

 

 
Fig. 2.18 Fourier transform X(f) of NRZ and PR pulses with digital and analog filter 

based modulators. 
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The characteristic of the LPF determines how close the analog PR modulation is to the digital 
one; specifically, the passband and the isolation around the frequencies 1/(2Ts) and/or 
1/(3Ts) play an important role in mimicking the digital PR. The spectral efficiency of the 
analog PR modulations is η=1 bit/s/Hz if we apply the first zero bandwidth definition. However, 
if we properly design the characteristic of the LPF, we can claim that an analog PR signal is 
close enough to its digital equivalent to have the same spectral efficiency. 

2.4.2 Insertion loss and group delay 

The choice of the filter characteristic is the most critical decision of an analog PR modulator. 
Filters are two ports networks whose frequency characteristics are described by their scattering 
parameters or S-parameters Sxy, which relate the voltage waves incident on the ports to those 
reflected from the ports [11]: 

 
S11(𝑓) =

𝑉1
−

𝑉1
+|
𝑉2
+=0

S12(𝑓) =
𝑉1
−

𝑉2
+|
𝑉1
+=0

S21(𝑓) =
𝑉2
−

𝑉1
+|
𝑉2
+=0

S22(𝑓) =
𝑉2
−

𝑉2
+|
𝑉1
+=0

 (2.18) 

Where V1+ and V1- are the voltages of the through and reflected waves at port 1 respectively 
and V2+ and V2- at port 2 at the frequency f [11]. When dealing with S-parameters, it is 
important establishing the impedances of the ports, because they affect the voltage waves; we 
will assume that the impedance at all the ports is the standard 50 Ω unless a different value 
is specified. The S-parameters in (2.18) are complex numbers, thus they have amplitude 
and phase. Moreover, under this condition the S21(f) is equivalent to the transfer function 
H(f) of the filter [16]. The isolation provided by a filter is described by the insertion loss IL 
that is defined as: 

 𝐼𝐿 (dB) = −20 log10|𝑆21|  dB  (2.19) 

(2.19) is valid for both transmission directions if we assume the filter is reciprocal, i.e. 
S12=S21. When we consider an ideal lossless and passive filter, the minimum IL is 0 dB, 
when all the signal power is propagating through the filter. The IL defines the pass band of 
the filter, which is usually identified by the 3dB cut-off frequencies f3dB, which are the 
frequencies where the filter reject half of the transited power, i.e. IL(f3dB)=3 dB [11]. For 
LPF the 3 dB pass band is [0, fc], where the cut-off frequency fc is the smallest f3dB. By 
the other hand high pass filters (HPF) have the 3 dB pass band [fc,+∞[, where fc is the 
largest  f3dB. Band pass (BPF) and band stop (BSF) filters are centered to the central 
frequency f0 and have 3 dB pass band [f1, f2], where f1 is the largest f3dB smaller than f0 
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and f2 the smallest f3dB larger than f0. The length in Hertz of the 3 dB pass band of a filter 
is referred as 3 dB bandwidth B3dB. 

The phase describes the distortion introduced by a filter. More specifically, the phase of H(f) 
appears in two of the Heaviside conditions for the absence of distortion in a system [16]: 

 

i. Constant amplitude: 

 |H(𝑓)| = |𝑆21(𝑓)| = 𝐻 (2.20) 

ii. Linear phase: 

 ∠H(𝑓) = ∠𝑆21(𝑓) = −2𝜋𝑓𝑡0 (2.21) 

iii. Constant group delay: 

 τ(𝑓) =
1

2𝜋

𝑑∠H(𝑓)

𝑑𝑓
= 𝑡0 (2.22) 

Where τ (f) is the group delay of the filter, H and t0 are constants. Real filters cannot satisfy 
(2.20), (2.21), (2.22) over the entire spectrum, although it is desirable at least in the 
passband. Chosen a positive ε , we define as linear phase band Bl of a filter the frequency 
range where |τ (f)-t0|< ε , i.e. the band where the group delay can be considered constant 
or flat according to (2.22). 

2.4.3 Filter characteristics 

In [32], we considered and compared five analog PR modulators based on the most common 
microwave filter characteristics: Butterworth, Chebyshev, Bessel, Legendre and Gaussian [33]. 
Chebyshev and Legendre are the best choices in terms of isolation, but they are not constant 
in their passband, thus they not fulfill (2.20). For phase linearity, the best characteristics are 
Bessel and Gaussian; however, they cannot provide the same isolation of the other filters. The 
Butterworth characteristic is a compromise between isolation and linear phase. Fig. 2.19 shows 
|H(f)| and τ  of the 4th order of a Butterworth, Chebyshev 0.5 dB ripple, Bessel and 
Gaussian filters fc at 2 GHz. 

Analog PR modulated signals are significantly affected by the phase noise; thus filters with 
linear phase characteristic such as Bessel and Gaussian are preferred [34]. Moreover, the 
higher is the order of a Bessel or Gaussian filters the broader is Bl; therefore, increasing the 
order of the filter corresponds to reducing the phase noise. By the other hand Butterworth, 
Chebyshev and Legendre filters have phase nonlinearity in their passbands. The higher is the 
order of the filter the steeper is the nonlinearity, which corresponds to a narrower Bl. 



26 PARTIAL RESPONSE MODULATION FORMATS 

 

 

 

 
Fig. 2.19 Magnitude (top) and group delay (bottom) of H(f) of five LPF with different 

characteristic. 

 

[32] shows that Butterworth, Chebyshev, Legendre and Gaussian filters can successfully 
modulate an NRZ signal into a C1PR1 or C2PR2. However, only Gaussian and Bessel filters 
can be used for C2PR3, because of the strict requirements in terms of phase linearity. For 
the Legendre filter, we will consider only to the third and higher orders, because the second 
and the first order characteristics are equivalent to the Butterworth ones. The chosen Chebyshev 
characteristic is a 0.5 dB ripple, because is a reasonable compromise between isolation and 
distortion. 

We derived the optimal order and fc of the different types of LPFs for modulating PR signals; 
the input signal xi(t) is NRZ coded with bit rate Br. These values were obtained from time 
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or transient simulations of Advanced Design System (ADS) software from Keysight Technologies. 
More specifically, we used eye diagrams, which provide a qualitative description of the PR 
signals sTx(t); noise was not included. For these simulations, the input signal xi(t) is NRZ 
coded, thus we get Bth=1/Ts=Br/(1 bit). 

Table 2.2 reports the optimal order and fc of the different types of filters for modulating C1PR1 
signals. Bessel and Gaussian LPFs should be at least be third order filters and their optimal 
fc are around 25% of the NRZ signal bandwidth. The optimal Butterworth filter is third order 
and the optimal fc is also around 25% of Bth. Legendre and Chebyshev filters have optimal fc 
around 27%; furthermore, the Chebyshev based modulator support only the second order 
because of the distortion introduced by the 0.5 dB ripple. 

Filter type Butterworth 
Chebyshev 

0.5 dB ripple 
Bessel Gaussian Legendre 

fc/Bth 23-35% 25-36% 23-32% 22-29% 27-38% 
Order 2-5 2-3 ≥3 ≥3 3-4 

Table 2.2 Optimal parameters for analog LPF based C1PR1 modulators. 

Table 2.3 reports the optimal ranges of order and fc for modulating C2PR2 signals. Butterworth 
and Chebyshev LPF based modulators only support the second order and Legendre based only 
the third order. Bessel and Gaussian LPFs should be at least be third and fourth order 
respectively and their optimal fc are below 20% of Bth. 

Filter type Butterworth 
Chebyshev 

0.5 dB ripple 
Bessel Gaussian Legendre 

fc/Bth 19-21% 20-23% 18-20% 17-19% 22-24% 
Order 2 2 ≥3 ≥4 3 

Table 2.3 Optimal parameters for analog LPF based C2PR2 modulators. 

Table 2.4 reports the optimal ranges of order and fc of for modulating C2PR3 signals. For 
this modulation, only Bessel and Gaussian characteristic are available because of their strong 
linear phase characteristics. Both cases, have the optimal fc is around 13% of Bth. Bessel 
LPFs should be at least of order 4 and Gaussian of order 6. 

Filter type Bessel Gaussian 

fc/Br 12-14% 12-13% 
Order ≥4 ≥6 

Table 2.4 Optimal parameters for analog LPF based C2PR3 modulators. 
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In APPENDIX-A, we can see the eye diagrams of C1PR1, C2PR2 and C2PR3 signals 
generated by optimized LPFs according to Table 2.2, Table 2.3 and Table 2.4. The LPFs are 
implemented with ideal lumped elements. For Gaussian and Bessel filters, selecting higher 
orders would not significantly improve the distortion and phase linearity. As expected the best 
performance are those of the Bessel filters, in particular for C2 modulations. Furthermore, 
Gaussian filters perform similar to Bessel, although they require higher order filters because of 
their low isolation. 

2.4.4 Improved LPF PR modulators 

As stated in the previous section, standard analog PR modulators reproduce C1PR1, C2PR 
and C2PR3 signals from an NRZ signal by applying an analog LPF. However, a single LPF 
is not the optimal transfer function H(f) for PR modulation; in [35] we proposed to add in 
cascade a BSF, in order to reduce the distortion and/or reduce the order of the LPF. Fig. 
2.20 shows the generic scheme of the proposed LPF and BSF modulator, also referred as 
scheme A. 

 
Fig. 2.20 Scheme of proposed LPF-BSF PR modulator, i.e. scheme A. 

The optimal bandwidth B3dB, order and central frequency f0 of the BSF are derived from the 
convolution inverse ha of the input signal sa(t) to the PR modulated signal sTx(t), which is 
the output of the modulation scheme of Fig. 2.8: 

 ℎ𝑎 = 𝑠𝑎(𝑡)⨂
−1𝑠𝑇𝑥(𝑡) (2.23) 

 𝐻𝑎(𝑓) =
𝑆𝑇𝑥(𝑓)

𝑆𝑎(𝑓)
 (2.24) 

Where Ha(f) is the Fourier transform of ha. Fig. 2.21 shows Ha(f) and the H(f) of the 
standard and scheme A modulators; sa(t) is a 212-1 PRBS of Br=10 Gbps and it is NRZ 
coded. 
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Fig. 2.21 Spectral density Ha(f) of 10 Gbps NRZ signal transfer functions of LPF and 

scheme A based modulators. 

For C1PR1 and C2PR2 modulations, Ha(f) resembles more a BSF centered at f0=1/(2Ts); 
thus the BSF in scheme A is centered at 1/(2Ts)=5 GHz, which corresponds to the first 
zero frequency for C1PR1 and C2PR2 signals. Furthermore, for scheme A the order of the 
LPF and B3dB of the BSF are chosen to fit Ha(f). The same approach is applied to C2PR3, 
although in this case we have f0=1/(3Ts). However, the phase linearity is still necessary for 
scheme A; in particular, the BSF introduces a strong phase nonlinearity, which is contained 
by the LPF. 

Table 2.5 reports the specification of scheme A modulators in Fig. 2.21; all the filters have a 
Bessel characteristic and the parameters are given as a function of the input signal bandwidth 
Bth=1/Ts. We can notice that all the BSFs are first order and the LPF significantly reduce 
their orders compared to those of standard LPF based modulators. The performance of scheme 
A for C1PR1 modulation is inferior to the standard one, because of the phase noise introduced 
by the BSF; however, the LPF becomes a simpler first order compared to the 7th order of 
the standard scheme. For C2PR2 modulation, scheme A slightly reduces the phase noise and 
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reduces to the third order the LPF. The main improvement occurs for C2PR3 modulation and 
scheme A requires only a third LPF and a first order BSF. 

Modulation LPF order LPF fc/Bth BSF order BSF f0/Bth BSF B3dB/Bth 

C1PR1 1 26% 1 50% 20% 
C2PR2 3 19% 1 50% 20% 
C2PR3 3 13% 1 33.3% 5% 

Table 2.5 Scheme A optimal parameters. 

 
Fig. 2.22 eye diagrams of 10 Gbps C1PR1, C2PR2 and C2PR3 signals generated by the 

scheme A modulators. 

2.4.5 BSF based PR modulators 

The concept of scheme A can be expanded for other C1 modulations than duobinary [35]. 
The idea is to have more than a single BSF and reduce the LPF to the first order; these 
new modulators are referred as scheme B and their schematics is shown in Fig. 2.23. 

 
Fig. 2.23 Scheme of proposed LPF-BSFs PR modulator, i.e. scheme B. 
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The number of BSFs is K-1 and they are centered at the frequencies f0k=k/(KTs), where 
k=1, .. K-1; we will refer to the k-th bandstop filter as BSF#k. For C1PR1, scheme A and 
B are identical, thus duobinary will not be considered in this section. Fig. 2.24 shows Ha(f) 
and the H(f) of the standard and scheme B modulators for C1PR2, C1PR3, C1PR5 and 
C1PR7; again sa(t) is a 212-1 PRBS of Br=10 Gbps and it is NRZ coded. We can notice 
that scheme B reproduces the periodicity of C1 signals at the f0k; however, a first order LPF 
is still necessary for containing the phase nonlinearities introduced by the BSFs. 

 
Fig. 2.24 Spectral density Ha(f) of 10 Gbps NRZ signal and transfer functions scheme B 

based modulators. 

Table 2.6 reports the specification of scheme B modulators for C1 signals; all the filters are 
Bessel and again the parameters are given as a function of the input signal bandwidth Bth=1/Ts. 

We can notice that all the filters are first order. The spectral efficiency of scheme B is the 
same of the standard polybinary modulations, i.e. K bit/s/Hz when {ai} is NRZ coded. 
APPENDIX-B shows the eye diagrams of C1 modulated signals generated by the scheme B 
modulators. 



32 PARTIAL RESPONSE MODULATION FORMATS 

 

 

 

 

 

Modulation LPF order LPF fc/Bth BSF order BSF f0/Bth BSF B3dB/Bth M 

C1PR2 1 10% 1 33.33% 8% 4 
C1PR3 1 10% 1 25% 10% 5 
C1PR4 1 9% 1 20% 9% 6 
C1PR5 1 7% 1 16.67% 6% 7 
C1PR6 1 6% 1 14.29% 6% 8 
C1PR7 1 5% 1 12.5% 5% 9 
C1PR8 1 4% 1 1.11% 4% 10 
C1PR9 1 4% 1 10% 4% 11 

Table 2.6 Scheme B optimal parameters. 

2.5 PR demodulators and precoding 
At the receiver side, when applying (2.12) if a detected PR symbol p̅i is not correctly 
demodulated to a̅i, the error propagates to the next symbol p̅i+1. To avoid error propagations, 
at the transmitter side, a precoding is applied to the Ma-ary symbol ai that becomes the Ma-
ary di. For C1 family a precoding algorithm is defined in [36]. The following expression 
(2.25) is a generalization of the precoding valid for any PR modulation, valid only if c0 
admits a modular Ma multiplicative inverse c̅0, which occurs if and only if c0 and Ma are 
coprime [32]: 

 𝑑𝑖 = [ 𝑐0̅ 𝑎𝑖 +  𝑐0̅(𝑀𝑎 − 1)∑𝑐𝑘𝑑𝑖−𝑘

𝐾

𝑘=1

]  𝑚𝑜𝑑 𝑀𝑎 (2.25) 

 𝑝𝑖 =∑𝑐𝑘𝑑𝑖−𝑘

𝐾

𝑘=1

 (2.26) 

The sequence {pi} is given by applying (2.10) to {di}, as in (2.26). At the receiver side, 
the detected p̅i is demodulated to a̅i by the module Ma operation independently from the others 
p̅i-k: 

 �̅�𝑖 =  �̅�𝑖  𝑚𝑜𝑑 𝑀𝑎 = (𝑐0𝑑𝑘 +∑𝑐𝑖𝑑𝑖−𝑘

𝐾

𝑘=1

)𝑚𝑜𝑑 𝑀𝑎 = 

= [(𝑐0𝑐0̅𝑎𝑖 + 𝑐0𝑐0̅(𝑀𝑎 − 1)∑𝑐𝑘𝑑𝑖−𝑘

𝐾

𝑘=1

)  𝑚𝑜𝑑 𝑀𝑎 +∑𝑐𝑖𝑑𝑖−𝑘

𝐾

𝑘=1

]𝑚𝑜𝑑 𝑀𝑎 = 

(2.27) 
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= [𝑎𝑖 +𝑀𝑎∑𝑐𝑖𝑑𝑖−𝑘

𝐾

𝑘=1

]𝑚𝑜𝑑 𝑀𝑎 = 𝑎𝑖 

The precoding avoids error propagations because the demodulation is independent from the 
previous K symbols. Moreover, (2.25) and (2.27) can be applied to analog PR modulations. 
For the C1PR1, (2.25) simplifies to the expression in [36]. Regarding the C2 modulations, 
assuming Ma=2, (2.25) simplifies to a single module 2 sum or XOR between ai and di-K: 

C2PR2:  𝑑𝑖 = (𝑎𝑖 + 2𝑑𝑖−1 + 𝑑𝑖−2) 𝑚𝑜𝑑 2 = 𝑎𝑖 ⊕𝑑𝑖−2 (2.28) 

C2PR3:  𝑑𝑖 = (𝑎𝑖 + 2𝑑𝑖−1 + 2𝑑𝑖−2 + 𝑑𝑖−3) 𝑚𝑜𝑑 2 = 𝑎𝑖 ⊕𝑑𝑖−3 (2.29) 

When (2.25) is applied, (2.27) becomes a simple modular 2 operation to p̅i. 

2.6 Summary of partial response modulation formats 
Partial response modulation formats have been introduced. We compared PR to other popular 
baseband modulations: NRZ and PAM. PR modulations have the advantage of having a large 
spectral efficiency at a lower number of levels than M-PAM; however, the PR symbols are 
correlated, thus they are affected by error propagations, which can be solved by applying a 
precoding [32]. 

In this chapter we described the PR modulation formats of C1 or polybinary family and C2; 
more specifically, we focused on duobinary or C1PR1, C2PR2 and C2PR3 modulators based 
on analog LPF. The filter increases the duration of each symbol enough to reproduce the 
necessary ISI for the PR modulation. We investigated the optimal filter characteristic, order and 
cut-off frequency fc for each of the three PR formats. We confirmed that optimal solutions are 
Bessel and Gaussian filters because of their linear phase characteristics, which reduce the 
phase noise. 

Moreover, alternative to LPF modulators have been discovered. Scheme A consists in having 
a band stop filter in cascade to the low pass filter. The presence of the BSF relax the 
specification of the LPF and reduces the phase noise of the modulated signal. 

Scheme B consists in a series of BSFs connected in cascade and a first order LPF. The 
BSFs reproduce the spectrum of a polybinary signal generated by a digital filter. Scheme B 
enables to implement every polybinary modulation up to C1PR10, i.e. 11 levels.  
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CHAPTER 3 

 3 Linear phase microwave filters 

As reported in chapter 2, PR modulators may be based on analog microwave filters; in 
particular LPF with a Bessel or Gaussian characteristic are strongly preferred because of their 
linear phase characteristic [32].  

The proposed analog PR modulators are designed for intra-datacenter communications; thus, 
the filters are part of an optical transmitter, which usually consists in a light source embedded 
in a monolithic microwave integrated circuit (MMIC). Furthermore, the transmitter must operate 
with signals at 10 and 25 Gbps, which according to Table 2.2, Table 2.3 and Table 2.4 
correspond a pass band between 1.5 and 8 GHz. At these frequencies, we can still implement 
the filters as printed circuit board (PCB), which is a simpler and more cost effective alternative 
than MMIC for designing prototypes with the purpose of proof of concept. 

 
Fig. 3.1 Manufactured prototypes of microwave stepped impedance low pass filters. 

In this chapter, we deal with the physical implementation of prototypes of linear phase LPF 
optimized for PR modulation. More specifically the design process from ideal lumped elements 
to the final layout. The filters were implemented in microstrip technology with the stepped-
impedance technique for distributed elements [11]. In addition, in [32], [37] we improved the 
filter phase linearity and spurious response by applying defected ground structures (DGS) and 
modifying the standard stepped impedance technique to a variable one. 
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3.1 Microwave filter topology design 
A filter is a two ports network that selects or rejects a specific group or band of frequencies. 
For linear and time invariant networks, the transfer function may be extended to the Laplace 
transform H(s), where s is the complex frequency variable s=σ+jω. If we assume that H(s) 
is a rational function, it can be written as the ratio of the complex polynomials N(s) to 
D(s) [38]: 

𝐻(𝑠) = 𝑆21(𝑠) =
𝑁(𝑠)

𝐷(𝑠)
 (3.1) 

Furthermore, we can factorize N(s) and D(s); the roots of N(s) are the zeros zq and the 
roots of D(s) the poles pq of H(s): 

𝐻(𝑠) = 𝐾𝐸
∏ (𝑠 − 𝑧𝑞)
𝑍𝑞
𝑞=1

∏ (𝑠 − 𝑝𝑞)
𝑃𝑞
𝑞=1

= 𝐾𝐵

∏ (1 −
𝑠
𝑧𝑞
)

𝑍𝑞
𝑞=1

∏ (1 −
𝑠
𝑝𝑞
)

𝑃𝑞
𝑞=1

 (3.2) 

Where KE and KB are Evans and Bode gains respectively, Zq and Pq are the number of zeros 
and poles respectively. The poles and zeros of H(s) must have negative real part in order 
to grant the stability of the system [39]. For a passive and lossless network σ=0, thus s=jω 
and (3.2) becomes: 

𝐻(𝜔) = 𝐾𝐵

∏ (1 − 𝑗
𝜔
𝑧𝑞
)

𝑍𝑞
𝑞=1

∏ (1 − 𝑗
𝜔
𝑝𝑞
)

𝑃𝑞
𝑞=1

 (3.3) 

From (3.3) we can derive the phase and module of H(ω) in dB, which are the Bode 
representation [39]: 

|𝐻(𝜔)|𝑑𝐵 = 20 [𝐿𝑜𝑔|𝐾𝐵| +∑ 𝐿𝑜𝑔 |1 − 𝑗
𝜔

𝑧𝑞
|

𝑍𝑞

𝑞=1
−∑ 𝐿𝑜𝑔 |1 − 𝑗

𝜔

𝑝𝑞
|

𝑍𝑞

𝑞=1
] (3.4) 

∠𝐻(𝜔) = ∠𝐾𝐵 +∑ ∠(1 − 𝑗
𝜔

𝑧𝑞
)

𝑍𝑞

𝑞=1
−∑ ∠(1 − 𝑗

𝜔

𝑝𝑞
)

𝑍𝑞

𝑞=1
 (3.5) 

(3.4) and (3.5) show that the module and phase of H(ω) are given by the sum of the 
phase and module of the zeros and poles. The Bode plots in Fig. 3.2 show the amplitude 
and phase of a single pole p1 and single zero z1 transfer functions. 
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Fig. 3.2 Bode plots of single pole (left) and single zero (right) transfer functions. 

We can notice that a pole is a decreasing function with a slope of -20 dB/decade and it 
decreases by 3 dB at ω=p1. By the other hand, a zero is an increasing function with a slope 
of 20 dB/decade and it increases by 3 dB at ω=z1. Furthermore, poles and zeros introduce 
phase shifts of -90° and 90° respectively. In the particular cases of a zero or pole at ω=0 
rad/s, the transfer function is monotone increasing or decreasing and it tends to –∞ or +∞ 
for ω→0 respectively.  

Fig. 3.3 shows an example of transfer function that is a combination of a zero z1=0 rad/s 
and two poles p1=0.1 rad/s and p2=10 rad/s. When ω<p1, the two poles are constant at 0 
dB, thus the only contribution is given by the z1, thus the function is monotone increasing by 
20 dB/decade starting at –∞. When p1<ω<p2, the contribution of z1 and p1 are added and 
they cancel each other, thus the function becomes constant at -20 dB. Finally, when p2<ω 
the contributions of the two poles are added to the zero, thus the function becomes decreasing 
with a slope of -20 dB/decade. We can notice a similar behavior with the phase, which 
starts at 90° because of the zero, then decreases first to 0 and then to -90° because of 
the two poles. 

From Fig. 3.2, we can derive that a single pole transfer function is a LPF; moreover, the 
slope of the filter may be increased by adding more poles or decreased by adding zeros, until 
is verified Zq<Pq. The transfer function of BPFs, HPFs and BSFs are a combination of poles 
and zeros; in particular BPFs and HPFs require at least one zero at zq=0 rad/s. 
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Fig. 3.3 Example of transfer function. 

Although the physical realization of microwave filters may vary, the circuit network topology is 
common to all. In [40] the ladder topology for filters was introduced; this approach consists 
in implementing a filter as a cascade of inductors L, unbalanced sections, and capacitors C, 
balanced sections. The transfer function of a shunt C or a series L correspond to a single 
pole transfer function; thus they are also equivalent to a single pole LPF; moreover, adding 
in cascade another series L or shunt C respectively corresponds to adding another pole to the 
transfer function of the filter [11]. Therefore, a sequence of Nq alternate shunt capacitors Cq 
and series inductors Lq connected in cascade is equivalent to a LPF with a transfer function 
with Pq=Nq poles; the number of lumped elements Nq is defined as the order of the LPF. 
Any ladder topology of order Nq admits a dual with the same transfer function and where 
each Cq is replaced by a Lq and vice versa. Fig. 3.4 reports three examples of H(ω) of 
ladder LPFs up to the third order; we assumed both the generator Zg and load ZL impedances 
are real and equal to R. 

For a LPF with a given H(ω) of order Nq, it is possible to determine the Cq and Lq of the 
equivalent ladder circuit. The prototype of a specific filter characteristic, such as Butterworth, 
is a list of the lumped elements gq of the equivalent ladder LPF with the desired characteristic 
and with Rg=1 Ω and ωc=1/2π rad/s, i.e. fc=1 Hz, which is usually defined as the 3 dB 
cut-off frequency (see 2.4.1) [41]. Given a prototype, the filter can be scaled to a target 
fc and Rg by the following formulas: 
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𝐿𝑞 =
𝑍𝑔𝑔𝑞

𝜔𝑐
 (3.6) 

𝐶𝑞 =
𝑔𝑞

𝑍𝑔𝜔𝑐
 (3.7) 

𝑍𝐿 = 𝑍𝑔𝑔𝑁𝑞+1 (3.8) 

Where Lq and Cq are the scaled elements of the LPF and ZL is the required load impedance, 
which is reported in the prototype filter as the (Nq+1)-th coefficient gNq+1. Similar to the 
LPFs, it is possible to derive ladder topologies for HPFs, BPFs and BSFs; however, the 
lumped elements have to provide also zeros zq to the transfer function. For HPFs this is 
achieved by having shunt inductors and series capacitors, while for BPFs and BSFs a more 
complex solutions are required [11].  

 
Fig. 3.4 Examples of low pass filter with ladder topologies and their transfer functions. 

3.2 Microstrip filters based on distributed elements 
The lumped elements filters described in the previous section usually are a satisfactory solution 
at low frequencies, but limitations appear when operating at microwave and higher bands. 
These limitations are mainly because lumped elements are commercially available only for a 
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limited range of values and they can be difficult and expensive to manufacture at high 
frequencies. A common alternative are distributed elements, which are transmission lines designed 
for approximating lumped elements in a specific range of frequencies [11]. In this section, we 
investigate the distributed element implementations of LPFs, in particular the one that better fits 
for designing linear phase filters. 

3.2.1 Microstrip and other transmission structures 

One of the principal requirements for a transmission structure or line to be suitable as a MMIC 
is that the structure should have a planar configuration. By planar configuration, we mean that 
the characteristics of the structure can be determined by the dimensions in a single plane, 
i.e. in only two dimensions, while in third one the structure properties are fixed by the 
manufacturing process [42]. Fig. 3.5 shows some of the most common planar transmission 
lines: microstrip, slotline, coplanar waveguide and stripline. A microstrip structure consists in a 
dielectric substrate between two metal plates or layers; one of the metal layers is connected 
to ground (GND) and the other one to the transmitted signal (S). Coplanar waveguide 
(CPW) structure consists in a dielectric substrate with a metal plate on top; the metal layer 
is in GND-S-GND configuration [42]. Similar to CPW, a slotline structure consists in a 
dielectric material with a metal plate on top, which is connected to S in differential configuration; 
although, the metal layer has a narrow slot where the electric filed propagates. Finally, in the 
stripline structures S is connected to a metal layer that is buried in a dielectric substrate, 
which is covered by another metal layer connected to GND. 

 
Fig. 3.5 Common transmission line structures. 

The two most popular solutions for planar circuit design are microstrip and a variant of CPW 
with a metal bottom plane connected to ground, i.e. grounded coplanar waveguide (GCPW) 
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[43]. GCPWs are more complex to manufacture than microstrips, although they also feature 
lower radiation and dielectric losses, specifically in the mm-wave bands. Moreover, when 
adopting GCPW the designer has an extra degree of freedom given by the spacing between 
the S terminal and the two coplanar GND terminals. By the other hand, microstrip circuits are 
easier to model and manufacture than GCPW; microstrip are significantly more robust and less 
affected by manufacturing issues or imperfections. Moreover, microstrip have lower conductor 
losses at microwave frequencies below the mm-wave range [43]. In general, both microstrips 
and GCPW can provide excellent performance at microwave frequencies and beyond; however, 
microstrip are a preferred solution for designing microwave prototypes of LPFs, which operates 
at frequencies below 10 GHz; especially, due to the microstrip tolerance to manufacturing 
variations [43]. In Fig. 3.6 we can see the most relevant parameters of a microstrip structure: 
the transmission line width W, thickness h and length l, the substrate thickness d and dielectric 
constant ε r. 

 
Fig. 3.6 Microstrip structure. 

Microstrip structures support quasi-transverse electromagnetic mode (TEM) for signal 
propagation, i.e. the electric E ̅ and magnetic H ̅ fields are orthogonal to each other and to the 
direction of propagation. Given a three dimensional space coordinate system (x̂, ŷ, ẑ), we 
can derive the fields E ̅ =(Ex, 0, 0) and H ̅ =(0, Hy, 0) of a quasi-TEM propagating wave 
propagating in the direction ẑ [11]: 

 𝐸𝑥(𝑧) = 𝐸
+𝑒−𝛾𝑧 + 𝐸−𝑒𝛾𝑧 (3.9) 

 𝐻𝑦(𝑧) = 𝐻
+𝑒−𝛾𝑧 − 𝐻−𝑒𝛾𝑧 (3.10) 

Where γ  is the propagation constant, the propagating wave e-γ z has direction +z and modules 
E+ and H+, the reflective wave eγ z has direction –z and modules E- and H-. 
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Fig. 3.7 E ̅ and H ̅ fields of a quasi-TEM wave propagating in a microstrip. 

The propagation constant γ  is a complex number that describe the phase and amplitude of a 
propagating wave; in case of a lossy microstrip γ  is defined as: 

𝛾 = 𝛼 + 𝑗𝛽 (3.11) 

Where α and β are the attenuation and phase constants respectively. When the transmission 
line is lossless α=0 and consequently γ =jβ . For both lossy and lossless cases we define the 
phase velocity vp and the wavelength λ  at a given frequency ω=2π f [11]: 

 𝑣𝑝 =
𝜔

𝛽
=

1

√𝜇휀
 (3.12) 

λ =
2𝜋

𝛽
=
𝑣𝑝

𝑓
 (3.13) 

Where ε  and μ are the electric susceptibility and the magnetic permeability respectively. For 
the scope of this research, we will assume that the permeability of a microstrip structure is 
equal to the one in the vacuum μ 0. The susceptibility ε  in a microstrip is a complex number 
that includes the dielectric and conductivity losses, which are described by the loss tangent 
tanδ [11]: 

휀 = 휀0휀𝑒𝑓𝑓(1 − 𝑗 tan 𝛿) (3.14) 

Where ε 0 is the susceptibility in the vacuum and ε eff is the effective dielectric constant, which 
is the dielectric constant of a fictitious and homogenous medium that replaces the air and the 
substrate [11]: 
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휀𝑒𝑓𝑓 =
휀𝑟 + 1

2
+
휀𝑟 − 1

2

1

√1 + 12
𝑑
𝑊

 (3.15) 

Furthermore, the relation between frequency and the length l of a transmission line is expressed 
by the product β l that is defined as electrical length of the line: 

𝛽𝑙 =
𝑣𝑝𝑙

𝜔
=
2𝜋𝑙

𝜆
 (3.16) 

In order to determine the voltage and current in a microstripline of length l=Δz we can use 
the equivalent model shown in Fig. 3.8; the lumped elements R, L, G and C are given per 
unit length. R and G represent the loss of the transmission line, thus they are null in case 
of a lossless microstrip. 

 
Fig. 3.8 Microstrip (left) and the lumped elements model (right). 

The voltages v(z,t) and currents i(z,t) are dependent on time t and position z; when Δz→0 
we get the telegrapher equations [11]: 

∂v(𝑧, 𝑡)

∂z
= −𝑅𝑖(𝑧, 𝑡) − 𝐿

∂i(𝑧, 𝑡)

∂z
 (3.17) 

∂i(𝑧, 𝑡)

∂z
= −𝐺𝑣(𝑧, 𝑡) − 𝐶

∂v(𝑧, 𝑡)

∂z
 (3.18) 

Assuming that the transmitted signal is a steady-state sinusoidal with cosine-based phasors 
(3.17) and (3.18) drop the time dependency and simplify to: 

∂V(𝑧)

∂z
= −(𝑅 + 𝑗𝜔𝐿)𝐼(𝑧) (3.19) 

∂I(𝑧)

∂z
= −(𝐺 + 𝑗𝜔𝐶)𝑉(𝑧) (3.20) 

Solutions to (3.19) and (3.20) are the exponential equations [11]: 
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𝑉(𝑧) = 𝑉+𝑒−𝛾𝑧 + 𝑉−𝑒𝛾𝑧 (3.21) 

𝐼(𝑧) = 𝐼+𝑒−𝛾𝑧 + 𝐼−𝑒𝛾𝑧 (3.22) 

Where again the propagating wave e-γ z has direction +z and modules V+ and I+, the reflective 
wave eγ z has direction –z and modules V- and I-. The characteristic impedance Z0 of the 
transmission line is defined as the voltage to current ratio of the propagating or reflective 
waves [11]: 

𝑍0 =
𝑉+

𝐼+
= −

𝑉−

𝐼−
 (3.23) 

Applying (3.19) and (3.20) to (3.23) we get: 

𝑍0 = √
𝑅 + 𝑗𝜔𝐿

𝐺 + 𝑗𝜔𝐶
 (3.24) 

Z0 is an important parameter of a microstrip that describes the relation between the propagating 
and reflective components of the transmitted signal. In case of a microstrip, Z0 equals to:  

𝑍0 =

{
 
 

 
 

60

√휀𝑒𝑓𝑓
ln (

8𝑑

𝑊
+
𝑊

4𝑑
)

120𝜋

√휀𝑒𝑓𝑓 [
𝑊
𝑑
+ 1.393 + 0.667 ln (

𝑊
𝑑
+ 1.444)]

𝑊

𝑑
≤ 1

𝑊

𝑑
> 1

 (3.25) 

(3.25) shows that Z0 depends on W and d but not on l. Usually in the manufacturing 
process d is constant or limited to few values; therefore W is the most convenient parameter 
for tuning Z0, in order to reducing the power of the reflective wave [11].  

3.2.2 Stepped impedance LPF 

Stepped impedance filters are microstrip implementation of LPFs, which consist in alternating 
sections of high and low characteristic impedance. Stepped impedance filters are based on the 
equivalence between a transmission line and the Τ  or Π networks shown in Fig. 3.9 [11]. 
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(a) 

 

(
𝐴 𝐵
𝐶 𝐷

) = (
cos(𝛽𝑙) 𝑗𝑍0 sin(𝛽𝑙)

𝑗𝑌0 sin(𝛽𝑙) cos(𝛽𝑙)
) 

(b) 

 

(
𝐴 𝐵
𝐶 𝐷

) =

(

 
 

1 +
𝑌2
𝑌3

1

𝑌3
1

𝑌1 + 𝑌2 +
𝑌1𝑌2
𝑌3

1 +
𝑌1
𝑌3
)

 
 
 

(c) 

 

(
𝐴 𝐵
𝐶 𝐷

) =

(

 
 
1 +

𝑍1
𝑍3

1

𝑍1 + 𝑍2 +
𝑍1𝑍2
𝑍3

1

𝑍3
1 +

𝑍2
𝑍3 )

 
 
 

Fig. 3.9 Transmission line (a), Π equivalent (b) and Τ  (c) networks. 

If the microstrip is lossless, from the equivalence of Fig. 3.9 (b), we get: 

𝐿3 =
𝑍0 sin(𝛽𝑙)

𝜔
 (3.26) 

𝐶1 = 𝐶2 =
1 − cos(𝛽𝑙)

𝑍0𝜔 sin(𝛽𝑙)
 (3.27) 

When Z0→+∞, the capacitors of (3.27) tend to zero; thus, the transmission line approximates 
the series inductor L3. Therefore, the inductor Lq may be implemented by properly choosing a 
transmission line with a very high characteristic impedance Zh. The electrical length of the line 
is derived by applying (3.26) to (3.6) [38]:   
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𝛽𝑙𝑞(𝜔) = sin
−1 (

𝐿𝑞𝜔

𝑍ℎ
)= sin−1 (

𝑍𝑔𝑔𝑞𝜔

𝑍ℎ𝜔𝑐
) (3.28) 

As for the previous case, from the equivalence with the Τ  network of Fig. 3.9 (c), we get: 

𝐶3 =
sin(𝛽𝑙)

𝑍0𝜔
 (3.29) 

𝐿1 = 𝐿2 =
1 − cos(𝛽𝑙)

𝑍0𝜔 sin(𝛽𝑙)
 (3.30) 

When Z0→ 0, the inductors of (3.30) tend to zero; thus, the transmission line approximates 
the shunt capacitor C3. Therefore, the capacitor Cq may be implemented by properly choosing 
a transmission line with a very low characteristic impedance Zl. Similar to (3.28), the electrical 
length is derived by applying (3.29) to (3.7) [38]:   

𝛽𝑙𝑞(𝜔) = sin
−1(𝑍𝑙𝐶𝑞𝜔)= sin−1 (

𝑍𝑙𝑔𝑞𝜔

𝑍𝑔𝜔𝑐
) (3.31) 

(3.28) and (3.31) are the design equations of stepped impedance filters, in particular at 
ω=ωc: 

𝛽𝑙𝑞(𝜔𝑐) = sin
−1 (

𝑍𝑔𝑔𝑞

𝑍ℎ
) (𝑖𝑛𝑑𝑢𝑐𝑢𝑡𝑜𝑟) (3.32) 

𝛽𝑙𝑞(𝜔𝑐) = sin
−1 (

𝑍𝑙𝑔𝑞

𝑍𝑔
) (𝑐𝑎𝑝𝑎𝑐𝑖𝑡𝑜𝑟) (3.33) 

However, (3.32) and (3.33) erroneously assume that the impedances at both ports of the 
transmission line equals Zg. This assumption does not take into account the series reactance 
due to the low impedance adjacent sections or the shunt susceptance due to the high 
impedance adjacent sections. To include these effects, the electrical length is corrected [38]: 

𝛽𝑙𝑞𝑐
(𝜔𝑐) = sin−1

[𝑍𝑔𝑔𝑞 − tan (
𝛽𝑙𝑞−1
2

) 𝑍𝑙 − tan (
𝛽𝑙𝑞+1
2

) 𝑍𝑙]

𝑍ℎ
(𝑖𝑛𝑑𝑢𝑐𝑢𝑡𝑜𝑟)

 (3.34) 

𝛽𝑙𝑞𝑐
(𝜔𝑐) = sin

−1 𝑍𝑙 [
𝑔𝑞

𝑍𝑔
−
tan (

𝛽𝑙𝑞−1
2

)

𝑍ℎ
−
tan (

𝛽𝑙𝑞+1
2

)

𝑍ℎ
] (𝑐𝑎𝑝𝑎𝑐𝑖𝑡𝑜𝑟) (3.35) 

Where βlqc is the corrected electrical length and βlq-1 and βlq+1 are the electrical lengths of the 
adjacent lines to the q-th element of the filter and previously calculated with (3.32) and 
(3.33). In the cases q=1 and q=Nq, i.e. first and last elements, one of adjacent sections 
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has impedance Zg, thus should not be included when calculating βl1c and βlNqc [38]. Fig. 3.10 
shows an 8th order stepped impedance LPF; Wg, Wh and Wl are the widths correspondent to 
the impedances Zg, Zh and Zl respectively and the lengths lq are derived from (3.16), (3.34) 
and (3.35). 

 
Fig. 3.10 Layout of 8th order microstrip stepped impedance LPF. 

The choice of Zh and Zl is the only degree of freedom in the design of a stepped impedance 
LPF; in addition, the smaller Zl or the higher Zh, the more precise the transmission line will 
approximate the target lumped element. However, (3.34) and (3.35) show that a smaller 
Zl or a higher Zh corresponds to a shorter line, which may cause problems in terms of 
manufacturability. 

3.2.3 Open stubs based LPF 

Another common microstrip implementation of ladder LPF consists in using open stub resonators. 
This implementation is based on the Richards’ transformations [44] to synthesize LC networks 
using open or shorted transmission line stubs. More specifically, the transformation of Fig. 3.11, 
which associates an open stub of length l=λ/8 to a shunt capacitor. 

 
Fig. 3.11 Richards' transform. 

Where vin and iin are the voltage and current at the input port. This transform is derived from 
the case of a transmission line connected to a generic load impedance ZL in one of the ports; 
the impedance at the other port, the input port, Zin is given by [11]: 
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𝑍𝑖𝑛 =
𝑉𝑖𝑛
𝐼𝑖𝑛

= 𝑍0
(1 + Γ𝑙𝑒

−2𝛾𝑙)

(1 − Γ𝑙𝑒
−2𝛾𝑙)

 (3.36) 

Where Z0 and l are the characteristic impedance and length of the transmission line and ΓL 
is the reflection coefficient at the load: 

Γ𝐿 =
𝑍𝐿−𝑍0
𝑍𝐿 + 𝑍0

 (3.37) 

An open stub is equivalent to a transmission line with ZL→+∞, assuming ZL is real and 
positive. Furthermore, for the case of an open stub (3.37) tends to one, thus (3.36) 
simplifies: 

𝑍𝑖𝑛 = 𝑍0 coth(𝛾𝑙) (3.38) 

Under the assumption that the transmission line is lossless, i.e. γ=jβ, (3.38) becomes: 

𝑍𝑖𝑛 = −𝑗𝑍0 cot(𝛽𝑙) (3.39) 

When l is λ/8, the electrical length βl is π/4 and (3.39) becomes negative and pure 
imaginary that is equivalent to the impedance of a capacitor. Given a target shunt capacitor 
Cq, it can be implemented at the frequency ωc by an open stub of l=λ/8 and characteristic 
impedance Zq: 

𝑍𝑞 =
1

𝜔𝑐𝐶𝑞
 (3.40) 

The Richard transformation of Fig. 3.11 can be applied to the shunt Cq of a ladder LPF; 
however, that is not the case for the series Lq. A solution is applying the Kuroda’s identities 
[11], which allow to substitute shunt capacitors with series inductors and vice versa. Fig. 3.12 
shows the two of the Kuroda’s identities applicable to LPFs; the boxes are transmission lines 
of length l=λ/8 and characteristic impedance Z0 or Z0’. The relation between the initial 
impedances ZCq, ZLq and Z0 with their equivalent ones ZCq’, ZLq’ and Z0’ are reported in [11]. 

Applying the Kuroda’s identity (II), we can transform the series inductors Lq into shunt 
capacitors Cq’. When Nq is larger than two, some of the Lq may be in between two capacitors, 
thus it is necessary to apply both Kuroda’s identities for shifting the Zg sections at the two 
ports of the filter to the proximity of Lq. The result is a ladder LPF where all the lumped 
elements are shunt capacitors Cq’ connected by transmission lines of length l=λ /8 and 
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characteristic impedance Zq,q+1. Fig. 3.13 shows as example a 3rd order LPF implemented with 
open stubs; the top circuit is the initial ladder LPF, the one in the middle is the equivalent 
filter after applying the Kuroda’s identities and the bottom one is the microstrip filter obtained 
by using Richards transforms. 

 
Fig. 3.12 Kuroda's identities. 

 

 
Fig. 3.13 3rd order LPF (top), equivalent filter with only capacitors (middle) and open 

stubs implementation (bottom). 

By applying (3.40), the capacitors C1’, C2’ and C3’ are transformed to open stubs of 
impedances Z1, Z2 and Z3 respectively. Finally, W1, W2, W3, W1,2 and W2,3 are the widths 
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correspondent to the impedances Z1, Z2, Z3, Z1,2 and Z2,3 respectively. Theoretically the length 
of all stubs is λ/8, although it should be reduced in order to compensate the T-junctions 
and the open-end effect due to the open stubs [45].  

The degree of freedom of this filter implementation are the choices of the Cq’, which affect 
the impedances Zq and Zq,q+1; more specifically these impedances may correspond to significantly 
broad or narrow widths, which are difficult to manufacture.  

3.2.4 Hybrid LPF 

Another microstrip implementation of ladder LPFs consists in combining the stepped impedance 
and open stubs. For this hybrid filter, series Lq are implemented as high impedance transmission 
lines, with impedance Zh and βlq given by (3.32). By the other hand, the shunt Cq are 
implemented as open stubs. However, in this implementation for each open stub the characteristic 
impedance Zq is fixed to Zl and the electrical length βlq is derived from (3.39): 

𝛽𝑙𝑞(𝜔) = tan
−1(𝑍𝑙𝐶𝑞𝜔)= tan−1 (

𝑍𝑙𝑔𝑞𝜔

𝑍𝑔𝜔𝑐
) (3.41) 

As for stepped impedance, hybrid filters require to compensate for the series reactance due to 
the low impedance adjacent sections; thus the electrical length is corrected to β lqc [38]: 

𝛽𝑙𝑞𝑐
(𝜔𝑐) = tan

−1 𝑍𝑙 [
𝑔𝑞

𝑍𝑔
−
tan (

𝛽𝑙𝑞−1
2

)

𝑍ℎ
−
tan (

𝛽𝑙𝑞+1
2

)

𝑍ℎ
] (𝑐𝑎𝑝𝑎𝑐𝑖𝑡𝑜𝑟) (3.42) 

Moreover, the T-junctions and the open-end effect should be considered when calculating the 
electrical length of the open stubs. No corrections are required for the high impedance sections 
[38]. Fig. 3.14 shows the 3rd order filter of Fig. 3.13, but in this case it is implemented as 
a microstrip hybrid filter; in this implementation only two stubs are used. The lengths l1, l2 
and l3 corresponds to βl1, βl2 and βl3 respectively at ωc. 

As for the stepped impedance filter, the choice of Zh and Zl is the only degree of freedom 
in the design of a hybrid microstrip LPF. The higher is Zh the more accurate is the Lq 
approximation, although it also corresponds to a shorter line, which may cause problems in 
terms of manufacturability. Regarding the stubs, the smaller is Zl the more accurate is the 
approximation to Cq; although a lower impedance corresponds to a broader and shorter stub, 
which leads to larger parasitic from the T-junction and it may be difficult to manufacture [38]. 
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Fig. 3.14 3rd order low pass filter (top) and hybrid implementation in microstrip(bottom). 

3.2.5 Comparison 

In this section, the three previous microstrip filter implementations are compared in order to 
select the best solution for the scope of this research. For this comparison, we chose a 4 th 
order Bessel LPF with fc=2 GHz; this filter is optimized for PR modulations and it satisfies 
the properties of the Table 2.2, Table 2.3 and Table 2.4. Given the Bessel prototype [41] in 
Table 3.1, the Lq and Cq of the ladder filter are calculated by applying (3.6) and (3.7); 
in addition, the generator impedance Zg is set to 50 Ω. 

Prototype gq 
g1 g2 g3 g4 g5 

0.2334 0.6725 1.0815 2.2404 1 

Lumped elements 
L1 (nH) C2 (pF) L3 (nH) C4 (pF) ZL (Ω) 
0.92867 1.0703 4.3032 3.5657 50 

Table 3.1 Prototype of 4th order Bessel filter and the lumped elements of the equivalent 
ladder circuit at fc=2 GHz. 

For the stepped impedance and hybrid filters we chose Zh=100 Ω and Zl=10 Ω, which are 
reasonable values for many commercial PCBs [11]. (3.34), (3.35) and/or (3.42) were 
used for calculating the βlq, which are reported in Table 3.2. For the open stubs filter, we 
applied Kuroda’s identities to substitute the inductors L1 and L3 with the shunt capacitors C1’ 
and C3’; moreover, C4 was replaced by C4’ in the process of substituting L3. The capacitors 
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C1’, C2, C3’ and C4’ were implemented as open stubs according to Richards transforms and 
their impedances, shown in Table 3.2, were derived from (3.40). 

Stepped impedance LPF 

βlq βl1=6.4˚ βl2=5.8˚ βl3=30.9˚ βl4=24.9˚ 
Zq Zh=100 Ω Zl=10 Ω Zh=100 Ω Zl=10 Ω 

 
Open stubs LPF 

Zq Z1=264.23 Ω Z2=74.35 Ω Z3=19.83 Ω Z4=122.32 Ω 
Zq,q+1 Z1,2=61.67 Ω Z2,3=69.51 Ω Z3,4=15.43 Ω - 

 
Hybrid LPF 

βlq βl1=6.7˚ βl2=5.7˚ βl3=32.7˚ βl4=22.7˚ 
Zq Zh=100 Ω Zl=10 Ω Zh=100 Ω Zl=10 Ω 

Table 3.2 Parameters of the 4th order Bessel filter with fc=2 GHz. The filters were 
implemented and simulated with ideal transmission lines. 

In ADS, we implemented the three filters using ideal transmission lines; the simulated scattering 
parameters of the filters are shown in Fig. 3.15. We can notice that the open stubs filter is 
equivalent to a periodic BSF or notch at f0=2fc, which is in agreement with the behavior of 
open stub resonators [11]. Moreover, because of the periodicity of the open stubs, the IL is 
0 dB around 4fc=8 GHz; this spurious response is incompatible with the requirements for PR 
modulations. 

 
Fig. 3.15 Amplitude and group delay of the transfer functions of 3rd order Bessel filter 

implemented as ladder circuit (red), ideal transmission lines stepped impedance (blue), 
open stubs (green) and hybrid (pink). 

By the other hand, stepped impedance and hybrid filters are not periodic because of the 
different lengths of their sections. The hybrid filter exhibits a better stopband characteristic 
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because of the notches in the stopband introduced by the open stubs. The stubs of the hybrid 
resonate at larger frequencies than the open stubs filter because they are significantly shorter: 
β l2=22.7˚  and β l4=5.7˚  compared to β lq=45˚  at fc=2 GHz [11]. Looking at the group delay, 
the worst performance is again the one of the open stubs filter; the flattest characteristic is 
the one of the stepped impedance, although it is not that different from the hybrid filter. 
However, these simulations do not consider the width shifts between sections of the stepped 
impedance filter, which may introduce notches in the stop band like the other two filters.    

Another important factor to consider is the manufacturability of the filter; more specifically the 
stepped impedance and hybrid filters require a significant difference between Zh and Zl, otherwise 
the performance will degrade [38]. For both filters Zh and Zl are achieved by having different 
width Wh and Wl respectively; in particular, we have Wl>Wg>Wh. It is legit to assume that 
Wh<<d and Wl>>d, thus (3.25) becomes: 

𝑍ℎ ≈
60

√휀𝑒𝑓𝑓
ln (

8𝑑

𝑊ℎ

) ≈
60√2

√휀𝑟 + 1
ln (

8𝑑

𝑊ℎ

) (3.43) 

𝑍𝑙 ≈
120𝜋

√휀𝑒𝑓𝑓 (
𝑊𝑙

𝑑
)
≈

120𝜋

√휀𝑟 (
𝑊𝑙

𝑑
)
 (3.44) 

Typical values of d for microwave PCB range between 0.2 to 1.6 mm (8 to 64 mils); 
furthermore ε eff, depends on ε r, which usually ranges between 2 and 12 [11], and d/W 
according to (3.15). Therefore, (3.34) gives that Wh may range from 0.03 to 1.7 mm 
approximately, and (3.35) gives that Wl may range from 2 to 42 mm. The range of Wl 
particularly affects hybrid filters, which would require having significantly broad stubs Wq compared 
to their lengths lq, mainly because of the parasitic effects introduced by the T-junctions; this 
problem becomes accentuates when designing Bessel filters, which have some significantly low 
gq, and when operating with fc above 1-2 GHz. On the contrary, stepped impedance filters 
are less affected by having broad and short sections; although these sections may behave as 
two parallel open stubs connected through a cross junction, thus introducing notches and 
parasitic effects [45]. In conclusion, hybrid filters show the best performance, although 
manufacturing limitations favor stepped impedance filters as final choice. 

3.3 Microwave LPF characteristics comparison 
In this section we complete the comparison in 2.4.3 between the common analog filter 
characteristics optimized for PR modulations; more specifically, we consider the design, simulating 
and testing processes and eventual drawbacks driving for the microstrip implementation. From 
the filters in APPENDIX-A, we selected the five, which are optimized for modulating 10 Gbps 
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NRZ signals into PR2C2 and which are also reported in [32]. As stated in the previous 
sections, for our application the best solutions are microstrip stepped impedance filters. However, 
the microwave filters showed limitations in terms of accuracy due to the limited maximum Zh 
and minimum Zl achievable by the substrates available in-house. The proposed solution to this 
problem is applying defected ground structures (DGSs) to the high impedance sections. 
Furthermore, the last subsection reports the analysis and comparison of the simulation and 
experimental results of the five stepped impedance filters. 

3.3.1 Stepped impedance implementation 

Given the specification of the five LPFs in [32], the first step is calculating the lumped 
elements of the equivalent ladder topology. The prototypes of the filters are taken from [41] 
and the correspondent lumped elements Lq, Cq and RL are calculated by applying (3.6), 
(3.7) and (3.8). 

The next step is selecting a dielectric substrate; among the available options provided by the 
department workshop, we chose the Rogers 4003 [46] substrate with εr=3.55 and thickness 
d=0.81 mm (32 mil). We selected this substrate because at 2 GHz it can achieve a Z0 of 
10, 50 and 100 Ω with widths of 14.3, 1.8 and 0.4 mm respectively. 

After selecting the substrate, the next choices are the widths Wl and Wh for each filter; these 
choices are compromises between manufacturability, parasitic effects, optimal Zh and Zl. Using 
ADS, we optimized these widths and the correspondent impedances, whose values are reported 
in Table 3.3. The low impedance sections of the Bessel and Legendre filters are 10 mm wide, 
which corresponds to Zl=13.67 Ω. The Butterworth and Chebyshev filters have a single 20 
mm wide low impedance section that corresponds to Zl=7.39 Ω. Finally, the 5th order Gaussian 
filter has 15 mm wide sections, which correspond to Zl=9.58 Ω. For all the filters, the high 
impedance sections are 0.6 mm wide, which corresponds to Zh=86.84 Ω; in addition, we 
applied DGS in order to rise Zh up to 142.91 Ω.  

Filter type Butterworth 
Chebyshev 

0.5 dB ripple 
Bessel Gaussian Legendre 

fc (GHz) 1.9 2 1.9 1.7 2.3 
Nq 2 2 4 5 3 

Stop type short short short open short 
Zl (Ω) 7.39 7.39 13.67 9.58 13.68 
Zh (Ω) 142.91 142.91 142.91 142.91 142.91 

Table 3.3 Main parameters of the five stepped impedance LPFs. 
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From the β lqc of the each section derived from (3.34) and (3.35), we calculated the 
corrected physical length lqc by the tool LineCalc of ADS. Fig. 3.16 shows the manufactured 
prototypes of the five filters; the prototypes use standard subminiature version A (SMA) 
connectors, with a central pin for the signal and four lateral ones for the ground. 

 
Fig. 3.16 Five different characteristic LPF prototypes in microstrip technology with Rogers 
4003 substrate. DGSs are applied to the high impedance sections as shown in the 

bottom right corner. 

3.3.2 Defected ground structures 

A limitation of microstrip technology is the minimum width that can be manufactured; this 
restriction affects the maximum characteristic impedance achievable and consequently limits the 
choice of Zh. DGSs offer a solution for increasing the characteristic impedance of a microstrip 
without further reducing the width. A defect consists in a slot and/or an aperture in the ground 
plane, located directly under the transmission line. The geometry of the defect determines the 
electromagnetic effect on the line [42]; the most common shape is the rectangular dumbbell 
shape, see Fig. 3.17, that consists of two rectangular apertures of dimension wa×la and 
connected by a thin slot of width ws and length ls. 

A rectangular dumbbell DGS may be modeled as a parallel LC resonator connected in series 
to the transmission line. The series inductance L generated by the DGS is the effect of the 
perturbation of the shield current distribution in the ground plane, which occurs because the 
current crossing the ground plane must transit through a longer path because of the two 
apertures, as shown in Fig. 3.18. In addition, L is proportional to the increment of the current 
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path, which is proportional to la and wa. The series capacitance C introduced by the DGS is 
caused by the accumulation of charges in the thin gap or slot; in particular, the smaller is 
the gap, i.e. ls, the larger is C [42] 

 
Fig. 3.17 Microstrip with a rectangular dumbbell DGS and the equivalent L, C model. 

 

 
Fig. 3.18 Modification of the current distribution when a rectangular dumbbell DGS is 

applied to a microstrip. 
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When ls=la, the rectangular dumbbell becomes a slot and C becomes negligible for a sufficient 
large la. Under these conditions the main contribution of the DGS is increasing by L the per 
unit length inductance L0 of the transmission line, which corresponds to an increment of the 
characteristic impedance. Moreover, a DGS supports slow-wave propagation, which means that 
the transmission line supports waves with slower phase velocity than those supported by the 
identical transmission line without defects [42]. Slow-wave propagation is described by the 
slow-wave factor k/β : 

𝑘 = 𝜔√𝐶0𝐿0 (3.45) 

𝛽 = 𝜔√𝐶0 (𝐿0 +
𝐿

𝑙
) (3.46) 

Where 2l is the length, C0 is the per unit length capacitance, k and β are the propagation 
constants of the line without and with the defect respectively. Given the electrical length β l of 
a transmission line, (3.46) shows that the DGS increases the propagation constant, thus it 
allows reducing the length l.  

We applied DGS with a slot shape of width Ws=ws+2wa=6 mm and length la=l to the five 
target LPFs. DGSs are applied to the high impedance sections of the filter, whose widths Wh 
are set to 0.6 mm; the resulting characteristic impedance Zh is 142.91 Ω at 2 GHz [47].  

3.3.3 Scattering parameters simulations and measurements 

In this subsection, we report the measured scattering parameters of the five microstrip filters, 
together with simulation results, which are based on electromagnetic (EM) models [32]. Fig. 
3.19 shows the magnitude and group delay of H(f) of the Butterworth, Chebyshev and 
Legendre filters. 

We can notice that the magnitude of both the EM model and the prototype of the Butterworth 
filter show a notch centered at 5.5 GHz. The low impedance section is the cause of the 
resonance; because the section is significantly short compared to its width (lqc=2.2 mm and 
Wl=20 mm), it behaves as two parallel open stubs of length approximately Wl/2=10 mm. 
Moreover, the f0 of the notch also depends on the length lq of the section, the open circuited 
terminations and the cross-junction connecting the two fictitious stubs [45]. This notch introduces 
to the phase a strong deviation from the linear characteristic, as we can confirm by looking 
at the group delay. In addition, the magnitude shows a spurious response that goes down to 
IL=8 dB between 8 and 9 GHz. The Chebyshev filter presents the same notch of the 
Butterworth filter, because both filters have the same Wl. In addition, the spurious response is 
down to 8 dB between 8 and 9 GHz. On the other hand, the Legendre filter show no 
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resonance at 5.5 GHz in both simulation and measurement; although a small notch appears 
close to 14.5 GHz, probably caused by the low impedance section, where Wl/2=5 mm. The 
phase of the Legendre filter is not linear in the passband because of a group delay ripple 
centered at 2 GHz. The spurious response of IL stays above 15 dB up to 16 GHz. 

 
Fig. 3.19 Magnitude and group delay of H(f) of the Butterworth, Chebyshev 0.5 dB 

ripple and Legendre LPFs. 

We can notice that the magnitude of both the EM model and the prototype of the Butterworth 
filter show a notch centered at 5.5 GHz. This low impedance section is the cause of this 
resonance, because it is significantly short compared to its width (lqc=2.2 mm and Wl=20 
mm), thus it behaves as two parallel open stubs of length approximately Wl/2=10 mm. 
Moreover, the f0 of the notch also depends on the length lq of the section, the open circuited 
terminations and the cross-junction connecting the two fictitious stubs [45]. This notch introduces 
to the phase a strong deviation from the linear characteristic, as we can confirm by looking 
at the group delay. In addition, the magnitude shows a spurious response that goes down to 
IL=8 dB between 8 and 9 GHz. The Chebyshev filter presents the same notch of the 
Butterworth filter, because both filters have the same Wl. In addition, the spurious response is 
down to 8 dB between 8 and 9 GHz. On the other hand, the Legendre filter show no 
resonance at 5.5 GHz in both simulation and measurement; although a small notch appears 
close to 14.5 GHz, probably caused by the low impedance section, where Wl/2=5 mm. The 
phase of the Legendre filter is not linear in the passband because of a group delay ripple 
centered at 2 GHz. The spurious response of IL stays above 15 dB up to 16 GHz. 

The transfer functions of the Bessel and Gaussian filters are reported in fig 3.20. As expected, 
the Bessel filter is the best in terms of phase linearity in the pass band. The spurious 
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response of the magnitude stays below -18 dB up to 20 GHz and a resonance occurs around 
14 GHz; like the Legendre filter, Wl/2 is 5 mm. For the Gaussian filter, the magnitude of 
the manufactured prototype differs from the simulations, where a resonance occurs at 8.5 GHz. 
This difference is probably due to the imprecision in the manufacturing process. The group 
delay of the Gaussian filter maintains a linear characteristic up to 6 GHz; however, we can 
notice a group delay ripple in the passband between 1 and 3 GHz. The spurious response of 
the magnitude reaches up to -9 dB at 10.5 GHz. 

 
Fig. 3.20 Magnitude and group delay of the H(f) of the Bessel and Gaussian LPFs. 

3.3.4 PR Modulation results 

In [32] we tested the modulation performance of the five filters for C2PR2. Using a pulse 
pattern generator (PPG), we generated a 231-1 PRBS with Br=10 Gbps and coded as NRZ.  

APPENDIX-C shows the eye diagrams at of the modulated C2PR2 signals. The Butterworth 
and Chebyshev performances are the worst among the filters. Both the simulated and measured 
eye diagrams show misalignments and distortion due to the presence of large magnitude 
spurious response close to the passband. However, the phase noise is limited, due to the 
linearity of the phase up to the resonance at 5.5 GHz. As expected the best performances 
are achieved by the Bessel and Gaussian filters. The two eye diagrams show that the PR 
signal modulated by the Gaussian filter has more phase noise because of the group delay 
ripple in the passband. The Legendre filter can modulate a C2PR2 signal without misalignments 
and distortion because of the limited spurious response. However, this filter is the most affected 
by the phase noise, because of the strong non-linearity of the phase, due to the group delay 
ripple at 2 GHz. Experimental and simulation results confirm the conclusion of 2.4.3: filters 
with a linear phase characteristic, such as Bessel and Gaussian, are the optimal choice for 
PR modulations. However, Gaussian filter resulted more difficult to implement in microstrip 
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compared to Bessel. Moreover, another significant impairment is the spurious response of the 
microwave filters due to the large bandwidth of the input signal compared to the cut-off 
frequency of the LPF. 
3.4 Microstrip linear phase LPF with DGS 
In this section, we present and expand the work in [37], which is about a microstrip LPF 
optimized for PR modulation by improving the filter characteristic and modifying the stepped 
impedance implementation. The proposed filter is designed for C1PR1 and C2PR2 modulations 
for NRZ signals of Br between 15 and 25 Gbps. We designed, manufactured and tested three 
different versions of the target filter; filter C is a standard stepped impedance, filter B is a 
variable stepped impedance and the last one, filter A, is another variable stepped impedance 
filter with DGS. Fig. 3.21 shows the manufactured prototypes of the three microstrip filters. The 
prototypes have standard SMA connectors, with a central pin for the signal and four lateral 
ones for the ground. 

 
Fig. 3.21 Microwave LPF prototypes: (A) DGS, (B) variable and (C) standard stepped 

impedance. 

3.4.1 Filter characteristic 

As previously stated, PR modulations require a linear phase characteristic; thus, Bessel or 
Gaussian filters are the optimal choice. Moreover, in [32] we observed that Gaussian filters 
tend to be more difficult to implement and introduce more phase noise than Bessel filters, 
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which we confirm are the best solution among the standard characteristic. However, the 
bandwidth Bl where the filter preserves an acceptable flat group delay may not be broad 
enough; this may be problematic for C2PR2 modulation, because the bandwidth of the input 
NRZ signal is significantly larger than fc (see 2.4.3). For tackling this problem, in [37] we 
increased the order Nq from 4th to 8th, which results in a broader Bl for a Bessel filter. 
Nevertheless, the order increment was not enough; thus, we considered filters with a linear 
phase characteristic approximated to within a given ripple of degrees ρ. For the same Nq, the 
ripple-phase approximation results in a linear phase over a larger Bl than the Bessel one 
[41]. Fig. 3.22 shows the comparison of the group delays of a Bessel and two linear phase 
filters with phase ripple 0.5° and 0.05°; the three filters are implemented as equivalent ladder 
circuit with ideal lumped elements, which are calculated following (3.6), (3.7) and (3.8). 

 
Fig. 3.22 Group delay of a Bessel (blue), linear phase with ripple 0.5° (red) and 

0.05° (green) ideal filters of order 8th and 3 dB cut-off frequency fc=5 GH. 

In order to maximize Bl, for the three filters we chose a linear phase ρ=0.5° ripple characteristic 
of order Nq=8 for the target LPF. We selected fc=5 GHz, which is optimal for modulating NRZ 
signals above 20 Gbps into C2PR2 signals. Assuming Zg=50 Ω, we report in Table 3.4 the 
values of the lumped elements of the equivalent ladder circuit. 

g1 g2 g3 g4 g5 g6 g7 g8 g9 

1.96 1.32 0.75 0.85 0.63 0.68 0.5 0.27 1 
         

C1 (pF) L2 (nH) C3 (pF) L4 (nH) C5 (pF) L6 (nH) C7 (pF) L8 (nH) Zl (Ω) 

1.25 2.1 0.47 1.35 0.4 1.08 0.32 0.43 50 

Table 3.4 Prototype coefficients and lumped elements of the linear phase 0.5° ripple filter. 
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For the microstrip implementation, we started from filter C, which is a standard stepped 
impedance. As for the previous section, we used a 0.8 mm thick Rogers 4003 substrate. 
Filter C has Wl=10 mm (Zl=13.76 Ω) and Wh=0.5 mm (Zh=93.46 Ω). The electrical lengths 
βlqc are derived from (3.34) and (3.35) and the respective corrected lengths lqc were 
calculated with LineCalc and their values are reported in Table 3.5. 

l1c l2c l3c l4c l5c l6c l7c l8c 

2.7 4.3 0.6 2.7 0.6 2.1 0.5 0.8 

Table 3.5 Lengths (mm) of the sections of filter C, i.e. the stepped impedance filter. 

3.4.2 Variable stepped impedance implementation 

Looking at Table 3.5, we can notice that the low impedance sections are one order shorter 
than high impedances, except for the last section; this difference in length occurs because 
Zl/Zg is significantly smaller than Zg/Zh for the low impedance sections and for the last section 
because of the small value of g8. Short sections may become significantly sensible to accuracy 
and therefore, impractical for manufacturing. Reducing Zh or increasing Zl is a possible solution 
for increasing the length, although it will affect all the sections of the LPF and worse the 
approximation (3.34) and (3.35). For overcoming this issue, we propose to abandon the 
choice of fixed Zh and Zl for all the sections for having different Zhq and Zlq [48]. Thus, 
expressions (3.32), (3.33), (3.34) and (3.35) become: 

𝛽𝑙𝑞(𝜔𝑐) = sin−1 (
𝑍𝑔𝑔𝑞

𝑍ℎ𝑞
) (𝑖𝑛𝑑𝑢𝑐𝑢𝑡𝑜𝑟) (3.47) 

𝛽𝑙𝑞(𝜔𝑐) = sin
−1 (

𝑍𝑙𝑞𝑔𝑞

𝑍𝑔
) (𝑐𝑎𝑝𝑎𝑐𝑖𝑡𝑜𝑟) (3.48) 

𝛽𝑙𝑞𝑐
(𝜔𝑐) = sin

−1
[𝑍𝑔𝑔𝑞 − tan (

𝛽𝑙𝑞−1
2

) 𝑍𝑙𝑞−1 − tan (
𝛽𝑙𝑞+1
2

)𝑍𝑙𝑞+1]

𝑍ℎ𝑞
(𝑖𝑛𝑑𝑢𝑐𝑢𝑡𝑜𝑟) (3.49) 

𝛽𝑙𝑞𝑐
(𝜔𝑐) = sin−1 𝑍𝑙𝑞 [

𝑔𝑞

𝑍𝑔
−
tan (

𝛽𝑙𝑞−1
2

)

𝑍ℎ𝑞−1
−
tan (

𝛽𝑙𝑞+1
2

)

𝑍ℎ𝑞+1
] (𝑐𝑎𝑝𝑎𝑐𝑖𝑡𝑜𝑟) (3.50) 

The choice of having variable characteristic impedances sections allows choosing lower Zhq or 
higher Zlq only for the shorter sections of the filter. Fig. 3.23 shows the representation of filter 
B, which is an 8th order linear phase ρ =0.5° stepped impedance LPF with variable characteristic 
impedances. 
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Fig. 3.23 Representation of filter B, i.e. the variable stepped impedance filter. 

Another advantage of the variable stepped impedance filters is the choice between the various 
combinations of Zlq and Zhq, which constitutes a new degree of freedom in the design. More 
specifically, we can optimize the impedances and consequently the widths in order to reject 
the spurious response of the filter. Table 3.6 reports the chosen characteristic impedance of 
the sections of the variable stepped impedance LPF and their correspondent width and length, 
calculated from (3.49) and (3.50). 

Zl1 Zh2 Zl3 Zh4 Zl5 Zh6 Zl7 Zh8 

15.01 93.44 20.98 93.44 24.24 93.44 24.24 86.92 
        

Wl1 Wh2 Wl3 Wh4 Wl5 Wh6 Wl7 Wh8 

9 0.5 6 0.5 5 0.5 5 0.6 
        

l1c l2c l3c l4c l5c l6c l7c l8c 

3 4.2 1 2.5 1.1 1.9 1 0.8 

Table 3.6 Characteristic impedances (Ω), widths (mm) and lengths (mm) of the variable 
stepped impedance microstrip LPF. 

3.4.3 Variable stepped impedance with DGS 

A limitation of microstrip technology is the minimum width of a transmission line that can be 
manufactured; this limit affects the maximum available characteristic impedance. As shown for 
the filters in the previous section, by using DGSs we can significantly increase the Zhq, thus 
improve the approximation of Lq [47]. For filter A we adopted DGS with a slot shape of 
height Ws=ws+2wa=6 mm and length la=lqc; the DGSs are applied to the high impedance 
sections, whose widths Whq are all set to 0.5 mm and the resulting Zhq is 177.59 Ω at 5 
GHz. Because of the slow wave propagation [42], we decided to avoid applying a DGS to 
the 8th section, which otherwise would become too short for manufacturing. Fig. 3.24 shows 
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the representation of the variable stepped-impedance LPF with DGS in the high impedance 
sections. 

 
Fig. 3.24 Representation of filter C, i.e. variable stepped impedance filter with DGS. 

Furthermore, Table 3.7 reports Zhq, Zlq and lqc of filter A.  

Zl1 Zh2* Zl3 Zh4* Zl5 Zh6* Zl7 Zh8 

15.01 177.59 20.98 177.59 24.24 177.59 24.24 86.92 
        

l1c l2c l3c l4c l5c l6c l7c l8c 

3.3 2.1 1.5 1.3 1.6 1 1.2 0.8 
*sections with DGS 

Table 3.7 Characteristic impedances (Ω) and lengths (mm) of filter A, i.e. variable 
stepped impedance with DGS. 

3.4.4 Simulation results of the EM Models 

We designed and simulated the three filters from the ladder circuit to the final layout in ADS. 
Fig. 3.25 shows the EM simulated H(f) curves of the three filters in ADS. We can notice 
that the spurious response is significantly reduced when moving from standard stepped impedance 
to the variable ones because of the impedance optimization. 

We used also the design tool High frequency structural simulator (HFSS) for designing a 3D 
model of the prototypes. Simulations of 3D models include the SMA connectors, in particular 
the transition between coaxial to microstrip. Fig. 3.26 shows S11 and S21 curves of filter A; a 
radiation occurs around 6.5 GHz, which alters the linear phase characteristic of the filter. 
Radiations occur also for the other two prototypes; thus we can exclude the DGS or the 
variable impedances as the cause. In order to cancel this emission, we added via holes on 
copper pads, where the lateral ground pins of the SMA connector lay. Therefore, the transaction 
becomes a coaxial to CPW to microstrip. 
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Fig. 3.25 Magnitude of H(f) of the EM models simulated in ADS. 

 

 
Fig. 3.26 Magnitude and group delay of the S-parameters of the EM models of filter A in 

HFSS with and without coaxial to CPW to microstrip corrections respectively. 

Fig. 3.27 shows the 3D model of the layout of filter A with the grounded lateral pads; as we 
can see in Fig. 3.26 these pads successfully remove the radiation, although the filter still 
presents a weaker alteration of the linear phase characteristic in the passband. Simulation 
results of the 3D models are reported in the next section and they compared to measurements. 
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Fig. 3.27 3D model in HFSS of filter A with SMA connectors and coaxial to CPW to 

microstrip transactions. 

3.4.5 Measurements: scattering parameters and PR signals 

In Fig. 3.28 we report the transfer functions, measured up to 20 GHz, of the prototype filters 
and their 3D HFSS models. We can see that simulations are consistent with measurements. 
However, some discrepancies appear at high frequencies in the spurious band. The three filters 
have fc shifted down to 4.5 GHz in both simulation and measurement, because of approximation 
errors of the lqc.  

Filter C has the steepest response; although it has the largest spurious bandwidth up to -3 
dB and the narrowest Bl that is limited by a ripple at 6 GHz. Filters A and B improve the 
standard stepped impedance; we can notice their spurious response are below -18 dB and 
their flat group delay bandwidth is up to 8-9 GHz. Moreover, the use of DGS gives a closer 
approximation of the linear phase characteristic, as we can notice prototype A has no significant 
ripple, while prototype C and B presents one at 7.5 and 10 GHz respectively. Moreover, filter 
A approximates the linear phase characteristic slightly better than filter B because of the larger 
Zh due to the DGSs. 



67 

MICROSTRIP LINEAR PHASE LPF WITH DGS 

 

 

 
Fig. 3.28 Measured H(f) (module and group delay) of the three filter prototypes. 

Measurements and simulations prove the improvement of adopting a variable stepped impedance 
implementation and DGS. Furthermore, we tested filter A for real data PR modulations. With 
a PPG we generated a 215-1 PRBS, which was NRZ coded. The NRZ signal was then PR 
modulated by the filter. Fig. 3.29 shows the eye diagrams of the original NRZ and modulated 
C1PR1 and C2PR2 signals at 15 and 22 Gbps respectively. The filter performance was affected 
by the noise of the filter, the spurious response and the distortion introduced by the coaxial 
to CPW to microstrip transition of the connectors. The filter performance was affected by the 
spurious response and the distortion introduced by the coaxial to CPW to microstrip transition 
of the connectors. In conclusion, simulation and experimental results confirm that the LPF can 
successfully modulate a NRZ signal into a duobinary or C2PR2 one at 15 or 22 Gbps 
respectively.     
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Fig. 3.29 Eye diagrams of PR signals (generated with prototype A) at 15 and 22 Gbps. 

3.5 Summary of linear phase microwave filters 
In this chapter, we discussed the physical implementation of analog filter based PR modulators. 
The filter prototypes were designed as distributed elements in microstrip technology on PCBs. 
We investigated the optimal microstrip implementation for satisfying the strict linear phase 
requirement of Bessel filters. We proposed to modify the standard stepped impedance 
implementation having variable low impedance section, in order to maximize the linear phase 
bandwidth and contain the spurious response. Moreover we added defected ground structures 
to the high impedance sections for improving the approximation of a Bessel characteristic, thus 
the phase linearity. 



69 

 

 



70 

 

 

 

 



71 

 

 

CHAPTER 4 

 4 UWB envelope detectors 

In wireless communications, the channel is not baseband and it supports one or more frequency 
bands Bch=[fmin, fmax], with 0<<fmi<fmax. Wireless systems use one or more continuous wave 
(CW) signals cw(t), referred as carriers, for transmitting baseband or low frequency signals 
in such channels. The frequency of a CW carrier is indicated as fcw and fcwϵ Bch. Wireless 
systems can operate with analog signals like audio or digital signals such as bit streams, 
which are the target of this research. Fig. 4.1 shows the generic the scheme of a wireless 
system for digital communications.  

At the transmitter, the binary sequence {bi} is line encoded or baseband modulated to the 
sequence {ak}, which is implemented in the electrical domain by the signal sa(t). The 
encoded is baseband, thus it cannot be transmitted directly in the channel; the digital modulator 
convert sa(t) in the bandpass signal scw(t) by mixing with one or more carriers according 
to the type of modulation. The power amplifier (PA) provides the necessary gain for countering 
the loss and noise introduced by the wireless channel. 

At the receiver, the signal r(t) is given by the sum of sRc(t), which is the convolution of 
sTx(t) and the transfer function Xch(f) of the channel, and wRc(t), which is the noise 
introduced by the channel. Usually the first component is an LNA that provides a gain to 
r(t). The amplified signal rcw(t) is downconverted back to baseband by the digital demodulator; 
the baseband demodulated signal is referred as ra(t). Finally, the decoder recovers the bit 
sequence {b̅i}.      

 
Fig. 4.1 Scheme of a wireless system for digital communications. 

The object of our research are microwave envelope detectors, which are electronic circuits able 
to downconvert to baseband the envelope of a modulated signal. In wireless systems, the 
basic use for EDs is as digital demodulator, in particular for simple digital modulation such as 
amplitude shift keying (ASK). However, ASK is not the best choice in terms of robustness 
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and capacity, thus other more complex solutions such as quadrature amplitude modulation 
(QAM) or phase shift keying (PSK) are often preferred [49].  

Another popular application for EDs is linearizing PAs, which is the component that dominates 
the power consumption in wireless systems. The most efficient classes of PA are nonlinear 
and can only amplify constant envelope signals as ASK without introducing significant distortion. 
With the growing emphasis in channel capacity, wireless systems adopted spectral efficient 
modulations, which support non-constant envelopes [12]; unfortunately, the amplification of 
these signals requires linear PAs, which are not inherently power efficient. A solution for 
achieving efficiency and capacity is linearizing a nonlinear efficient PA. The most common 
linearization approaches are power backoff, corrective distortion (CD) and envelope elimination 
and restoration (EER). EER is more efficient than power backoff and it requires less complexity 
and model accuracy compared to CD. In an EER architecture, the envelope is eliminated by 
a limiter that preserves the phase of the input signal; in parallel the magnitude of the envelope 
is extracted by a ED. Amplitude and phase are amplified separately and then recombined to 
restore the modulated signal [49], [50].  

 
Fig. 4.2 EER linearization scheme. The PA has high efficiency and is nonlinear, while 

Amp is a baseband amplifier. 

In this project we are targeting EDs for UWB wireless systems, which covers the band [3.1, 
10.6] GHz. For both applications, ASK demodulation and PA linearization, the microwave ED 
has to provide a significantly large fractional bandwidth in order to satisfy the requirement of 
UWB systems [15]. 

4.1 Digital modulations 
The aim of digital modulations is to transfer a digital baseband signal over an analog channel, 
whose supported band or bands have bandpass characteristic. Usually the information carried 
by the baseband signal or envelope is coded as one of the properties of the carrier. Some 
of the most simple digital modulation are ASK, frequency shift keying (FSK) and phase shift 
keying (PSK) [16]; examples of the three modulations are reported in Fig. 4.3. 
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ASK consists in coding the 
symbols ai as variations of the 
amplitude of the CW carrier. 

 

FSK consists in coding the 
symbols ai as variations of the 
frequency of the CW carrier. 

 

PSK consists in coding the 
symbols ai as variations of the 
phase of the CW carrier. 

Fig. 4.3 Examples of ASK, FSK and PSK modulated signals. 

ASK, PSK and FSK maintain the same number of levels M and bits per symbol m of the 
baseband signal. Another popular modulation is quadrature amplitude modulation (QAM), which 
consists in adding two ASK modulated signals with a phase shift of 90˚ [16].   

In terms of demodulation, PSK and QAM require coherent detection, i.e. recovering the phase 
and/or attenuation of the carrier. FSK and ASK instead can be demodulated by both coherent 
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and direct detection schemes; in particular for ASK signals the direct detection modulator 
consists in a single ED. Therefore, ASK is the most convenient modulation format for testing 
the performance of an ED. The simplest implementation of an ASK modulator is a mixer, 
which multiplies sa(t) by the carrier cw(t): 

 
𝑠𝑐𝑤(𝑡) = [1 + 𝜒𝑠𝑎(𝑡)]𝑐𝑤(𝑡) = 𝐴[1 + 𝜒𝑠𝑎(𝑡)] cos(2𝜋𝑓𝑐𝑤𝑡) (4.1) 

Where A is the carrier amplitude and χ  the modulation index [16]. When M=2 and ν =1, the 
resulting two levels ASK modulation simplifies to on-off keying (OOK). The Fourier transform 
of (4.1) is: 

 
𝑆𝑐𝑤(𝑓) =

𝐴

2
[𝛿(𝑓 − 𝑓𝑐𝑤) + 𝛿(𝑓 + 𝑓𝑐𝑤) + 𝜒𝑆𝑎(𝑓 − 𝑓𝑐𝑤) + 𝜒𝑆𝑎(𝑓 + 𝑓𝑐𝑤)] (4.2) 

(4.2) shows that Scw(f) consists in the carrier CW(f), given by the delta components, and 
two duplicates of Sa(f) shifted to the two sidebands [fcw-Bth, fcw] and [fcw, fcw+Bth], where 
Bth is the first zero bandwidth of Sa(f). An ASK signal that contains both upper and lower 
sidebands is defined as double sideband (DSB). The band of a ASK DSB signal is Bds=[ 
fcw-Bth, fcw+Bth] and its bandwidth is twice the bandwidth of the envelope. The bandwidth of 
an ASK signal can be reduced by rejecting the upper or lower sideband completely, i.e. single 
side band (SSB), or partially, i.e. vestigial side band (VSB) [16]; however, these bandwidth 
improvements imply a cost in terms of power losses. 

The relation between the carrier and the envelope of an ASK signal is synthetized by the 
fractional bandwidth Δb, which is the ratio of Bth to fcw [11]: 

 Δ𝑏 =
𝐵𝑡ℎ
𝑓𝑐𝑤

 (4.3) 

It is important to remember that the definition (4.3) does not consider the bandwidth of DSB 
signals, which is 2Bth. When sa(f) is an NRZ or M-PAM signal, the first zero bandwidth of 
sa(t) is Bth=mBr, thus (4.3) becomes the ratio mBr/fcw.  

The demodulation of ASK signals with an ED will be covered in the following section 4.2. 



75 

ENVELOPE DETECTION 

 

 

 
Fig. 4.4 Spectrum of an OOK DSB signal Scw(f). The envelope Sa(f) is a 1 Gbps NRZ 

signal and CW(f) has fcw=7 GHz. 

4.2 Envelope detection 
An envelope detector extracts the baseband envelope by rectification. Rectifying is a nonlinear 
operation that converts alternating current (AC) into direct current (DC). In case of an RF 
modulated signal, the rectification generates the signal rr(t) that contains harmonics and mixing 
products of the carrier and the envelope, including the target one at baseband. The rectifying 
element or rectifier is the circuit component that generates the harmonics and a LPF, connected 
in cascade, isolates the baseband envelope from the other components. The simplest rectifiers 
are switches or diodes and they are referred as half wave rectifiers, because they reject the 
negative half cycle of rcw(t) [51]: 

𝑟𝑟(𝑡) = {
𝑟𝑐𝑤(𝑡)
0

𝑟𝑐𝑤(𝑡) ≥ 0

𝑟𝑐𝑤(𝑡) < 0
 (4.4) 
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In Fig. 4.5 we can see a half wave rectified signal in time and frequency domain; the 
modulated signal rcw(t) is a CW, i.e. it contains only the carrier at fcw. The carrier period is 
Tcw=1/fcw. We can notice that the spectrum of the rectified signal Rr(f) has a DC component 
and the first and second harmonics of fcw.  

 
Fig. 4.5 Time and frequency domain representation of rcw (red) and rr (blue). 

Another type of rectifier is the full wave, which changes sign of the negative half cycle of 
scw(t) instead of rejecting it [51]. The absolute value function is equivalent to a full wave 
rectification: 

𝑟𝑟(𝑡) = |𝑟𝑐𝑤(𝑡)| (4.5) 

(4.5) can be implemented with multiple diodes circuits, such as a diode bridge. Another 
option is the square function or law, which use the square cosine identity. 

cos(𝑥)2 =
1

2
[1 + cos(2𝑥)] (4.6) 

𝑟𝑟(𝑡) = 𝑟𝑐𝑤(𝑡)
2 (4.7) 
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The square full rectifier (4.7) may be implemented by nonlinear components, such as diodes 
or transistors, when operating in their square law region [11]. Fig. 4.6 shows the time and 
frequency domain representation of rr when applying (4.5) and (4.7) to the same rcw of 
Fig. 4.5. We can notice that both equations generate only even harmonics of fcw and reject 
the first harmonic. 

 
Fig. 4.6 Time and frequency domain representation of rr when rectified by the absolute 
value function (top) and square function (bottom). rr is in green, while rcw is in red. 

Full wave detectors perform better in terms of power consumption. However, (4.5) typically 
requires a complex implementation, which brings losses and noise. On the contrary, the half 
wave rectifier (4.4) support simpler implementations, such as a single diode. (4.6) may 
also be a single nonlinear device; however, the operational range in terms of power is limited 
to the square law region of the device. 

When the signal to rectify is a modulated signal such as (4.1), the rectification downconverts 
also the envelope to baseband; Fig. 4.8 shows the received ASK DSB signal rcw(t) and the 
rectified signal ra(t), obtained by applying the square (4.4) and switch (4.7) rectifications 
to rcw(t). In both cases, because of the mixing products the envelope is downconverted to 
baseband and upconverted to the harmonics of fcw. Like in Fig. 4.5, the half wave or switch 
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rectification maintains the first harmonic together with the baseband and second; while the 
square full wave rectifier rejects the first harmonic like in Fig. 4.6. 

 
Fig. 4.7 Received ASK DSB signal rcw(t) and the rectified signal ra(t), obtained by 

(4.4) and (4.7). In both cases fcw=7 GHz and the envelope is Br=1 Gbps NRZ coded. 

One of the most critical decisions in the design of an ED is the choice of the rectifier. The 
subsections 4.3, 4.4 and 4.5 are about EDs based on Schottky diodes, which are the most 
popular choice for rectifiers [52], because of their good performance at high frequency and 
with broadband signals. However, transistors are a valid alternative for some application that 
requires active components or high sensitivity as reported in 4.6 [11]. 

4.3 Schottky barrier diodes 
A diode is a two ports electronic component that conducts current only in one direction. Ideally, 
a diode has zero resistance in one direction, i.e. is a short circuit, and it has infinite resistance 
in the other, i.e. is an open circuit. The voltage between the two ports or across the diode 
vd influences the current id across the diode, in particular when vd<0→ id=0. 

 

𝑖𝑑(𝑣𝑑) = {
0

𝑌𝐿𝑣𝑑

𝑣𝑑 < 0
𝑣𝑑 ≥ 0

 (4.8) 

Fig. 4.8 Ideal diode model and equation. 
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In electronics, the simplest implementation of a diode is a PN junction, which is a semiconductor 
split in two regions with opposite doping: one P-doped (anode) and the other N-doped 
(cathode) [53]. When no voltage is applied to the junction, free electrons in the cathode 
move to the anode and the free holes in the anode to the cathode because of diffusion [54]. 
These free charges accumulate in the middle of the junction and form a depletion region, 
where an electric field is set. The other sections of the junction are referred as the neutral 
regions because of their charge neutrality. The free charges accumulated in the depletion region 
balanced each other, thus the junction is still neutral. 

 
Fig. 4.9 PN junction when no voltage is applied. Anode (red), cathode (green) and 

depletion region (blue). 

The junction voltage Vjn, is the static or DC voltage between the anode (“+” terminal) and 
the cathode (“-“ terminal). When Vjn is negative, i.e. reverse bias, the depletion region 
becomes wider and almost no current can flow through the junction. On the contrary, when 
Vjn is positive, i.e. forward bias, the depletion region reduces and a current Ijn flows from the 
anode to the cathode. More precisely, the static or DC current-voltage (IV) characteristic of 
a PN-junction is the exponential function [55]: 

𝐼𝑗𝑛(𝑉𝑗𝑛) = 𝐼𝑠 (𝑒

𝑒𝑉𝑗𝑛
𝑁𝐾𝐵𝑇𝑗 − 1) = 𝐼𝑠 (𝑒

𝑉𝑗𝑛
𝑁𝜙𝑇 − 1) (4.9) 

Where e is the electron charge, KB the Boltzmann constant, Tj the temperature in the junction, 
Is the saturation current, N the ideality factor and φT the thermal potential [11]. As shown in 
Fig. 4.10, if |Is|<<1, the diode rejects any current when negative Vjn, thus it becomes a good 
approximation of the ideal switch or half wave rectifier of (4.4). In Fig. 4.10 we can notice 
that the current is almost zero (off state), until Vjn reaches a positive threshold voltage 
Vth≈0.85 V, where the current rise exponentially (on state). This occurs because when 
Vjn>Vth, the electrons in the junction acquire enough energy to overcame the built-in and cross 
the depletion region [54]. Therefore, the optimal rectification occurs for Vjn=Vth, which is a 
tradeoff between rejecting negative currents and avoid rejecting the positive ones. 
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Fig. 4.10 Static IV characteristic of a PN junction with Is=10-8 A and T=298˚  K. 

Another possibility is choosing Vjn positive and properly smaller than φT; thus the exponential 
(4.9) may be approximated by its McLaurin second order polynomial (4.10), which is 
equivalent to apply (4.7), i.e. it is a quadratic detector [56]. 

𝐼𝑗𝑛(𝑉𝑗𝑛) = 𝐼𝑠 [
𝑉𝑗𝑛

𝑁𝜙𝑇
+
1

2
(
𝑉𝑗𝑛

𝑁𝜙𝑇
)
2

+ 𝑜(𝑉𝑗𝑛
3)] ≅ 𝐼𝑠 [

𝑉𝑗𝑛

𝑁𝜙𝑇
+
1

2
(
𝑉𝑗𝑛

𝑁𝜙𝑇
)
2

] (4.10) 

(4.9) is a static characteristic and it does not consider the time dynamic or AC response of 
the junction. For simplicity, we assume that the time variant junction voltage vjn(t) includes a 
starting bias point, i.e. the DC component Vjn, and a time perturbation v̅jn(t): 

𝑣𝑗𝑛(𝑡) = 𝑉𝑗𝑛 + 𝑣𝑗𝑛̅̅ ̅̅ (𝑡) (4.11) 

For switching applications, the transition from forward to reverse bias is not instantaneous. The 
transit time τ d is time required to switch from forward (on state) to reverse (off state) and 
it mainly depends on the charge storage effects of the junction [57]. The first type of charge 
storage is due to the charge accumulation in the depletion region, which is modelled as a 
nonlinear capacitance Cjn:    

𝐶𝑗𝑛(𝑉𝑗𝑛) =
𝑑𝑄𝑗𝑛

𝑑𝑉𝑗𝑛
=

𝐶𝑗𝑛0

(1 −
𝑉𝑗𝑛
𝜙𝑇
)
𝜍 (4.12) 

Where Qjn is the charge accumulated in the depletion region, ζ  is the grading coefficient and 
Cjn0 is the junction capacitance when Vjn=0, i.e. zero bias [55]. The second type of charge 
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storage is due to the minority carrier charges injected into the neutral regions [57]; the 
minority carrier accumulation is modeled as the nonlinear capacitance Cd: 

𝐶𝑑(𝑉𝑗𝑛) =
𝑑𝑄𝑑
𝑑𝑉𝑗𝑛

=
𝜏𝑑𝐼𝑗𝑛(𝑉𝑗𝑛)

𝑁𝜙𝑇
 (4.13) 

Where Qd is the charge accumulated in the neutral regions, and Ijn(Vjn) is the static current 
of (4.9) [57]. The effect of Cd is the reverse recovery time τ rr, which is the time to 
discharge the minority carriers when switching from forward to reverse bias and contributes to 
τ d. In case of a PN junction τ rr may be significantly high and limit the performance at high 
frequencies, such as microwave and mm-waves [54]. Schottky barrier diodes are an alternative 
that allow overcoming the τ rr limitation of PN junctions. A Schottky diode is a PN junction 
where the anode is a metal; this difference reduces Cjn0 and makes τ rr almost null [11]. 
Therefore, Schottky diodes are the optimal and most popular solution for microwave EDs. 

 
Fig. 4.11 Schottky diode when no voltage is applied. Anode (red), cathode (green) and 

depletion region (blue). 

The static IV characteristic of a Schottky diode is the same of a PN junction: (4.9). In the 
dynamic case, Cjn has the same expression of the PN junction (4.12), while Cd is null 
because Schottky diodes are majority carrier devices. The equivalent circuit in Fig. 4.12 
represents the AC model of a Schottky diode and it is referred as large signal model [57]. 
Cp and Lp are the external parasitic elements due to the packaging; Rjn and Rs are the 
nonlinear and linear parts of the junction resistance [11]. Rjn(vjn) is a variable resistor that 
implements the exponential dependence of the junction current towards the junction voltage 
(4.9). vjn and ijn are the voltage and current across the junction, while vd is the diode 
tension between the anode and cathode nodes, i.e. including the parasitic elements. 



82 UWB ENVELOPE DETECTORS 

 

 

 

 
Fig. 4.12 Equivalent circuit of the Schottky diode large signal model with parasitic elements. 

The inclusion of Rs changes the static IV characteristic, which becomes: 

𝐼𝑗𝑛(𝑉𝑗𝑛) = 𝐼𝑠 (𝑒
𝑉𝑗𝑛−𝑅𝑠𝐼𝑗𝑛(𝑉𝑗𝑛)

𝑁𝜙𝑇 − 1) (4.14) 

Unfortunately (4.14) has no analytic inversion; however, Rjn is dominant when Ijn is small, 
thus the diode can be approximated as (4.9); while Rs becomes dominant when Ijn is large, 
thus the diode starts mainly behaving as a linear resistor [56]. 

 

■ Vjn/Rs 
■ (4.9) 
■ (4.14) 
■ (4.10) 

Fig. 4.13 Approximations of static IV characteristic of the SMS7630 Schottky diode [58]. 

Finally, the equivalent impedance Zjn of the junction is the ratio of vjn to ijn, thus it includes 
Rs, Cjn and Rjn. 

𝑍𝑗𝑛(𝑣𝑗𝑛) =
𝑣𝑗𝑛

𝑖𝑗𝑛(𝑣𝑗𝑛)
= 𝑅𝑠 + 𝑅𝑗𝑛(𝑣𝑗𝑛)//

−𝑗

𝜔𝐶𝑗𝑛(𝑣𝑗𝑛)
 (4.15) 
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(4.15) is a nonlinear equation that requires advanced circuit analysis techniques such as 
harmonic balanced (HB) or large/small signal analysis [59]. 

4.4 UWB single ended ED 
In this section, we report and describe the Schottky based ED for UWB wireless communications 
proposed in [60]. The ED design focuses on providing the highest possible video bandwidth 
Bth, but still maintaining simplicity and cost effectiveness. The proposed detector can demodulate 
ASK signals with bit rates up to 2.5 Gbps at a carrier frequencies fcw of 7 GHz. 

The main challenge is the large fractional bandwidth Δb demanded by UWB systems; the 
fractional bandwidth is defined as (4.3). For simplicity we assume the envelope to be NRZ 
coded, thus Δb becomes equal to the ratio of the bit rate to the carrier frequency. The 
maximum b  reported in the literature for an envelope detector is 25.7% with a bit rate of 
26 Gbps and carrier of 101 GHz [61]. In the C-band the highest bit rate reported is 1 Gbps 
at 5.5 GHz carrier for a detector implemented using foundry CMOS technology [62]. In [60] 
we report a b = 35.7%, which is an improvement in the state-of-the-art for UWB detectors. 

We designed, manufactured and tested a microstrip prototype of the proposed UWB ED as 
shown in Fig. 4.14. Among the available in-house, we chose as microstrip substrate a 0.76 
mm (30 mil) thick Rogers 6002 (ε r=2.94) with conductor layers of 35 um thick copper 
[63]. The prototype has standard SMA connectors, with a central pin for the signal and four 
lateral ones for the ground. 

 
Fig. 4.14 UWB microstrip single ended Schottky based envelope detector prototype. 

The schematic of the detector is shown in Fig. 4.15 and it includes an input matching network, 
the diode, an LPF and the biasing network. The ED has a simple and basic topology as in 
[64], which is based on a single Schottky diode connected in series. The detector is designed 
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for a single ended OOK-DSB modulated signal rcw, with fcw ranging from 4 to 10 GHz and 
an NRZ coded envelope with Br up to 2.5 Gbps. The output of the detector ra is the 
downconverted envelope. 

 
Fig. 4.15 Proposed detector schematic in microstrip. The matching network (red), the 
Schottky diode (green), the low pass filter (blue) and the biasing network (pink). 

Because the detector is implemented in a microstrip PCB, the diode must be a SMD component; 
the other components may be lumped SMDs or microstrip distributed elelements. The following 
subsections describe the main steps in the design and simulation of the detector. Moreover, 
experimental results are reported and analyzed in the last two subsections 4.4.6 and 4.4.7. 

4.4.1 Diode model 

The selection of the Schottky diode, i.e. the nonlinear element, is the most critical of the 
entire design process. The operative bandwidth Bop, i.e. the frequency range where the diode 
is designed to work, is the first aspect to consider. We were looking for diodes optimized in 
the UWB band 3.1-10.6 GHz, which is mainly covered in the C-band and X-band. Another 
important aspect is the packaging that determines the parasitic Cp and Lp; the package should 
also be possible to mount on the PCB. Other important factors are the sensitivity, i.e. the 
minimum detectable voltage, and the conversion loss CL, which are affected by Rs. Considering 
these four parameters, we selected the SMS7630 Schottky diode [58], which was a trade-
off among the available options [64], [65]. 

Is (A) Rs (Ω) Cjn0 (pF) N ζ Lp (nH) Cp (pF) Bop (GHz) Package 

5e-6 20 0.14 1.05 0.4 0.7 0.14 <24 SC-79 

Table 4.1 Main spice model specification of SMS7630 [58]. 

When simulating in ADS, we used the PN-Junction diode model, valid also for Schottky 
diodes, for reproducing the chosen diode. The equivalent circuit of the ADS model is based 
on [57] and it is shown in Fig. 4.16. This model includes more effects, such as sidewall and 
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breakdown [54]; consequently it has more parameters such as the bottom junction leakage 
Gleak, and the sidewall parameters Rsw, Csw and Gleaksw. The capacitance Cd is zero for a 
Schottky diode. A minimum conductance Gmin is inserted between the diode nodes to aid the 
convergence of the model during simulations. 

 
Fig. 4.16 Equivalent circuit of the PN-Junction model of ADS [57]. 

The ADS model does not include the parasitic elements due to the package; thus, they were 
added manually. The static IV characteristic of the diode is shown in Fig. 4.17; we can notice 
that breakdown starts at -2 V and Vth≈0.2 V. 

 
Fig. 4.17 ADS model of the SMS7630 Schottky diode and its static IV characteristic. 

4.4.2 Harmonic balanced 

The diode is a nonlinear component, thus linear AC circuit analysis or scattering parameters 
should not be used. Therefore, in [60] we used the nonlinear HB analysis in ADS for solving 
the diode equation (4.15). In [66], we also applied the large/small signal analysis to the 
proposed ED for modelling the diode and calculate Zjn. 
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HB analysis relies on splitting the nonlinear circuit into a linear t and a strictly nonlinear 
subcircuits and balanced the steady state current waveforms at all nodes according to Kirchoff’s 
law [59]. 

Fig. 4.18 shows the ED circuit implementation for the HB analysis in ADS. The HB solver 
operates with two frequencies: the carrier fcw and the sideband fsbϵ [0, Bth] frequencies; thus, 
it solves the circuit for fu,v: 

𝑓𝑢,𝑣 = 𝑢𝑓𝑐𝑤 + 𝑣𝑓𝑠𝑏 𝑢, 𝑣 = 0,±1,±2,…± 𝑂𝑟𝑑 (4.16) 

Where Ord is the maximum harmonic order that ADS is set to solve. For the HB, the OOK 
DSB input signal consists in three CW, one at the carrier fcw=f1,0 and the other two at fcw-
fsb=f1,-1 and fcw+fsb=f1,1; these three tones correspond to the ports P1, P2 and P3 as shown in 
Fig. 4.18. Finally, the output port P4 is set to the standard 50 Ω and the only nonlinear 
elements are those of the diode NL1 (Cjn) and NL2 (Rjn). 

Our main goal is maximizing the output power of the demodulated envelope Pa in P4 at fsb. 
This goal is expressed by the conversion loss CL, defined as: 

𝐶𝐿 =
2𝑃𝑠𝑏
𝑃𝑎

 (4.17) 

Where Psb is the power of a sideband, i.e. one of the CW at the frequency f1,-1 or f1,1 
assuming the two waves have the same power. Another important goal is minimizing reflections, 
i.e. matching the input ports; in particular, at the carrier port P2, because it handles more 
power than the other two. In ADS, by tuning fcw in [3, 10] GHz we simulated and contained 
the reflections overall the UWB band; while, by tuning fsb in (0, 2.5] GHz we simulated and 
optimized the output power overall the bandwidth Bth. For the simulations, the power of the 
CW carrier Pcw ranged between 0 and -20 dBm and the two CW sidebands Psb between 
Pcw-10 or Pcw-20 dBm. These power values were chosen by considering the diode sensitivity.  
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Fig. 4.18 HB analysis circuit of the ED. 

4.4.3 Transient analysis 

HB analysis assumes the input signals to be steady state waves, thus it cannot simulate the 
time evolution of the detector for real data transmission. To overcome these limitations, we 
used the transient analysis (time domain) for reproducing the demodulation of signals carrying 
data. With the transient analysis, we can also estimate the distortion introduced by the detector 
to the envelope. ADS can plot eye diagrams, which are a qualitative indicator of the envelope 
integrity. Furthermore, this analysis calculates the voltages and currents at every point in the 
schematic; this information allows monitoring that each component is processing the signal 
correctly.  

In simulations, the data of the envelope is a 212-1 PRBS at 2.5 Gbps, NRZ coded with 
peak-to-peak voltage (Vpp) of 0.5 V and a DC component of 0.25 V. Then the signal is 
OOK DSB modulated (ν =1) with a carrier of 3-10 GHz and 0 dBm of power. We used an 
attenuator for tuning the power of the OOK signal, more specifically the carrier power Pcw 
between 0 and -20 dBm. The simulated eye diagrams confirm that the detector can successfully 
demodulate the OOK signal. Fig. 4.19 reports three cases with Pcw=0, -9 and -10 dBm. 
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Fig. 4.19 Eye diagrams of the demodulated envelope ra at 2.5 Gbps, fcw=7 GHz and 
Pcw=0, -9 and -18 dBm. The simulated ED is an EM model of its microstrip layout. 

4.4.4 Microwave LPF 

The rectified signal ra(t) has a baseband component, which corresponds to the envelope we 
want to detect. Therefore, the detector has to reject all the other frequency components of 
ra(t), which are mainly distributed around the first and second harmonics of fcw: 7±2GHz and 
14±2 GHz. Usually, diode based envelope detectors use a single shunt capacitor as LPF [61], 
[67], [68]. However, we are dealing with a ∆b larger than 20%, thus a higher order filter 
is necessary. After many simulations with ideal filters, we decided to apply a 4th order 
Butterworth LPF with a 3 dB cut-off frequency fc at 2 GHz. For these frequencies the LPF 
had to be implemented with distributed elements; we decided to adopt the stepped impedance 
implementation described in 3.2.2. Unfortunately, using microstrip distributed elements brought 
two issues: 

 The presence of undesired spurious bands around 7 and 14 GHz, degrade seriously the 
performance of the detector.  

 Butterworth filters are designed assuming Zg=50 Ω [3]; impedance deviations introduce 
distortion and losses in the pass band. Therefore, we need to match the input impedance 
of the LPF to the output impedance of the diode. 

To overcome those issues, we decided to replace the filter with a 6th order Butterworth and 
fc=2.1 GHz. The new LPF has low and high impedance sections of widths Wl=15 mm and 
Wh=0.5 mm, which correspond to Zl=10 and Zh=100 Ω. According to ADS simulations, the IL 
of the LPF is 51 dB at the optimal carrier frequency 7 GHz; however, the filter still has a 
spurious band around the second harmonic (14 GHz), where the IL is only 10.4 dB. In 
order to solve this problem, we added a BSF in cascade between the diode and the LPF. 
The BSF is centered at 14 GHz and it is implemented as a butterfly stub [69]. Fig. 3 shows 
the module of the transfer function of the filtering network, i.e. butterfly stub and LPF, with 
Zg and ZL of 50 Ω. The S-parameters were calculated in ADS by EM simulations applied to 
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the layout of the two filters. We can notice that the combination of the butterfly stub and the 
stepped impedance LPF provides an IL above 40 dB around 7 GHz and above 15 dB around 
14 GHz. 

 
Fig. 4.20 H(f) of the microstrip layout of the stepped impedance LPF alone and with the 
butterfly stub. The scattering parameters have been calculated with EM simulations in ADS. 

Moreover, we inserted a transmission line between the butterfly stub and the LPF, which helps 
matching the output impedance of the diode to 50 Ω between DC and 2 GHz. 

4.4.5 Matching and biasing networks 

The input impedance of the Schottky diode is matched to the source by a simple L-network 
with a shorted stub [11]. In addition, the stub has low impedance at the video frequencies, 
thus all the available video power generated by the diode is delivered to the load. Furthermore, 
it behaves as a BPF that rejects the noise outside the UWB band. We added a DC block 
in front of the shorted stub in order to isolate the ED from any DC current at the input port. 

A bias voltage Vbs is used in diode based detectors to increase the sensitivity and facilitate 
the matching; in particular, we set the bias in order to achieve Vjn=Vth, which is the optimal 
point when the diode is operating as (4.4). The biasing network is a standard bias-tee 
placed after the LPF, i.e. in negative reverse bias configuration –Vbs, as shown in Fig. 4.21. 
A 200 Ω resistor was added in series to the inductor of the bias-tee, which prevents the 
current at low video frequencies to flow through the biasing network. The lumped elements of 
the bias-tee are implemented with SMDs connected through transmission lines. 
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Fig. 4.21 Video and DC current paths. 

The shorted stub of the matching network and the bias-tee in reverse configuration provide a 
DC path to ground across the diode. Having a DC current flowing into the diode is necessary 
for the rectification. Otherwise, the diode current would be forced to be symmetric around 0 
A, i.e. no DC component. Because the negative part of the current cannot exceed Is in 
module, the only solution is a small current oscillating between –Is and Is, if we don’t consider 
the breakdown. The output port could also provide a DC path; however, it is probable that a 
baseband or IF amplifier is connected in cascade with the ED and usually these components 
have a DC block at their input port. 

4.4.6 Measurements: conversion loss 

In this section, we introduce the experimental setup in Fig. 4.22 for measuring the conversion 
loss CL of the ED prototype [60]. The setup replicated the HB schematic in ADS with an 
input signal composed of three CWs, one at fcw and two sidebands fc±fsb, i.e. f1,0, f1,-1 and 
f1,1 respectively and accordingly to (4.16). The two CWs at fcw and fsb were DSB modulated 
by a mixer. For these measurements, we fixed Psb to -20 dBm and tuned Pcw. Before testing 
the detector, we measured the power losses of the setup, in particular the frequency dependent 
ones coming from the cables. Having fcw=7GHz, the setup introduced -6.5, -8 and -11.5 dB 
of losses at 0.1, 1 and 2 GHz, respectively. 
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Fig. 4.22 Experimental setup for measuring the conversion loss of the detector. 

The two sidebands were downconverted to their original frequency fsb by the detector. We 
measured the power of the downconverted sidebands Pa with a spectrum analyzer. Fig. 4.23 
shows Pa versus the carrier power Pcw applied at the input port of the detector [60]. When 
Pcw is above -10 dBm, Pa starts to saturate; thus increasing the power of the carrier above 
-10 dBm does not improve significantly the detection. 

 
Fig. 4.23 Pout versus Pcw at fcw=7 GHz carrier, where Pcw is the power of the carrier at 

the input signal. The power of each sideband Psb is fixed at -20 dBm [60]. 

Moreover, the CL has been measured for different carrier frequencies as shown in APPENDIX-
D. The minimum achieved conversion loss is CL=12 dB at the optimal fcw=7 GHz, fsb=100 
MHz and Pcw=0 dBm. The CL converges above Pcw=-10 dBm and linearly increases below it. 
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4.4.7 Measurements: BER and sensitivity 

The experimental set up of Fig. 4.24 was used for testing a real data demodulation [60]. The 
PPG generated the binary data a 231-1 PRBS; the binary sequence was NRZ coded with 0.5 
Vpp and a DC offset of 1.5 V. The NRZ signal is then OOK DSB modulated by the vector 
signal generator (VSG); we set the power of the ASK signal to range between 0 and -21 
dBm. The recommended bit rate for the mixer of the VSG is 1 Gbps, although we still applied 
to it higher values up to 2.5 Gbps. 

 
Fig. 4.24 Experimental setup for measuring the bit error rate (BER). 

We used an oscilloscope to plot the eye diagram of ra, thus confirm that the ED can 
successfully demodulate rcw. Fig. 4.25 shows the eye diagram of ra when Br=2.5 Gbps, fcw=7 
GHz and Pcw=-10 dBm. We can notice that the eye diagram is wide open.  

 
Fig. 4.25 Eye diagram of ra when Br=2.5 Gbps, fcw=7 GHz and Pcw=-10 dBm. 

Furthermore, from the measured eye diagrams we calculated the output Vpp, which is shown 
in Fig. 4.26 as a function of Pcw. The bit rate did not affect significantly the Vpp; therefore, 
we adopted the optimal value Br=1.25 Gbps and tuned only fcw. The maximum Vpp occurs at 
fcw=6 GHz carrier; although in terms of signal quality, the optimum is at fcw=7 GHz, because 
of the design optimization at that frequency. 
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Fig. 4.26 Vpp of ra versus Pcw at 1.25 Gbps. 

The main purpose of this set up was measuring the bit error rate (BER), which is the 
number received bits {b̅i} that have been alternated, i.e. bi≠ b̅i. The BER is a standard 
parameter for evaluating telecommunication systems because it includes almost every impairment 
such as noise, distortion and jitter [16]. We measured the BER with the error detector. 
However, the sensitivity of the device was too large for the ED output; thus we applied a 
baseband amplifier with 26 dB of gain. For these measurements we chose the optimal fcw=7 
GHz and Br ranging from 1.25 to 2.5 Gbps. Experimental results are presented in Fig. 4.27 
as BER curves: Log(-Log(BER)) versus Pcw. 

From these results, we can conclude that the detector can perform error free (BER below 
10-9) demodulations at 2.5 Gbps down to -11 dBm of input power. For lower bit rates, this 
limitation is at -13 dBm. The penalty of 2dB at 2.5 Gbps is due to the bandwidth limitation 
introduced by the VSG. The forward error correction (FEC) threshold, which usually is BER 
below 10-3[70], is granted until -17 dBm of input power at 2.5 Gbps and -18 dBm for the 
lower bit rates. 

In conclusion, experimental results show outstanding error free demodulation at 2.5 Gbps with 
a frequency carrier of 7 GHz. The detector achieved a record fractional bandwidth of b=35.7%, 
which is a breakthrough in the state-of-the-art [60]. 
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Fig. 4.27 BER curves at 7 GHz carrier frequency. 

4.5 UWB balanced ED 
The ED proposed in [60] and [66] demonstrated that is possible to achieve an outstanding 
fractional bandwidth as required by wireless UWB specifications [15]. In this section, we 
continue investigating the concept of UWB Schottky based ED; more specifically how to further 
improve the fractional bandwidth by proposing a two diodes balanced architecture [71]. The 
proposed balanced ED is able to demodulate an OOK signal with fcw ranging between 4 and 
8 GHz, and an NRZ coded envelope with Br up to 4 Gbps. The largest achieved Δb is 
100% for Br=4 Gbps and fcw=4 GHz. This outstanding result more than doubled the previous 
record of 35.7% achieved in [60] (see 4.4). 

We designed and tested a microstrip prototype of the proposed UWB balanced ED. The 
microstrip substrate is a Rogers 4003 with ε r=3.55 and thickness d=0.8 mm (32 mil) [46]; 
the conductor layers are 35 μm thick copper. We preferred Rogers 4003 to Rogers 6002 
because it is harder, thus more difficult to bend or break, but it still has a similar ε r. 
Moreover, we used an external balanced to unbalanced (Balun) transformer for having a 
differential input [72]. 

The schematic of the proposed detector is shown in Fig. 4.29; the detector has two Schottky 
diodes separated in two branches with their matching network. A T-junction that works as a 
baseband signal adder connects the two branches at their output ports. A LPF and a common 
biasing network, similar to the ones in 4.4, follow the T-junction. The detector is designed 
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for a differential signal, i.e. two complementary signals rcw+ and rcw-, which have a θ=180˚  
phase difference. The Balun splits rcw into the 180˚  out-of-phase signals rcw+ and rcw-. The 
unbalanced signal rcw is an OOK DSB with fcw ranging from 4 to 8 GHz and an NRZ coded 
envelope with Br up to 4 Gbps. 

 
Fig. 4.28 Prototype of the UWB microstrip balanced Schottky ED with external Balun [72]. 

 

 
Fig. 4.29 Schematic in microstrip of the proposed balanced envelope detector. Matching 
networks (red), Schottky diodes (green), the adder or T-junction (yellow), the low 

pass filter (blue) and the biasing network (pink). 
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Because the detector is implemented in a microstrip PCB, the diodes must be SMD components; 
the other components may be lumped SMDs or microstrip distributed elements. 

The following subsections describe the principle of the balanced architecture, the design and 
simulation processes of the detector and the simulation and experimental results. 

4.5.1 Balanced rectification 

The balanced rectification applies to differential signals and requires two rectifiers, in our case 
diodes: diode#1 rectifies rcw+ and diode#2 rcw-. For simplicity, we start considering rcw being 
only a carrier, i.e. a CW signal of period Tcw. Fig. 4.30 shows the differential signals rcw+ and 
rcw- and their rectified counterparts rr+ and rr- respectively, obtained by applying the half 
rectification (4.4). 

 
Fig. 4.30 Differential signals (right) and their rectifications (left). 

The rectified signals are identical except for the 180˚  phase difference. However, the harmonics 
have different phase shifts according to their harmonic index u:   

𝜃𝑢 = 𝑢𝜃 = 𝑢𝜋 = {
0
𝜋

𝑢 𝑒𝑣𝑒𝑛
𝑢 𝑜𝑑𝑑

 (4.18) 

(4.18) shows that only the odd harmonics of rr- preserve the 180˚ phase shift. Therefore, 
when adding rr+ and rr-, the odd harmonics cancel each other by destructive interference and 
the even ones sum each other by constructive interference, has shown in Fig. 4.31. 
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Fig. 4.31 Sum of the two rectified signals rr+ and rr-. 

We can notice that the sum rr++rr- is equivalent to the full wave rectification (4.5); however, 
the each diode rectifies only the positive half wave cycle as in (4.4).  

Let consider the case when rcw is a ASK DSB signal composed by the three CWs at f1,0, 
f1,-1 and f1,1; if the three waves have the same phase shift θ : 

cos(2𝜋𝑓𝑐𝑤𝑡 + 𝜃) + χ cos[2𝜋(𝑓𝑐𝑤 − 𝑓𝑠𝑏)𝑡 + 𝜃] + χ cos[2𝜋(𝑓𝑐𝑤 + 𝑓𝑠𝑏)𝑡 + 𝜃] = 
= cos(2𝜋𝑓𝑐𝑤𝑡 + 𝜃) [1 + 𝜒 cos(2𝜋𝑓𝑠𝑏𝑡)] 

(4.19) 

(4.19) shows that the phase shift only affects the carrier; thus the only odd harmonic 
cancellation can be extended also to ASK modulated signals with envelopes. 

The main advantage of using balanced rectification is the cancellation of the fundamental 
harmonic, which enables to overcome the fractional bandwidth limitation of the half wave 
rectification. When Δb is larger than 50%, i.e. Bth>fcw-Bth, the baseband envelope overlaps 
with the modulated one in [fcw-Bth, fcw]. The overlapping part of the modulated envelope 
introduces distortion to the output signal and a LPF cannot remove it without rejecting part of 
the baseband signal. However, balanced rectification can eliminate the overlapping first harmonic 
with phase cancellation. Therefore, EDs based on balanced rectification, can successfully 
demodulate signals with Δb>50%. 

4.5.2 External Balun 

A Balun is a three ports circuit that converts an unbalanced signal to a balanced one, i.e. it 
divides the signal at the input port P1 into two 180˚  out-of-phase signals at the output ports 
P2 and P3 [71].  
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[S] =
1

√2
(
0 1 −1
1 0 0
−1 0 0

) (4.20) 

Fig. 4.32 Scheme of an ideal Balun and its scattering matrix. 

There are many microwave circuits that can implement a Balun, such as the rat race, tapered 
coupled lines and waveguide magic-T [11]. Among the different options, we decided to use 
a Marchand balun, which is based on quarter wave coupled lines, because it has a broadband 
characteristic [73]. 

 
Fig. 4.33 Marchand Balun coupled line based. 

Unfortunately, the topology of the circuit of fig is difficult to design in a single layer microstrip 
PCB. In addition, coupled lines require a significant small gap in other to achieve a broadband 
coupling; unfortunately, for UWB the gap became too small for in-house manufacturing. Because 
it was not possible manufacturing a sufficient broadband Balun, we decided to use an external 
one [72]. The external Balun provides a phase balance, i.e. it grants a constant θ=180˚ , 
from 200 KHz to 10 GHz and with a deviation or phase balance of ±2˚  in average. The 
drawback of the chosen Balun is the insertion loss of 6 dB. 

4.5.3 Microwave design 

The proposed balanced ED is implemented in microstrip technology. For the design and 
simulations we applied the HB and transient analysis of ADS (see 4.4.2 and 4.4.3). In 
addition to the impedance matching and conversion loss, the HB analysis was used to control 
the phase of the two branches before and after the rectification. Using the transient analysis, 
ADS calculates the eye diagram and spectrum of the detected envelope ra(t), which provide 
a qualitative estimation of the signal. We can notice that when increasing Bth to 4 GHz, a 
significant portion of the envelope is lost at the edge carrier frequencies 4 and 8 GHz, since 
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the operational bandwidth of the ED is between 3 and 10 GHz [15]; although, rcw(t) can 
still be rectified by the diodes when it becomes a SSB or VSB signal.  

Because of the good performance in [60], we chose again the diodes [58] as rectifiers and 
they were modelled as reported in 4.4.1. The two diodes are matched to 50 Ω by L-networks 
with a shorted stub [11]. As in 4.4.5, the bias network is a bias-tee implemented with 
lumped elements and in reverse bias configuration. Again, the shorted stubs provide DC paths 
to ground together with the bias-tee.  

The LPF is placed at the output of the T-junction and it has to provide isolation at the 
fundamental and second harmonic of the carrier; because of the phase cancelation, we could 
relax the filter requirements, in particular the isolation at the fundamental and remove the 
butterfly stub [60]. Therefore, we could chose for the characteristic a 6th order Butterworth 
filter with fc=3.2 GHz, which is close to the minimum fcw at 4 GHz. The filter was implemented 
as a micorstrip stepped impedance (see 3.3.1). 

4.5.4 Measurements 

BER measurements were conducted in order to demonstrate the full functionality of the detector. 
As we can see in Fig. 4.34, we modified the setup of Fig. 4.24 by substituting with a mixer 
the VSG that previously limited the Br,. The PPG generated the binary data, which was a 
231-1 PRBS. The binary sequence was NRZ coded with 0.5 Vpp and a DC offset of 0.4 V. 
The NRZ signal is mixed with a CW centered at fcw and generated by a LO. Because of the 
IL of the Balun, we set the power of the ASK signal to range between -4 and -14 dBm, 
which correspond to 0 and -20 dBm respectively at the input port of the ED. 

 
Fig. 4.34 Block diagram of the setup for measuring the BER. 

We used an oscilloscope for measuring the eye diagrams of the demodulated envelope and 
the error detector to calculate the BER. However, the sensitivity of the error detector was too 
large for the ED output; thus, we applied a baseband amplifier with 26 dB of gain. Fig. 4.35 
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shows the BER curves versus Pcw at five different frequencies 4, 5, 6, 7 and 8 GHz for 
Br=4 Gbps. The The detector achieves error free demodulation with all tested fcw and grant 
the FEC threshold up to -14 dBm for fcw=5 GHz. 

 
Fig. 4.35 BER curves at 4 Gbps for different carrier frequency. 

In conclusion, experimental results show outstanding error free demodulation at 4 Gbps with 
all the tested frequencies. The detector achieved a record fractional bandwidth of b=100% 
when fcw=4 GHz, which is an outstanding breakthrough in the state-of-the-art [60]. 

4.6 UWB active ED 
An ED uses one or more nonlinear components such as diodes or transistors, for downconverting 
the envelope of a modulated signal to baseband [11]. As previously explained, the input signal 
rcw may be single ended or differential when the ED has balanced architecture. Single ended 
EDs can support fractional bandwidths below 50%, due to the presence of the fundamental 
harmonic of fcw. On the contrary, balanced EDs overcome this limitation by using destructive 
interference (see 4.5.1). Balanced architectures, however, come at a cost in terms of 
complexity, poor matching and low sensitivity. This is because they require at least two parallel 
nonlinear devices and a differential input, which is usually generated by introducing a lossy 
Balun at the input [71]. 

For UWB applications b is the most relevant figure of merit of an ED. The largest Δb 
reported is 100% is for the UWB balanced ED based on Schottky diodes described in [71] 
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and 4.5. For single ended, we achieved the best performance b=35.7% in [60] with an ED 
based on a single Schottky diode (see 4.4). Moreover, other detectors based on high electron 
mobility transistors (HEMTs) have been reported and the best performance is 25.7% for a 
balanced ED designed for millimeter wave applications [61].  

Despite their impressive performance in terms of Δb, the reported UWB EDs have limitations 
in terms of sensitivity and conversion loss; this limit becomes relevant if we consider that UWB 
technology has strict limitations in terms of power spectral density emission limit [74]. 

In this section, we will present and describe the active single ended UWB ED based on a 
HEMT and proposed in [75]. Experimental results shows that the prototype of the proposed 
detector can demodulate ASK signals and achieve Δb above 40%, with Br up to 2.5 Gbps 
and fcw ranging from 5 to 9 GHz. The choice of HEMTs over Schottky diodes allows a 
reduction of the conversion loss and may even result in gain. Moreover, the proposed ED 
shows a better sensitivity compared to the previous Schottky based ED [60]. We implemented 
the ED in microstrip technology and manufactured a prototype for proof of concept. Again the 
microstrip substrate is a Rogers 4003 with εr=3.55 and thickness d=0.8 mm (32 mil) [46]; 
the conductor layers are 35 μm thick copper. DGSs were applied to the LPF (see 3.3.2). 

The schematic of the proposed ED is shown in Fig. 4.37; five main sections can be identified: 
the input matching network, the HEMT with its stabilizing network, the drain (D) and gate 
(G) biasing and the LPF. Furthermore, DC blocks are used to isolate the gate and source 
of the transistor from input and output ports. The transistor is in common source (S) 
configuration; the gate bias is referred as VGS and the drain bias as VDS. 

 
Fig. 4.36 UWB microstrip HEMT based ED prototype. On the right, the ground plane with 

DGSs applied to the filter. 
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Fig. 4.37 Proposed detector schematic. The ED is divided into the input matching network 
(red), gate (green) and drain (yellow) biasing networks, the HEMT (blue) and a 

LPF (magenta). 

4.6.1 Envelope detection with HEMTs 

A HEMT, also known as modulation doped FET (MODFET), is a heterojunction field effect 
transistor (FET). A heterojunction is the interface that occurs between two semiconductor 
layers or regions with different band gaps. The HEMT exploits the layer of high mobility 
electrons, referred as 2 dimensional electron gas (2DEG), in the heterojunction. The 2DEG 
is the channel of the device and its electron density can be piloted by the tension VGS [54]. 

Fig. 4.38 shows the section of a conventional HEMT, where the heterojunction is made with 
AlGaAs and GaAs and it is located under the gate. The two semiconductors are modulation 
doped, i.e. the AlGaAs is divided a top section that is n-doped, in particular heavy doped 
under the metal contacts, and a narrow bottom section that is undoped whereas the GaAs is 
undoped. The electrons in the AlGaAs layer can flow from S to D or vice versa only through 
the channel 2DEG. 

HEMTs allow flowing almost only electrons in their channels; thus, they are major carrier 
devices. Therefore, the switching speed of HEMTs is significantly high because they have 
almost null recovery time τ rr. This property make these transistors particular suited for 
implementing microwave and mm-waves mixers and detectors [54]. 
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Fig. 4.38 Section of a HEMT made with AlGaAs and GaAs heterojunction. 

Among the possible configurations, we chose the common source in order to optimize the 
transistor nonlinear trans conductance, which is the responsible of the envelope detection. Fig. 
4.39 shows a simplified version of the large signal intrinsic model of an HEMT in common 
source configuration [76]. 

 
Fig. 4.39 simplified HEMT large signal intrinsic model in common S configuration [76]. 

 

Where vgs(t) and vds(t) are the time varying voltages applied to the ports GS and DS 
respectively, and ids(vgs) is the piloted current flowing between S and D. When we apply 
positive DC voltages Vgs to the port GS and Vds to the port DS, the HEMT model reduces 
to the current generator Ids, as shown in Fig. 4.40 and expressed by (4.21). 



104 UWB ENVELOPE DETECTORS 

 

 

 

 
Fig. 4.40 HEMT static large signal intrinsic model in common S configuration. 

𝐼𝑑𝑠 =

{
 
 

 
 

0 𝑉𝑔𝑠 ≤ 𝑉𝑡ℎ

𝑘𝑛 [(𝑉𝑔𝑠 − 𝑉𝑡ℎ)𝑉𝑑𝑠 −
𝑉𝑑𝑠

2

2
] 0 < 𝑉𝑑𝑠 < 𝑉𝑔𝑠 − 𝑉𝑡ℎ

𝑘𝑛
2
(𝑉𝑔𝑠 − 𝑉𝑡ℎ)

2
𝑉𝑔𝑠 − 𝑉𝑡ℎ < 𝑉𝑑𝑠

 (4.21) 

Where Vth is the threshold voltage and the kn is the gain factor, which depends on the 
dimensions of the transistor [54].  

For an ED we can model the time variant input signal vgs(t) as the sum of the negative 
voltage Vgs and a CWs DSB modulated signal ṽ gs(t):  

𝑣𝑔𝑠(𝑡) = 𝑉𝑔𝑠 + �̃�𝑔𝑠(𝑡) = 𝑉𝑔𝑠 + 𝑣𝑔𝑠0 [1 + 𝜒 𝑐𝑜𝑠(2𝜋𝑓𝑠𝑏𝑡)]𝑐𝑜𝑠(2𝜋𝑓𝑐𝑤𝑡) (4.22) 

Where vgs0 is the amplitude of the voltage of the carrier. Under the small RF signal assumption, 
i.e. Vgs>>vgs0, rectification occurs when (4.21) is in the square-law region (4.6), i.e. 
0<vgs(t)-Vth<Vds. Moreover, given (4.22) as input, (4.21) becomes: 

𝑖𝑑𝑠 =
𝑘𝑛
2
(𝑣𝑔𝑠 − 𝑉𝑡ℎ)

2
= 𝐾(𝑣𝑔𝑠 − 𝑉𝑡ℎ)

2
= 

= 𝐾(𝑉𝑔𝑠 − 𝑉𝑡ℎ)
2
+ 2𝐾(𝑉𝑔𝑠 − 𝑉𝑡ℎ)�̃�𝑔𝑠 + 𝐾�̃�𝑔𝑠

2 
(4.23) 

From (4.23) we can isolate the nonlinear component Kṽ gs2, which contains the down converted 
envelope: 

𝑖𝑑𝑠(𝑡)@𝜔𝑚 = 𝐾
𝑚𝑣𝑔𝑠0

2

2
[𝑐𝑜𝑠(𝜔𝑚𝑡) + 𝑐𝑜𝑠(−𝜔𝑚𝑡)] (4.24) 

If the small RF signal condition is not verified, the rectification occurs when Vgs≈Vth. In this 
situation the instantaneous voltage vgs oscillates around Vth; therefore, the HEMT conducts only 
for half cycle of the RF signal as in (4.4). 
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4.6.2 HEMT model 

The most critical decision of the design process is the choice of the transistor. The first aspect 
to consider is Bop, which must include the UWB band [3.1, 10.6] GHz. The second most 
important aspect is the packaging, which should make possible mounting the HEMT on the 
PCB. Other important factors are the sensitivity, the associated gain Ga, the maximum available 
gain Gmax and the minimum noise figure Fmin [11]. Considering these six parameters, we 
selected the ATF-36163 pseudomorphic HEMT (pHEMT) in  the SC-70 package [77]. More 
specifically, the chosen transistor is designed for implementing LNAs and downconverters, i.e. 
EDs.  pHEMTs are variations of standard HEMTs, where one of the semiconductor layers of 
the heterojunction is extremely thin in order to avoid crystal defects. 

Material Max VGS (V) Max VDS (V) Ga (dB) Gmax (dB) Fmin (dB) Bop (GHz) Package 

GaAs -3 3 15.8 17.2 0.6 1.5-18 SC-70 

Table 4.2 Main spice model specification of ATF-36163 at 4 GHz [77]. 

The manufacturing company provides its own ADS model of the pHEMT; the model is based 
on the Statz_Model of a GaAsFET, which is available in ADS and it is derived from [57], 
[78]. The packaged pHEMT has six pins, one for the G, another for the D and the remaining 
four for the S [77].  

For the biasing, we started from the threshold voltage that in the Stazt_Model is set to Vth=-
0.55 V. Theoretically, having Vgs=Vth is the optimal bias point for (4.4); however, this choice 
limits the gain of the transistor. Moreover, the bandwidths of the DSB input and video output 
were considered when choosing the bias point.  

 
Fig. 4.41 D to S current Ids of the pHEMT as a function of Vgs and Vds. Bias point at 

Vgs=-0.09 V and Vds=0.44 V. 
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We chose Vgs and Vds to be -0.09 V and 0.44 V respectively; according to simulation results, 
this choice is a trade-off between output power Pa and the two bandwidths. For the simulations, 
we assumed Pcw ranging between -10 and -25 dBm. Moreover, the stability of the transistor 
strongly affected the choice of Vgs and Vds. 

4.6.3 Conversion loss, matching and stabilizing networks 

For the simulations, we used the HB and transient analysis of ADS as reported in 4.4.2 and 
4.4.3. The HB analysis calculated CL, the matching of the ED and the stability of the 
transistor. In order to keep the transistor stable, the reflection coefficients must be negative, 
in particular the one at the input port at the carrier frequency. However, HB is limited to 
steady state waves, thus it cannot simulate the time evolution of the detector for real data 
transmission or for time varying bias sources, i.e. turning off or on the power supply. As in 
4.4.3, we used the transient analysis to estimate the distortion introduced by the detector to 
the envelope to a real data signal. Moreover, we could predict if the transistor becomes 
unstable with time varying bias sources. 

For stabilizing the transistor, we introduced a shunt series capacitor-resistor element at D and 
a shunt series inductor-capacitor element at G. The inductor of the LC element is implemented 
as a microstrip line with high characteristic impedance, while the other components are SMDs. 
APPENDIX-E shows the stabilizing network and the biasing networks of the ED. The impedance 
of the pHEMT at the gate is matched by an L-network with a shorted stub, which also 
improve the stability. No matching network is required at the drain port. The transistor provides 
by itself the DC path through the grounded S. 

4.6.4 Improved microwave LPF 

The filtering network consists in a LPF, which is an 8th order Butterworth with fc= 2 GHz. 
The LPF was implemented in microstrip technology as stepped impedance (see 3.2.2). It is 
well known that standard stepped impedance filters have spurious responses that may appear 
at the harmonics of the carrier and envelope. In order to suppress the spurious responses, 
we applied a DGS to each high impedance section and we adopted different impedance values 
for the low impedance sections (see 3.3.2 and 3.4.2). Fig. 4.42 shows the EM simulated 
scattering parameters of the LPF. 
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Fig. 4.42 EM simulated S-parameters of the variable stepped impedance LPF with DGS. 

We can notice that the IL of the LPF stays above 35 dB between 4 and 20 GHz, where 
the first and second harmonics of the RF signal are located.  

4.6.5 Measurements: conversion loss 

We measured the conversion loss of the ED with the setuo shown in Fig. 4.43at different Pcw, 
χ  and overall the video bandwidth Bth. The setup is similar to the one used in 4.4.6; we 
applied a DSB modulated signal to the detector. The DSB signal was composed of a CW at 
the carrier frequencies fcw of power Pcw and two sidebands at fc±fsb of power Psb each. Two 
oscillators were used for generating the CWs. A mixer did the DSB modulation and a BPF 
was applied for removing the out of band noise. We measured the power of the down 
converted envelope Pa with a spectrum analyzer. The measured CL is given by Pa-(Psb+3) 
dB, due to the DSB modulation. 

For the first set of measurements, we set Pcw to either -15 or -20 dBm and fsb to 500 
MHz. Fig. 4.44 reports Pa as a function of the sidebands power Psb; which corresponds to 
sweeping χ . We can notice that the ED has a linear behavior. The average penalty between 
the two values of Pcw is 4 dB at fcw=8 GHz and between 1 and 2 dB for the other 
frequencies. The maximum fcw we could test was 8 GHz because of the limitations of the 
available LOs. ED shows gain at fcw=5 and 6 GHz, while the largest CL (7.6 dB) occurs 
at 8 GHz.  



108 UWB ENVELOPE DETECTORS 

 

 

 

 
Fig. 4.43 Setup for measuring the conversion loss of the envelope detector [75]. 

 

 
Fig. 4.44 Output power Pa versus sideband power Psb. 

Table 4.3 reports the average conversion loss from the measured Pa values in Fig. 4.44. The  

Furthermore, we also measured the video bandwidth of the detector as shown in Fig. 4.45. 
The power of the sidebands is given by Psb=Pcw-10 dB. For this second set of measurements, 
we could replace one of the LOs, thus being able to test the ED also for fcw=9 GHz. The 
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broadest bandwidth is achieved at fcw=8 GHz with an insertion loss below 3 dB up to 2 GHz; 
however, the passband has a ripple at 1 GHz. The narrowest bandwidth occurs when fcw=6 
GHz, the ED losses almost 5 dB by sweeping fsb from 0.25 GHz to 1 GHz. We can notice 
that the ED has broader bandwidth at higher frequencies fcw=8 and 9 GHz; however, it comes 
with a significant cost in terms of conversion loss. Measurements show that reducing Pcw does 
not narrow the video bandwidth; although, it obviously increases the CL. 

fcw (GHz) 
CL (dB) 

Pcw=-15 dBm Pcw=-20 dBm 

5 -0.74 1.14 
6 -2.48 -1.25 
7 0.69 1.94 
8 3.76 7.56 

Table 4.3 Average conversion loss at fsb=0.5 GHz. 

 
Fig. 4.45 Video bandwidth of the ED presented as Pa versus fsb. The sideband power 

Psb=Pcw-10 dB. 
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4.6.6 Measurements: BER and sensitivity 

The setup of Fig. 4.46 was used for testing the performance of the detector with an envelope 
containing data, which was a 211-1 PRBS [75]. We used a PPG for NRZ coding the data 
with a Vpp of 0.5 V and a DC offset at -0.25 V. The NRZ signal was ASK modulated by 
the VSG. The power of the carrier Pcw was tuned by the VGS. Like in 4.6.5, we used a 
BPF to reject the out of band noise. 

 
Fig. 4.46 Setup for measuring the BER. 

An oscilloscope was used for measuring the time traces of the demodulated envelope ra, which 
are displayed in APPENDIX-F as eye diagrams. Eye diagrams confirm that the ED can 
successfully demodulate the ASK signal down to Pcw=-15 dBm. 

The main purpose of this setup was measuring the BER of the demodulated signal. We 
included a 10 dB baseband amplifier at the ED output, in order to avoid having error floors 
due to the sensitivity of the error detector. Moreover, we used a LPF for rejecting the out of 
band noise of the amplifier. Fig. 4.47 shows the BER as a function of the RF power with 
Br=2 Gbps and for fc=5, 6, 7, 8 and 9 GHz.  

Measurements show that the best performance is achieved when fcw=6 GHz, where the detector 
performs error free (BER below 10-9) detection down to -13 dBm and guarantees the FEC 
threshold (which is usually set at BER=10-3 [70]) until -21 dBm. At 5 and 7 GHz, the 
ED performs error free until -12 and -11 dBm respectively, and grants the FEC threshold up 
to -19 dBm. At 8 and 9 GHz the ED has a penalty of 5-6 dB compared to 6 GHz. 
Furthermore, we tested the detector up to 2.5 Gbps at fcw=6 GHz (Δb=41.7%), as shown 
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in Fig. 4.47. Results show that the ED performs error free detection down to -13 dBm and 
respects the FEC threshold below -20 dBm. 

 
Fig. 4.47 BER curves of the demodulated signals. 

Measurements show that the best performance is achieved when fcw=6 GHz: the detector 
performs error free (BER below 10-9) detection down to -13 dBm and guarantees the FEC 
threshold (which is usually set at BER=10-3 [70]) until -21 dBm. At 5 and 7 GHz, the 
ED performs error free until -12 and -11 dBm respectively, and grants the FEC threshold up 
to -19 dBm. At 8 and 9 GHz the ED has a penalty of 5-6 dB compared to 6 GHz. 
Furthermore, we tested the detector up to 2.5 Gbps at fcw=6 GHz (Δb=41.7%), as shown 
in Fig. 4.47. Results show that the ED performs error free detection down to -13 dBm and 
respects the FEC threshold below -20 dBm. 

In conclusion, experimental results show error free detection up to Br=2.5 Gbps with a carrier 
frequency ranging from 5 to 9 GHz, achieving Δb up to 41.7%. Compared to [60], the ED 
shows at 6 GHz an improvement of the sensitivity of 3 dB at the FEC threshold for both 2 
and 2.5 Gbps. Moreover, the ED shows outstanding results in terms of conversion loss and 
actually provides gain up to 2.5 dB at 6 GHz. 
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4.7 Summary of UWB envelope detectors 
We have discussed about envelope detectors designed for wireless UWB communications [15]; 
more specifically, we introduced and explained three detectors. The first detector is based on 
a single Schottky diode that operates as a half wave rectifier; the simplicity of the topology 
and the design make it a cost effective solution for home and office networks. Simulation and 
experimental results showed an outstanding performance in terms of fractional bandwidth beyond 
the state-of-the-art [60]. 

The second detector employed two Schottky diodes in balanced configuration. This topology 
enables to suppress the fundamental harmonic by phase cancellation. Therefore, the detector 
achieved a further increment of fractional bandwidth and it established the current record [71]. 

The third detector focused on improving the conversion loss of its predecessors. The detector 
is based on HEMTs, which are devices with a better sensitivity than diodes. Furthermore, 
because balanced architectures have more losses, we decided to move backward to the single 
ended topology. The active detector managed to improve significantly the conversion loss and 
even achieving gain up to 2.5 dB, while at the same time maintaining the fractional bandwidth 
of the first detector [75]. 

Others 

Ref fcw (GHz) Br (Gbps) Δb (%) Technology Architecture 

[79] 4.2 0.19 4.5 CMOS Full wave 

[80] 135 10 7.41 CMOS n/a 

[81] 300 24 8 InP HBT Single-ended 

[82] 120 10 8.33 InP HEMT Single-ended 

[83] 60 10.7 17.8 CMOS Full wave 

[62] 5.5 1 18.2 CMOS Single-ended 

[84] 93 20 21.5 n/a n/a 

[85] 108 24 22.2 InGaAs mHEMT n/a 

[61] 101 26 25.7 InGaAs mHEMT Balanced 

This 
work 

[60], [66] 7 2.5 35.7 Schottky diode Single-ended 

[71] 4 4 100 Schottky diode Balanced 

[75] 6 2.5 41.7 GaAs pHEMT Single-ended 

Table 4.4 State-of-the-art on envelope detectors with large fractional bandwidth. 
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CHAPTER 5 

 5 Conclusion 

In this thesis, we investigated hardware solutions for next generation data centers, home and 
office networks. The thesis covers two main scenarios: optical intra-data center links and UWB 
wireless communication systems. Both the scenarios include SR transmissions, power and cost 
limitations. 

In the first scenario, we investigated PR modulation formats as an alternative to the standard 
baseband modulations NRZ and PAM for SR intra-datacenter communications. PR enables to 
boost the spectral efficiency of a baseband signal by introducing controlled amount of ISI. PR 
modulations are characterized by their polynomial (2.10) that determines the correlation between 
a symbol and its K-1 predecessors. The coefficients of those polynomials determine the class 
of the PR modulation.  

In chapter 2, we studied C1, also known as the polybinary class, which includes the PR 
modulations having all unity coefficients. C1 modulations improve η by reducing Bth by a factor 
of K, while M-PAM improves η by increasing Br by a factor of m=log2M. Therefore, polybinary 
modulations can achieved the same efficiency of M-PAM with a lower number of levels. 
Another interesting class we covered is C2, which includes all the PR modulations with 
triangular tapered coefficients.When they were first introduced, PR modulators were based on 
delay lines for introducing the controlled ISI and a Nyquist filter for removing the unwanted ISI 
of the baseband signal (see Fig. 2.8). A simpler scheme based on a single analog LPF was 
proposed and proved for three PR modulations: C1PR1 or duobinary, C2PR2 and C2PR3. The 
analog LPF introduces the required ISI by increasing the pulse duration of each symbol, thus 
affecting the following symbols as in (2.10).  

The first target of this research was investigating analog filters for PR modulations. We started 
by comparing and optimizing five common analog filter characteristics: Butterworth, Chebyshev, 
Bessel, Gaussian and Legendre (see Fig. 2.19). We implemented and simulated the LPFs 
with ideal lumped elements. Simulation results confirm that the five filters can successfully 
demodulate C1PR1 and C2PR2 signals; the best performance occur with Bessel filters, in 
particular for C2 modulations. In addition, Gaussian filters perform similar to Bessel, although 
they require higher order filters because of their low isolation.  

Furthermore, we also investigated alternative to analog LPFs; we proposed to add in cascade 
a BSF, in order to reduce the distortion and/or reduce the order of the LPF. Fig. 2.20 shows 
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the generic scheme of the proposed LPF and BSF modulator, also referred as scheme A. We 
expanded the concept of scheme A for other C1 modulations than duobinary. The new 
modulator, referred as scheme B, has multiple BSFs and a first order LPF (see Fig. 2.23). 
For a C1PRK modulator, the number of BSFs is K-1 and they are centered at the frequencies 
k/(KTs), where k=1, .., K-1. 

In chapter 3, we investigated how to implement in a microwave circuit the filters of the 
previous chapter. We considered that at these frequencies, we could still implement the filters 
as PCB, which is a simpler and more cost effective alternative than MMIC for designing 
prototypes with the purpose of proof of concept. For the technology, we preferred microstrips 
to CPWs because they are a preferred solution for designing the microwave prototypes of 
LPFs, which operates at frequencies below 10 GHz; especially due to the microstrip tolerance 
to manufacturing variations. We compared three different microstrip LPF implementations stepped 
impedance, open stubs and hybrid in terms of phase linearity and spurious response and 
manufacturability. Simulation results show that hybrid filters perform the best (see Fig. 3.15), 
although manufacturing limitations favor stepped impedance filters as final choice. 

Once decided the technology and implementation, we complete the comparison between the 
five analog LPF with different characteristics; more specifically, we consider the design, simulating 
and testing processes and eventual drawbacks driving for the microstrip implementation. A 
limitation of microstrip technology is the minimum width manufactural; thus, we applied DGS to 
the five filters for increasing the characteristic impedance of a microstrip without further reducing 
the width. Experimental and simulation results confirm the conclusion in chapter 2 that Bessel 
and Gaussian are the optimal choice because of their linear phase characteristic. However, the 
Gaussian filter resulted the most difficult to implement in microstrip. Moreover, a significant 
impairment was the spurious response of the microwave filters due to the large bandwidth of 
the input signal compared to the fc of the LPF. 

The previous comparison between the five filters confirmed that Bessel is the optimal characteristic 
for PR modulations; however, it also showed that small deviations from a maximally flat group 
delay are acceptable as soon as large discontinuities are avoided in the passband. Therefore, 
we adopted a linear phase ρ=0.5° ripple characteristic, which is a variation of the Bessel one 
with a larger linear phase bandwidth (see Fig. 3.22). Furthermore, we improved the stepped 
impedance characteristic by adopting variable low impedance sections and adding DGS.  

The final filter was designed for C1PR1 and C2PR2 modulations for NRZ signals of Br between 
15 and 25 Gbps, which are reasonable for current datacenter links. We manufactured and 
tested three different versions of the target filter: a standard stepped impedance (filter C), is 
a variable stepped impedance (filter B) and another variable stepped impedance filter with 
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DGSs (filter A). Measurements and simulations of the scattering parameters prove the 
improvement of adopting a variable stepped impedance implementation and DGS. Furthermore, 
we tested filter A for modulating a 15 and 22 Gbps NRZ signals into a C1PR1 and C2PR2 
respectively (see Fig. 3.29). 

The second scenario was covered in chapter 0. The object of our research were microwave 
EDs for UWB wireless systems, which covers the band [3.1, 10.6] GHz and require a 
significantly large fractional bandwidth. The results of this research were three UWB envelope 
detectors. 

The first detector designed was a single ended Schottky diode based that operates as a half 
wave rectifier. The detector was manufactured in microstrip technology; the ED schematic 
includes a matching network, which is a shorted stub L-network, the diode, a filtering network 
composed by a butterfly stub BSF and a 6th order stepped impedance LPFs and a bias-tee 
network for reverse biasing the diode. Measurements proved the detector can successfully 
downconvert ASK DSB signals with fcwϵ [6, 9] GHz and Br up to 2.5 Gbps. In addition, the 
ED achieved a record fractional bandwidth of b=35.7%. 

The second detector was also manufactured in microstrip technology and it employs two Schottky 
diodes in a balanced architecture. This topology enables to suppress the fundamental harmonic 
by phase cancellation; however, it requires a differential input. For obtaining such input, we 
used an external Marchand Balun that could cover the entire UWB band. By suppressing the 
fundamental, the ED can overcome is 50% limitation on b; in fact experimental results showed 
an outstanding b=100% for an ASK signal with fcw=4 GHz and Br=4 Gbps. This result 
established the current record in terms of b. 

The third detector focused on improving the conversion loss of its predecessors. The idea is 
to substitute the diode with a HEMT in common S configuration and biased in order to optimize 
its nonlinearity. Because balanced architectures have more losses, we preferred to return to 
the single ended topology (see Fig. 4.37). For the filtering network we applied the variable 
stepped impedance implementation and DGSs as in chapter  2.The active detector managed 
to improve significantly the conversion loss and even achieving gain up to 2.5 dB while at 
the same time maintaining a large fractional bandwidth of b=41.7% for an ASK signal with 
fcw=6 GHz and Br=2 Gbps. 
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APPENDIX-A 

Eye diagrams of 10 Gbps PR signals modulated by ideal LPFs, optimized following Table 2.2, 

Table 2.3 and Table 2.4. 

Butterworth 

 

Chebyshev 
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Gaussian (left) and Bessel (right) 
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APPENDIX-B 

Eye diagrams of 10 Gbps PR signals modulated by scheme B, optimized following Table 2.6. 
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APPENDIX-C 

Eye diagrams of C2PR2 signals, modulated by the EM model (right) and prototype (left) 
of the filters. The input signal is a 10 Gbps NRZ. 
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APPENDIX-D 

Measured conversion loss of the single ended Schottky based ED (see 4.4.6). 
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APPENDIX-E 

Section of the layout (biasing and stabilizing networks) of the HEMT based ED (see 4.6). 
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APPENDIX-F 

Eye diagrams of 2 Gbps demodulated envelopes by the active HEMT based envelope detector. 
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